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Preface 


The main objective of this book is to present all relevant information necessary for RF and 
microwave transistor oscillator design including well-known and new theoretical approaches 
and practical circuit schematics and designs, as well as to suggest optimum design approaches, 
which combine effectively analytic calculations and computer-aided design. This book can 
be useful for lecturing to promote the analytical way of thinking and combine effectively 
theory and practice of RF and microwave engineering. As often happens, a new result is a 
long-forgotten old one. Therefore, not only new results based on new technologies or circuit 
schematics are given, but some old ideas, schematics or approaches are also introduced, that 
could be very useful in modern practice or could contribute to the development of new ideas 
or techniques. 
As aresult, this book is intended for and can be recommended to: 


e university-level professors and researchers, as possible reference and well-founded material 
for creative research and teaching activity which will contribute to strong background for 
graduates and postgraduates students; 


e R&D staff, to combine the theoretical analysis and practical aspects, including computer- 
aided design (CAD) and to provide a sufficient basis for new ideas in theory and practical 
circuit techniques; 


e practising RF designers and engineers, as an anthology of many well-known and new prac- 
tical transistor oscillator circuits with detailed descriptions of their operational principles 
and applications and clear practical demonstration of theoretical results. 


Chapter | presents the most commonly used design techniques for analysing nonlinear cir- 
cuits, in particular, transistor oscillators. There are several approaches to analyse and design 
nonlinear circuits, depending on their main specifications. That means an analysis both in 
the time domain to determine transient circuit behaviour and in the frequency domain to 
improve power and spectral performances when parasitic effects such as instability and spurious 
emission must be eliminated or minimized. Using the time-domain technique, it is relatively 
easy to describe a nonlinear circuit with differential equations, which can be solved analytically 
in explicit form for only some simple cases. Under the assumption of slowly varying amplitude 
and phase, it is possible to obtain the separate truncated first-order differential equations for 
the amplitude and phase of the oscillation process from the original second-order nonlinear 
differential equation. However, generally it is necessary to use numerical methods. The time- 
domain analysis is limited to its inability to operate with the circuit immittance (impedance or 


xii PREFACE 


admittance) parameters as well as the fact that it can be practically applied only for circuits 
with lumped parameters or ideal transmission lines. The frequency-domain analysis is less 
ambiguous because a relatively complex circuit can often be reduced to one or more sets of 
immittances at each harmonic component. For example, using a quasilinear approach, the 
nonlinear circuit parameters averaged by the fundamental component allow one to apply a 
linear circuit analysis. Advanced modern CAD simulators incorporate both time-domain and 
frequency-domain methods as well as optimization techniques to provide all the necessary 
design cycles. 

Chapter 2 introduces the principles of oscillator design, including start-up and steady- 
state operation conditions, basic oscillator configurations using lumped and transmission-line 
elements and simplified equation-based oscillator analysis and design techniques. An immit- 
tance design approach is introduced and applied to series and parallel feedback oscillators, 
including circuit design and simulation aspects. Numerous practical examples of RF and mi- 
crowave oscillators using MOSFET, MESFET and bipolar devices, including the descriptions 
of their circuit realizations, are given. 

Applying dc bias to the active device does not generally result in the negative resistance 
condition. This condition has to be induced in these devices and it is determined by the physical 
mechanism in the device and chosen circuit topology. The transistor in the oscillator circuits 
is mostly represented as the active two-port network, whose operation principle is reflected 
through its equivalent circuit. The influence of the circuit and transistor parameters can result 
in a hysteresis effect or oscillation instability in practical design. In high-frequency practical 
implementation, the presence of the parasitic device and circuit elements can contribute to the 
multi-resonant circuits. The possibility of an operation mode with different natural frequen- 
cies depends on the value of the coupling coefficient between resonant circuits. Therefore, the 
stability conditions for a steady-state single-frequency operation for a multi-resonant circuit, 
in general, and two coupled resonant circuits, in particular, are analytically derived. The sev- 
eral examples of stability criteria for different single-resonant and double-resonant oscillator 
circuits are described and analysed in Chapter 3. In addition, the phase plane method as a qual- 
itative method of an analysis of the dynamics of the oscillation systems and a Nyquist stability 
criterion are shown and illustrated by several examples of the oscillator circuits described by 
second-order differential equations. 

Generally, RF and microwave transistor oscillator design is a complex problem. Depending 
on the technical requirements, it is necessary to define the configuration of the oscillator 
circuit, choose a proper transistor type, evaluate and measure the parameters of the transistor 
nonlinear model under small- and large-signal conditions. Finally, an appropriate nonlinear 
simulator must be used to simulate the oscillator performance in time and frequency domains. 
An oscillator analysis can be based on the two-port network approach to describe the active 
device and feedback circuit. In this case, the basic parameters of the transistor equivalent circuit 
can be directly measured, or approximated on the basis of experimental data, with sufficient 
accuracy across a wide frequency range. However, the values of the external feedback circuit 
elements are initially unknown. The process of determining the optimum values of the feedback 
and load parameters can be time-consuming and, in a typical case, calls for much simulation. 
Consequently, it is convenient to use an analytic method of optimizing oscillator design. This 
method should incorporate the explicit expressions for feedback elements and load impedance 
in terms of the transistor equivalent circuit elements and its static volt-ampere and voltage— 
capacitance characteristics. Chapter 4 presents both the empirical and analytic optimum design 
approaches applied to series and parallel feedback oscillators, including circuit design and 
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simulation aspects, and high-efficiency design techniques as well. Typical practical examples 
of RF and microwave oscillators using MOSFET, MESFET, HEMT, and bipolar devices, 
including the descriptions of their circuit configurations, are given. 

Chapter 5 describes different oscillator noise models to express a clear relationship between 
the resonant circuit and active device noise model parameters. The simple Leeson linear model 
for a feedback oscillator, which was derived empirically, is based on the expectations that the 
contribution to the real oscillator output spectrum is provided by two basic processes. The 
first process is a result of the phase fluctuations due to the additive white noise at frequency 
offsets close to the carrier. The second process is a result of the low-frequency fluctuations or 
flicker noise up-converted to the carrier region because of the active device nonlinear effects. 
The nonlinear Kurokawa analysis based on the sinusoidal representation of the current in the 
negative-resistance oscillator extends the oscillator noise model by introducing relationships 
between the noise power, stability conditions and amplitude-to-phase conversion. However, 
such a noise generation mechanism does not consider the mixing effect from the inherent 
nonlinear behaviour of the active device when the current at the output of the active device 
must be represented by a Fourier series expansion. Thus, the phase noise generated around the 
fundamental frequency of the oscillation generally is an equal contribution of two simultaneous 
and correlated phenomena: additive phase noise due to phase modulation process and converted 
phase noise due to conversion from one sideband to another. 

Voltage-controlled oscillators are key components in many applications, especially in wire- 
less communication systems, measurement equipment, or military applications. A growing 
market of wireless applications requires highly integrated circuit solutions, where both high- 
performance transistors and passive elements with high quality factors can be used. Chapter 6 
discusses the varactor modelling issues, varactor nonlinearity and its effect to frequency mod- 
ulation, and resonant circuit techniques to improve VCO tuning linearity using lumped and 
transmission-line elements. Various practical examples of VCO implementation techniques 
based on using different types of active devices, circuit schematic approaches and hybrid or 
monolithic integrated circuit technologies are shown and described. 

The rapid growth of new-generation wireless communication systems has created a strong 
demand for designing single-chip radio transceivers in a fully monolithic CMOS process with 
extremely small size due to better integration, low cost and low operating voltage. To increase 
the integration level, all passive components must be integrated monolithically into a single 
chip. In this case, the elements of a resonant LC circuit of the voltage-controlled oscillator as 
a core part of the synthesizers should feature high quality factors over frequency tuning range. 
Chapter 7 discusses the technological aspects to realize MOS varactors and spiral inductors, 
basic concepts of circuit design and implementation issues, oscillator phase noise and the effect 
of low-frequency flicker noise. Also included are various practical examples of differential, 
complementary and quadrature CMOS VCOs using different process technologies. 

Wideband voltage-controlled oscillators are used in a variety of RF and microwave sys- 
tems, including broadband measurement equipment, wireless and TV applications and military 
electronic countermeasure systems. Among wideband tunable signal sources such as YIG- 
tuned oscillators, wideband VCOs are preferable because of their small size, low weight, high 
settling time speed and capability of fully monolithic integration. Therefore, modern radar 
and communication applications demand VCOs that are capable of being swept across a wide 
range of potential threat frequencies with a speed and settling time far beyond that of the YIG- 
tuned oscillators. This chapter discusses the basic concepts of wideband VCO circuit design 
and gives specific circuit solutions using lumped elements and transmission lines to improve 


xiv PREFACE 


their frequency tuning characteristics. Various examples of the RF and microwave VCO cir- 
cuit configurations using bipolar, MOSFET and MESFET devices are analysed, their circuit 
parameters are calculated or optimized to provide maximum tuning bandwidth or minimum 
tuning linearity. Also included are numerous practical examples of wideband VCOs for RF 
and microwave applications in radar or telecommunication systems. 

Chapter 9 discusses phase noise reduction techniques and gives specific resonant circuit 
solutions using lumped and distributed parameters for frequency stabilization and phase noise 
reduction. Phase noise improvement can also be achieved by appropriate low-frequency load- 
ing and feedback circuitry optimization. The feedback system incorporated into the oscillator 
bias circuit can provide significant phase noise reduction over a wide frequency range from the 
high frequencies up to microwaves. Particular discrete implementations of a bipolar oscillator 
with collector and emitter noise feedback circuits are described. Also a filtering technique based 
on a passive LC filter to lower the phase noise in the differential oscillator is presented. Several 
topologies of fully integrated CMOS voltage-controlled oscillators using filtering techniques 
are shown and discussed. A novel noise-shifting differential VCO based on a single-ended 
classical three-point circuit configuration with common base can improve the phase noise 
performance by a proper circuit realization. An optimal design technique using an active el- 
ement based on a tandem connection of a common source FET device and a common base 
bipolar transistor with optimum coupling of the active element to the resonant circuit is pre- 
sented. The phase noise in microwave oscillators can also be reduced using negative resistance 
compensation increasing the loaded quality factor of the oscillator resonant circuit. Finally, a 
new approach utilizing a nonlinear feedback loop for phase noise suppression in microwave 
oscillators is discussed. 
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Nonlinear circuit design methods 


This chapter presents the most commonly used design techniques for analysing nonlinear cir- 
cuits, in particular, transistor oscillators. There are several approaches to analyse and design 
nonlinear circuits, depending on their main specifications. This means an analysis both in the 
time domain to determine transient circuit behaviour and in the frequency domain to improve 
power and spectral performances when parasitic effects such as instability and spurious emis- 
sion must be eliminated or minimized. Using the time-domain technique, it is relatively easy 
to describe a nonlinear circuit with differential equations, which can be solved analytically 
in explicit form for only a few simple cases. Under an assumption of slowly varying ampli- 
tude and phase, it is possible to obtain separate truncated first-order differential equations for 
the amplitude and phase of the oscillation process from the original second-order nonlinear 
differential equation. However, generally it is required to use numerical methods. The time- 
domain analysis is limited to its inability to operate with the circuit immittance (impedance 
or admittance) parameters as well as the fact that it can be practically applied only for cir- 
cuits with lumped parameters or ideal transmission lines. The frequency-domain analysis is 
less ambiguous because a relatively complex circuit can often be reduced to one or more 
sets of immittances at each harmonic component. For example, using a quasilinear approach, 
the nonlinear circuit parameters averaged by fundamental component allow one to apply a 
linear circuit analysis. Advanced modern CAD simulators incorporate both time-domain and 
frequency-domain methods as well as optimization techniques to provide all necessary design 
cycles. 

This chapter also includes a brief introduction of simulator tools based on the Ansoft 
Serenade circuit simulator. In addition, some practical equations, such as the Taylor and Fourier 
series expansions, Bessel functions, trigonometric identities and the concept of the conduction 
angle, which simplify the circuit design procedure, are given. 


1.1 SPECTRAL-DOMAIN ANALYSIS 


The best way to understand the oscillator electrical behaviour and the fastest way to calculate 
its basic electrical characteristics such as output power, efficiency, phase noise, or harmonic 
suppression, is to use a spectral-domain analysis. Generally, such an analysis is based on the 
determination of the output response of the nonlinear active device when the multiharmonic 
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2 NONLINEAR CIRCUIT DESIGN METHODS 


signal is applied to its input port, which analytically can be written in the form 


it) = flv] (1.1) 


where i(t) is the output current, v(t) is the input voltage and f(v) is the nonlinear transfer 
function of the device. Unlike the spectral-domain analysis, time-domain analysis establishes 
the relationships between voltage and current in each circuit element in the time domain when 
a system of nonlinear integrodifferential equations is obtained applying Kirchhoff’s law to the 
circuit to be analysed. 

The voltage v(t) in frequency domain generally represents the multiple frequency signal at 
the device input in the form 


N 
v(t) = Vo + X Vi coslort + dx) (1.2) 
k=1 


where Vo is the constant voltage, Vz is the voltage amplitude and øx is the phase of the kth-order 
harmonic component œz, k = 1, 2,..., N, and N is the number of harmonics. 

The spectral domain analysis based on substituting Equation (1.2) in Equation (1.1) for a 
particular nonlinear transfer function of the active device determines an output spectrum as 
a sum of the fundamental-frequency and higher-order harmonic components, the amplitudes 
and phases of which will determine the output signal spectrum. Generally, this is a complicated 
procedure which requires a harmonic balance technique to numerically calculate an accurate 
nonlinear circuit response. However, the solution can be found analytically in a simple way 
when it is necessary to estimate only the basic performance of on oscillator in the form of the 
output power and efficiency. In this case, a technique based on a piecewise-linear approximation 
of the device transfer function can provide a clear insight into the basic oscillator behaviour 
and its operation modes. It can also serve as a good starting point for a final computer-aided 
design and optimization procedure. 

The result of the spectral-domain analysis is shown as a summation of the harmonic com- 
ponents, the amplitudes and phases of which will determine the output signal spectrum. This 
problem can be solved analytically by using trigonometric identities, piecewise-linear approx- 
imation or Bessel functions. 


1.1.1 Trigonometric identities 


The use of trigonometric identities is very convenient when the transfer characteristic of the 
nonlinear element can be represented by the power series 


i=antautaue-t+...ta,v" (1.3) 
If the effect of the input signal represents a single harmonic oscillation in the form 
v = V cos(wt + ) (1.4) 
then, by substituting Equation (1.4) into Equation (1.3), the power series can be written as 
i = ao + a; V cos(ot + $) + aV? cos*(wt + p) +... +a,V"cos"(wt +) (1.5) 


To represent the right-hand side of Equation (1.5) as a sum of first-order cosine components, 
the following trigonometric identities, which replace the nth-order cosine components, can be 
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used: 
cos? y = a + cos 2y) (1.6) 
cos? y = 16 cos y + cos 3y) (1.7) 
cost y = ne +4cos2y + cos 4w) (1.8) 
cos y = ZO cos y + 5cos3y + cos 5y) (1.9) 


where Y = œt + ¢. 
By using the appropriate substitutions from Equations (1.6-1.9) and equating the signal 
frequency component terms, Equation (1.5) can be rewritten as 


i = lo + l cos(@t + 6) + I, cos 2(@t + 6) + I cos 3(@t +) +... + I, cosn(wt + p) 
(1.10) 


where 


l 2,3 4 

Io = ao + =Q2.V~ + -a4V" +... 
2 8 
Don Si coe 

l aV EGAY t gasy +... 


I ang oes aoe 
2= 542 z” ee 


I = Vee 2 vV5+ 
35 ge 6” ghey 


Comparing Equations (1.3) and (1.10), we find: 


e For nonlinear elements, the output spectrum contains frequency components which are 
multiples of the input signal frequency. The number of the highest-frequency component 
is equal to the maximum degree of the power series. Therefore, if it is necessary to know 
the amplitude of n-harmonic response, the volt—-ampere characteristic of nonlinear element 
should be approximated by not less than an n-order power series. 


The output dc and even-order harmonic components are determined only by the even voltage 
degrees in the device transfer characteristic given by Equation (1.3). The odd-order harmonic 
components are defined only by the odd voltage degrees for the single harmonic input signal 
given by Equation (1.4). 


The current phase yy of the kth-order harmonic component w; = kw is k times larger than 
the input signal current phase w: 


We = wkt + be = kloat + Q) (1.11) 


that is also applied to their initial phases defined as 


Pr = ko (1.12) 


4 NONLINEAR CIRCUIT DESIGN METHODS 





Figure 1.1 Piecewise-linear approximation technique 


1.1.2 Piecewise-linear approximation 


The piecewise-linear approximation of the active device current—voltage transfer characteristic 
is a result of replacing the actual nonlinear dependence i = f (vin), where vin the voltage applied 
to the device input, by an approximate one that consists of straight lines tangential to the actual 
dependence at the specified points. Such a piecewise-linear approximation for the case of two 
straight lines is shown in Figure 1.1a. 

The output current waveforms for the actual current-voltage dependence (dashed curve) and 
its piecewise-linear approximation by two straight lines (solid curve) are plotted in Figure 1.1b. 
Under large-signal operation mode, the waveforms corresponding to these two dependencies 
are practically the same for the most part with negligible deviation for small values of the 
output current close to the pinch-off region of the device operation and significant deviation 
close to the saturation region of the device operation. However, the latter case results in a 
significant nonlinear distortion and is used only for high-efficiency operation modes when the 
active period of the device operation is minimized. Hence, at least two first output current 
components, dc and fundamental, can be calculated through a Fourier series expansion with a 
sufficient accuracy. Therefore, such a piecewise-linear approximation with two straight lines 
can be effective for a quick estimate of the oscillator output power and efficiency. 

In this case, the piecewise-linear active device transfer current-voltage characteristic is 
defined by 
| g Vin S Vp (1.13) 

&m(Vin 7 Vp) Vin Z Vp 


where gm is the device transconductance, Vp is the pinch-off voltage. 
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Figure 1.2 Schematic definition of conduction angle 


Let us assume the input signal to be of cosinusoidal form 
Vin = Voias + Vin COS wt (1.14) 


where Vbias is the input dc bias voltage. 
At the point on the plot when voltage vin(wt) becomes equal to a pinch-off voltage V, and 
where wt = 0, the output current i (0) has value zero. At this moment 


Vp = Voias + Vin cos 0 (1.15) 
and 6 can be calculated from 
V ias V 
cos 0 22 (1.16) 


As a result, the output current represents a periodic pulsed waveform described by the 
cosinusoidal pulses with the maximum amplitude Jax and width 20 as 


(1.17) 


.  Jlgticosat —0<at <6 
a 0 0<ot <2n —-90 


where the conduction angle 26 indicates the part of the RF current cycle during which device 
conduction occurs, as shown in Figure 1.2. When the output current i (wt) has value zero, one 
can write 


i = I4 + I cos = 0 (1.18) 


Taking into account that, for a piecewise-linear approximation, J = 8m Vin, Equation (1.17) 
can be rewritten as 


i = gmVin(cos wt — cos 0) (1.19) 
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When wt = 0, then i = Imax and 
Imax = I (1 — cos 0) (1.20) 


The angle 6 characterizes the class of the active device operation. If 9 = m or 180°, the 
device operates in the active region during the entire period (class A operation). When 0 = 2/2 
or 90°, the device operates half a wave period in the active region and half a wave period in the 
pinch-off region (class B operation). The values of 6 > 90° correspond to class AB operation 
with a certain value of the quiescent output current. Therefore, the double angle 26 is called 
the conduction angle, the value of which directly indicates the class of the active device 
operation. 

The Fourier series expansion of the even function when i(t) = i(—t) contains only even 
component functions and can be written as 


i(t) = Io + I cos œt + h cos 2wt + I3cos3@t+... (1.21) 


where the dc, fundamental-frequency and nth-order harmonic components are calculated by 


0 
Io = x I &mVin(cos wt — cos 0) d (wt) = yo(0)I (1.22) 
-6 
0 
lh = L J sVntcos at — cos 0) cos wt d(wt) = 1, (0)I (1.23) 
Ti 
0 
Ih = = J gn¥in(cos wt — cos 0) cos(nat) d (wt) = W0) (1.24) 


—0 


where y,,(@) are called the coefficients of expansion of the output current cosinusoidal pulse 
or the current coefficients [1]. They can be analytically defined as 








yo(@) = “(sind — 0 cos 0) (1.25) 
1 sin 20 
yi(@) = — (0 = ) (1.26) 
T 2 
_ 1f[sin(n-—1) sin(n+1)0 
= | na—l) ant) | PeR 


where n = 2,3,.... 

The dependencies of y,(@) for the dc, fundamental-frequency, second- and higher-order 
current components are shown in Figure 1.3. The maximum value of y,,(@) is achieved when 
0 = 180°/n. A special case is 6 = 90°, when odd current coefficients are equal to zero, i.e., 
y3(0) = ys(0) =... = 0. The ratio between the fundamental-frequency and dc components 
yı(0)/yo(0) varies from 1 to 2 for any values of the conduction angle, with a minimum value 
of 1 for 0 = 180° and a maximum value of 2 for 0 = 0°. It is necessary to pay attention to 
the fact that, for example, the current coefficient y3(0) becomes negative within the interval 
of 90° < 0 < 180°. This implies appropriate phase changes of the third current harmonic 
component when its values are negative. Consequently, if the harmonic components for which 
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Ya(0) Yı(OVY(0) 


j 


yi(O)/yo(8) 














p, 





SIES 


a 














Figure 1.3 Dependencies of y,,(@) for dc, fundamental- and higher-order current components 


¥n(@) > 0 achieve positive maximum values at times corresponding to the midpoints of the 
current waveform, the harmonic components for which y,(@) < 0 can achieve negative max- 
imum values at these times. As a result, combination of different harmonic components with 
proper loading will result in flattening of the current or voltage waveforms, thus improving ef- 
ficiency of the oscillator. The amplitude of corresponding current harmonic component can be 
obtained as 


In = Vn(8)2mVin = Yn (OJI (1.28) 


Sometimes it is necessary for an active device to provide a constant value of Jax at any 
value of 0. This requires an appropriate variation of the input voltage amplitude Vin. In this 
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case, it is more convenient to use the other coefficients when the nth-order current harmonic 
amplitude /,, is related to the maximum current waveform amplitude Jinax, that is 





a (1.29) 
An = ‘ 
Imax 
From Equations (1.20), (1.28) and (1.29) it follows that 
„(0 
oaea (1.30) 
1 — cos 0 


and the maximum value of æ„(0) is achieved when 0 = 120° /n. 


1.1.3 Bessel functions 


The Bessel functions are used to analyse the oscillator operation mode when a nonlinear 
behaviour of the active device can be described by exponential functions. The transfer voltage— 
ampere characteristic of the bipolar transistor is approximated by the simplified exponential 
dependence neglecting reverse base-emitter current as 


iin) = [sat [exp (2) E 1 (1.31) 
T 


where Isat is the minority carrier saturation current and Vy is the temperature voltage. If the 
effect of the input signal given by Equation (1.14) is considered, then Equation (1.31) can be 


rewritten as 
V ias Vin t 
I(t) = La | exp ( en ( 2E }) -1 (1.32) 
Vr Vr 


The current i (œt) in Equation (1.32) is the even function of wt and, consequently, it can 
be represented by the Fourier-series expansion given by Equation (1.21). To determine the 
Fourier components, the following expression is used: 


Vin COS wt Vin = Vin 
——— J) =f) | — 2 I| — kot 1.33 
exp ( V ) ()+ È (2) oston ( ) 


where J, (Vin/ Vr) are the kth-order modified Bessel functions of the first kind for an argument 
of Vin/ Vr, shown in Figure 1.4 for the zeroth- and first-order components. It should be noted 
that /9(0) = 1 and /,(0) = 1,(0) = ... = 0, and with an increase of the component number its 
amplitude appropriately decreases. 

According to Equation (1.33), the current i (wt) defined by Equation (1.31) can be rewritten 





as 


f Vbias Vi Vbias Vin 
t) = Isat | €x I 1| + 2] sar exp | — } J; | — | coslæt 
we a| aal) | i a] i] i 


Vi ias Vin V ias Vin 
+ 2lsat EXP ( a ) h (£) cos(2wt) + 21 sat exp ( a ) I; (=) cos(3wt) +... 


(1.34) 
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Figure 1.4 Zeroth- and first-order modified Bessel functions of the first kind 


As a result, comparing Equations (1.34) and (1.21) allows the dc, fundamental-frequency 
and nth-order Fourier current components to be determined as 


Vi ias Vi 
Io = [oat [e ( 7 ) E ) 1 (1.35) 
T T 








Vbias Vi 
h = 2l exp | —— ] L — 1.36 
1 t p( Vr ) 1 ($) ( ) 
Voias Vi 
In = 21 sa In { — 1.37 
ep (2) 1, (72) (1.37) 
where n = 2,3,.... 
When using the Bessel functions, the following relationships can be helpful: 
dln (Vin/ Vr) Vin Vi 
2——_——_ =], — In- {| — 1.38 
d(Vin/Vr) T i) a 
dlo (Vin/ V: Vi 
dlo Vin/ Vr) =h (=) (1.39) 
d(Vin/Vr) Vr 
2n V; Vin Vi 
—— h| — | = Inai ( —)}) -n — 1.40 
(Vin / Vr) 3 a) a(r) aa 


Vin\ h Vi 
I, (-) = (1) I, (=) (1.41) 


1.2 TIME-DOMAIN ANALYSIS 


A time-domain analysis establishes the relationships between voltage and current in each circuit 
element in the time domain when a system of equations is obtained, applying Kirchhoff’s law 
to the circuit to be analysed. Normally, in a nonlinear circuit, such a system will be composed 
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of nonlinear integrodifferential equations. The solution to this system can be found by applying 
numerical integration methods. Therefore, the choices of the time interval and the initial point 
are very important to provide a compromise between speed and accuracy of calculation; the 
smaller the interval, the smaller the error, but the number of points to be calculated for each 
period will be greater, which will make the calculation slower. 

To analyse a nonlinear system in the time domain, it is necessary to know the voltage— 
current relationships for all circuit elements. For example, for linear resistance R, when the 
sinusoidal voltage applies and current are flowing through it, the voltage—current relationship 
in the time domain is given by 


V=RI (1.42) 
where V is the voltage amplitude and / is the current amplitude. 
For linear capacitance C 
dg(t) dq dv du 
d è dvd dt 





i(t) = 





(1.43) 


For linear inductance L 

dg(t) dọ di di 
dt didt dt 

where ¢ is the magnetic flux across the inductance. 

Nonlinear dependencies, such as g(v) or (i), should each be expanded in a Taylor series by 

subtracting the dc components and substituting into Equations (1.43) and (1.44) to obtain the 

expressions for appropriate incremental capacitance and inductance. Then, for the quasilinear 

case, the capacitance and inductance can be defined by 





v(t) = 





(1.44) 














d 
C(Vo) = 10) (1.45) 
v=Vo 
and 
m 
Lh) = a (1.46) 
i=l 


where Vo is the dc bias voltage across the capacitor and Jọ is the dc current flowing through 
the inductor. 

Figure 1.5 shows the simplified (without bias circuits) electrical schematic of a transformer- 
coupled MOSFET oscillator with a parallel resonant circuit. To obtain the differential equations 





Figure 1.5 Schematic of a transformer-coupled MOSFET oscillator 
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for such an oscillator, the drain current i, the gate voltage v applied to the second winding of 
the transformer, and the load voltage vg applied to the first winding of this transformer can be 
defined by 


i =i +ic+ir (1.47) 
dii č 1f, . 
UR = T = č / icdt =ipR (1.48) 
vomit — Uk (1.49) 
dt L 


where M is the transformer coupling factor. 
To simplify the calculation, two preliminary assumptions can be used: 


¢ the input current flowing to the gate terminal of the active device is negligible, enabling one 
to consider its input impedance as infinite; 


e the effect of the output voltage vg on the drain current 7 is ignored, i.e., 


i= f(v). (1.50) 
In this case, the derivative of current i (v) with respect to time is written as 
di di du dv 
— = —— = 2,,(v)— 1.51 
Ior y sN 


where gm = di /dv is the small-signal transconductance of the device transfer characteristic 
given by Equation (1.50). 
Substituting Equations (1.48) and (1.50) into Equation (1.47) gives 


1 dug UR 
— dt — — 1.52 
zf» ter R fo) (1.52) 


Then, by differentiating Equation (1.52) and using Equations (1.49) and (1.51), we can 
write the second-order differential equation for the oscillator in the form 


dv 1l 1 Megm(v) | dv 
d? CLR L dt 





+ av =0 (1.53) 


where 


is the oscillator resonant frequency. 

Equation (1.53) is a nonlinear equation because its second term depends on the unknown 
variable v. This nonlinearity is a result of the active device nonlinearity. From Equation (1.53), 
the start-up and steady-state oscillation conditions can be determined, as well as the particular 
features of the steady-state oscillations and oscillator transient response. To determine the start- 
up conditions, it is necessary to replace nonlinear Equation (1.53) by an appropriate linear one, 
with the linear small-signal transconductance gm at the operating bias point. In this case, we 
are interested only in the result of the small deviation from an equilibrium point, whether the 
oscillations will grow or dissipate. 
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v 





a). 


b). 


Figure 1.6 Oscillations with (a) low and (b) strong feedback factors 


The solution of such a linear second-order differential equation is 


v = V exp(—ôt) sin(wıt + ¢) (1.54) 
where V and ¢ are the voltage amplitude and phase, respectively, depending on the initial 
conditions, 

z 1 1 Mem (1.55) 
QE R L i 


is the dissipation factor, and 


w =a, — 8? (1.56) 


is the free-running oscillation frequency. 

From Equation (1.54) it follows that the voltage v at the device input provided by the 
feedback circuit creates current 7 at the device output, which delivers electrical energy to the 
oscillation system to compensate for the losses in it. At the same time, the required value of 
this energy is the result of the transformation of the energy of the dc current delivered from 
the dc current source to the energy of the ac current. If the feedback factor is sufficiently 
small when ô > 0, the delivered energy compensates for the dissipated energy only partly. As 
a result, this leads to attenuation and dissipation of the oscillations, as shown in Figure 1.6a. 
For strong feedback factor when ô < 0, the delivered energy exceeds the dissipated energy, 
and the oscillations increase with time, as shown in Figure 1.6b. 


1.3 NEWTON-RAPHSON ALGORITHM 


To describe circuit behaviour, it is necessary to solve the nonlinear algebraic equation, or system 
of equations, which do not generally admit a closed form solution analytically. One of the most 
common numerical methods to solve such equations is a method based on the Newton—Raphson 
algorithm [2]. The initial guess for this method is chosen using a Taylor series expansion of 
the nonlinear function. Consider a practical case when the device is represented by a two-port 
network where all nonlinear elements are functions of the two unknown voltages, input voltage 
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Vin and output voltage Vou. As a result, after combining linear and nonlinear circuit elements, 
a system of two equations can be written as 


fiWin; Vout) = 0 (1.57) 
f2(vin, Vout) =0 (1.58) 


Assume that the variables vino and Vou are the initial approximate solution of a system 
of Equations (1.57) and (1.58). Then, the variables can be written as vin = Vino + Avin and 
Vout = Vouto + AVout, Where Avin and Avoyt are the linear increments of the variables. Applying 
a Taylor series expansion to Equations (1.57) and (1.58) yields 




















i : afi 
Fi (vino + Adin, VoutOd + Aout) = fi(Vino, Vouto) + ae e Avin 
În i vout=vaut0 
af Smee 
+ ae a Avou +0 (Avi + Avi, +...) = 0 (1.59) 
gae 
; l afa 
fr (Vino a AVi, Vout0 + Aout) = h (Vino, Vouo) + Ov; a Avin 
=, 
df 5 : 
+ 3 Avou +0 (Av? + Avi, +...) =0 (1.60) 
out | Yin=Yind 





Vout =Vout0 


where o(Av2, + Av2,, +...) denotes the second- and higher-order components. 


By neglecting the second- and higher-order components, Equations (1.59) and (1.60) can 
be rewritten in matrix form 














of əfi 
ð in ð oul i 
-[4]- Aay E (1.61) 
fa afa afa A Vout 
OVin ð Vout 
In the phasor form, 
—F = JAv (1.62) 


where J is the Jacobian matrix of a system of Equations (1.57) and (1.58). 
The solution of Equation (1.62) for a nonsingular matrix J can be obtained by 


Av = -JF (1.63) 
This means that if 
w= | Rig | (1.64) 
VoutO 


is the initial guess of this system of equation, then the next (more precise) solution can be 
written as 


vi =u—J'F (1.65) 


where 


eee | ome | (1.66) 
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Vp 





Figure 1.7 Circuit schematic with resistor, diode, and voltage source 


Thus, starting with initial guess v9, we compute v at the first iteration. For the iteration 
n + 1, we can write 


Unt1 = Vn — JF (w) (1.67) 


The iterative Equation (1.67) is given for a system of two equations; however it can be 
directly extended to a system of k nonlinear equations with k unknown parameters. This 
iterative procedure is terminated after (n + 1) iterations whenever 


K 


IXn41 — Xnl = 3 (xka — xh)? <E (1.68) 
k=1 


where € is a small positive number depending on the desired accuracy. For a practical purpose, 
it is desirable that the Newton—Raphson algorithm should converge in a few steps. Therefore, 
the choice of an appropriate initial guess is crucial to the success of the algorithm. 

Consider the circuit shown in Figure 1.7. According to Kirchhoff’s voltage law, 


U = UR + UD (1.69) 


where ve =iR. 
The electrical behaviour of the diode is described by 


CR ee [exp (2) z 1 (1.70) 


Rearranging Equation (1.70) gives the equation for vp in the form 


vp = Vr ln (=+ 1) (1.71) 


sat 


Thus, from Equations (1.60) and (1.61) it follows that 


v=iR+Vrin( 7 +1) (1.72) 
sat 

This allows current i to be determined for a specified voltage v. However, because it is 
impossible to solve this equation analytically for current i in explicit form, the solution must 
be found numerically. 

Consider a dc voltage source V with dc current /. For the sinusoidal voltage source, it is 
necessary to calculate the Bessel functions for dc, fundamental-frequency and higher-order 
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Table 1.1 Three-step iteration procedure 





n Ths A En 

0 0.05 0.899 371 786 
1 0.878 469 005 0.070 902 781 
2 0.948 955 229 0.000 416 557 
3 0.949 371 786 


harmonic current components. It is convenient to rewrite Equation (1.72) as 





I 
fil) =1R + Vrin( > +1) -v =0 (1.73) 
sat 
from which 
poek (1.74) 
© Lla l 
Then, applying the iterative algorithm for a single variable, we can write 
Ta 

In = l1 — a (1.75) 

f Tn—1) 


Using Equations (1.73) and (1.74) finally yields 





I, 
nR + Vrm ( : +1)-v 


sat 
1 
I n—-1 + I sat 
The results of the numerical calculation of the currents J, for each iteration for Vr = 
25.9 mA/V, R=5Q,V =SV, Iw = 10 uA and initial current J) = 50 mA are given in 
Table 1.1. The calculation error €, = Iy — In, where n = 0, 1,..., N, illustrates the fast con- 
vergence to the solution for each iteration step. The error at each subsequent iteration step 
is approximately proportional to the square one of error at the previous step. If the required 
accuracy of € < 0.1% is set in advance, the iteration procedure will be stopped at the third 
iteration step. 


(1.76) 





R+Vr 


1.4 QUASILINEAR METHOD 


To simplify the analysis and design procedure of the oscillator, in some cases it is enough to 
apply a quasilinear or Barkhausen—Moeller method based on the use of the ratios between the 
fundamental-frequency components of currents and voltages [3]. In this case, it is assumed 
that the self-oscillations must be close to sinusoidal. The derivation of equations for equivalent 
linear elements of the active device in terms of voltages and currents is based on its static 
voltage—ampere and voltage—capacitance characteristics. 

For example, for a bipolar transistor, the simplified equivalent circuit of which is shown 
in Figure 1.8, all elements of its equivalent circuit are nonlinear, depending significantly 
on operation mode, especially the transconductance gm and base-emitter capacitance Cy. 
The base-emitter capacitance C» consists of the diffusion and junctions capacitances and, at 
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e 


Figure 1.8 Bipolar transistor simplified equivalent circuit 


high frequencies, its reactance is sufficiently high to shunt the base—emitter forward-biased 
diode. Taking into account that the transition frequency is obtained by wr = gm/Cz, it is 
sufficient to consider the only nonlinear elements gm, wr and collector capacitance Ce, since 
the base resistance r, poorly depends on a bias mode. The fundamentally averaged large-signal 
transconductance (or average transconductance) can be easily determined from Equation (1.36) 


by 
li QT sat Voias Vin 
m Vin = = ex I 1.77 
8mi (Vin) V; V, p() (2) (1.77) 





The collector capacitance C. represents a junction capacitance and can be approximated by 


Ce 
g (1.78) 


where ¢ is the built-in junction potential, y is the junction sensitivity and Ceo is the initial 
capacitance when v, = 0. 

If our interest is restricted to the fundamental frequency, and ve = Vee + Ve sin wt, where 
Vec is the collector dc supply voltage, then the following current flows through the collector 
capacitance which is defined for the quasilinear case as 


@C eo Ve cos wt 
V, V, y 
(: += += sinor) 
p p 


7 @C.(Vec) Ve COS wt (1.79) 
~ (1+ €sinat)’ 





dve 
le = Cy c = 
i (Ue) FP 





where Ce(Vec) is the small-signal capacitance in the operating point and € = V./(Vec + p). 
As a result, the average large-signal collector capacitance Ce1 can be calculated through the 
fundamental Fourier series component as 





2n 
Ty Ce (Vec) cos? wt 
f d(wt) (1.80) 
T (1 
0 


A aya + & sinot)” 


QUASILINEAR METHOD 17 
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Figure 1.9 Large-signal behaviour of collector capacitance 


Figure 1.9 shows the voltage dependencies of the average collector capacitance. Within 
a range of £ < 1, the maximum large-signal value of C,.;(V.) deviates from the small-signal 
value of Ce(Vec) by not more than 20% for an abrupt junction with y = 1/2. 

For a MESFET device with the simplified equivalent circuit shown in Figure 1.10, the drain 
current iq is a function of the gate-source voltage vg, and the drain—source voltage vas, which 
can be expanded in a two-dimensional Taylor series 























af af 
ia (Vos, Vas) = Lo + Ves — Vo) + Vas — V, 
a (Ves, vas) = Zo Iaa (vgs — Vg) aola (vas — Vaa) 
vds=Vad vas=Vad 
1| ay ie OE 
=e | (es eo Vos — Vo) +2 Ves — Vo)(Vas — V: 
2 A as ( gs g) 3Vgsð Vas rr ( gs o)( ds da) 
nVa vas=Vda 
32 
+ h (vas — Vaa)? +... (1.81) 
OG, ese 
vas=Vad 


where V, is the gate dc bias voltage and Vaq is the drain de supply voltage. 
In the small-signal quasilinear case, the high-degree terms are neglected and 


of af 

Vgs — V, — 
9 Vgs ves=Vg i 5 g) + ð Vas 
Yds=Vad vas=Vad 


(Vas — Vaa) (1.82) 











la(Ugs, Vas) = lo + 7 
vgs=Vg 





Figure 1.10 MESFET simplified equivalent circuit 
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The gate-source and drain—source instantaneous voltages can respectively be written as 
Vgs = Vg + Vgs cos(wt + o) (1.83) 
Vas = Vaa + Vas COS wt (1.84) 


where Vgs and Vas are the gate-source and drain—source voltage amplitudes and ¢ is the phase 
difference between these voltages. 
Consequently, the instantaneous drain current given by Equation (1.81) can be rewritten as 





ig (œt) = lo + 8m1 Vgs Cos(wt + $) + Gasi Vas COS wt (1.85) 
where 
la 
8m = > (1.86) 
Ves lya,=0 
is the linearized large-signal transconductance, 
G A (1.87) 
di a5 : 
Vas Ves= 





is the differential output conductance, Jp is the dc drain current, J4 is the fundamental drain 
current amplitude, and Gags; = 1/Rasi [4]. 

Multiplying the right- and left-hand sides of Equation (1.85) by sin wt and integrating over 
the entire period of the oscillation result in the average transconductance gm; obtained by 


27 
1 
gmi = —-———_ | ig(@t) sin wt d(wt) (1.88) 
WV gs Sind 
0 
Similarly, multiplying by sin(wt + @) results in the average output conductance 
1 27 
Gası = — / ig(@t) sin(wt + $) d(at) (1.89) 
z Vas sin 
0 


The average large-signal gate-source capacitance Cgsı can be calculated similarly to that 
of for the abrupt collector capacitance C,.; of the bipolar transistor with y = 1/2. The average 
large-signal gate forward conductance Gg is defined by 


G Zap E Ve (1.90) 
a = —— | ex ores . 
Se Vege (vr 


where Jsa is the saturation current of the Schottky barrier, /; (Vs / Vr) is the first-order modified 
Bessel function of first kind. 

The gate charging resistance R,, varies with the gate-source capacitance Cy, in such a way 
that the charging time constant Tg = RgsCgs varies insignificantly and it can be treated as a 
constant in a quasilinear approximation. 

Now consider the transient response which can be obtained using the quasilinear method 
on the example of the MOSFET oscillator, the simplified schematic of which is shown in 
Figure 1.5. For a quasilinear approximation, the appropriate ratios can be obtained directly 
from the nonlinear differential Equation (1.53) by substituting voltage v and current i by their 
fundamental-frequency components. The average transconductance gm) is considered as a 
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function of the slowly varying fundamental voltage amplitude and, for a high quality factor of 
the oscillator resonant circuit, can be treated constant during the natural oscillation period. As 
a result, the nonlinear differential Equation (1.53) can be considered as linear written in the 
form of 


+ wv =0 (1.91) 





dv l 1 Mem (V)] dv 
d? C|R L dt 


where V is the fundamental-frequency voltage amplitude. 
From Equation (1.54) it follows that the amplitude of the oscillations varies according to 








ao 5(V)V (1.92) 
d i 
where 
1 1 Mgmt (V) 
ôV) = 
a 2C (3 L 
Then, Equation (1.92) can be rewritten as 
2 dV 1 m 
=- aan a (1.93) 
wo dt Q Smal 
where Q = woọRC is the oscillator quality factor at the resonant frequency wo, and 
ea (1.94) 
Emi = MR : 


is the average transconductance in the steady-state oscillation mode. 
The device voltage—ampere characteristic can be represented by a third-order power series 
given by Equation (1.3). Then, from Equation (1.10) it follows that 


O22 Í oma V? (1.95) 
Em1 = = Em gems S 
where gm = a; is the small-signal transconductance at the operating bias point, 8m3 = —a3 


and a; > 0, a3 < 0 to provide soft start-up conditions. 
Multiplying by V, separating variables and integrating the both parts of Equation (1.93) 
result in the amplitude transient response in the form 


V2 
V Ae j exp[—218(0)|t] (1.96) 


where V (0) is the amplitude V at t = 0, and 


2 
V = ene" (1.97) 
o= V3 8m 


is the voltage amplitude in the steady-state operation mode. 

For the specified small-signal value of 5(0), the settling time of the oscillations will be 
defined by the ratio between the initial and steady state amplitudes. If V(0) < Vo, then the 
amplitude V increases monotonically, beginning with a small value V (0) and nears the am- 
plitude Vo, as shown in Figure 1.11. In this case, taking into account that at the beginning 
Vo/V (0) > 1 and neglecting the unit component in Equation (1.96), the amplitude increase 
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Figure 1.11 Transient response of transformer-coupled MOSFET oscillator 


yields to an exponential law according to 
V = V (0)exp[lô(0)|t] (1.98) 


which gives, theoretically, an infinitely long settling time fs. 
Defining t, as the time when the amplitude V increases up to 0.9Vo, from Equation (1.96) 


we can obtain 
1 2Vo | 
t = —— In| — (1.99) 

|ê (O)| | V (0) 


which means that an increase of the coupling factor M or small-signal transconductance gm 
results in a shortening of the settling time. Hence, the settling time depends strongly on the 
initial amplitude V (0) which is determined by the fluctuation process. 


1.5 VAN DER POL METHOD 


To illustrate a van der Pol method for analysing the behaviour of the oscillation systems 
described by the nonlinear second-order differential equations, let us consider once again the 
schematic of the transformer-coupled MOSFET oscillator shown in Figure 1.5. In this case, it is 
advisable to rewrite the nonlinear second-order differential equation given by Equation (1.53) 
in the form 

d?v dv M di 


— + 28— + œv = 28R — 


— 1.100 
dt? dt L dt ( ) 


where the dissipation factor ô = 1/2RC includes only losses in the resonant circuit. Now we can 
use the method of slowly varying amplitudes (the van der Pol method) when Equation (1.100) 
is replaced by the corresponding truncated first-order differential equations for slowly varying 
amplitude and phase, respectively [3, 5, 6]. 

We shall seek a solution of Equation (1.100) in the form of the periodic oscillations of 


v = V(t) cos[wot + g(t)] (1.101) 
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where V (t) and g(t) are the slowly varying amplitude and phase, respectively. The term ‘slowly 
varying’ means that the relative variations of the amplitude and phase during the natural 
oscillation period are substantially smaller than unity. This means that the time derivatives 
of the amplitude and phase can be replaced by their average velocities during the oscillation 
period, i.e., 














= = AV (1.102) 
dt T 20 
d A A 
PE ca Sop et (1.103) 
dt T 27 
Then, under an assumption of slowly varying amplitude when AV /V < 1, we can write 
ee K oV (1.104) 
—— (60) . 
d rs 
Accordingly, for higher-order derivatives of the voltage amplitudes, it is also assumed that 
gV dV BV PV 
1.105 
dt? ee dt dr? S dt? t ) 


Similarly, for the slowly varying phase when Ag/27 < 1 and its higher-order derivatives, 
we can write 





y (1.106) 
maaan (40) . 
dt 
dy dp doy dy 
1.107 
a a a “Gp l ; 


The current i (v) where v is defined by Equation (1.101) can be represented by a Fourier 
series 


i(v) = Io(V ) + lic(V )cos(wot + o) — Iis(V) sin(wot +9) +... (1.108) 

where 
L(V) = ~ fiw cos Y) cos Y dy (1.109) 
n=- fiw cos Y) sin Y dy (1.110) 


The first and second derivatives of Equation (1.101) can be calculated as 


es eee ye E E (1.111) 
gp Crt? wo + zy J sin(wot + 9 i 


dv av dV dg\ . 
J2 = JA cos(wot + Q) — a (o + £) sin(wot + Q) 


sin + cos . 
+V Je wot + V wg + 2w0 dt dt wot + 
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Equation (1.112) can be simplified by neglecting the terms with second derivatives and 
square of the first derivative to 


dy dV . 2 dy 
J2 = — 200 sin(wot + p) — | w + 20074, V cos(@ot + Q) (1.113) 


Similarly, by taking into account only linear terms in Equation (1.108), the current derivative 
di(v)/dt can be obtained as 
di(v) 
dt 





d/ic(V 
a“) cos(wot + Q) 


do \ . 
= —-1,,(V) { ap + T sin(@pt + o) — 


dls (V 
a“) sin(wot + p) (1.114) 


do 
— Lis(V) | wo + ar cos(wot + o) — 


As a result, for small values of the dissipation factor and derivatives of the slowly varying 
functions, Equation (1.100) can be rewritten using Equations (1.111), (1.113) and (1.114) as 


dV d 
-2007 sin(wot + p) — 280V sin(wot + p) — 20V = coslo + 9) 


M M 
= — 28a RLV) sin(wot + p) — 26e9>-Rhs(V) cos(@pt +g) (1.115) 


Finally, equating the terms with sinusoidal and cosinusoidal components in Equation (1.115) 
results in separate equations for the time-varying amplitude V (t) and phase g(t) in the form 


1E = oR (1.116) 
5 dt L 
yet = May (1.117) 
Rode L 


For the algebraic transfer function i (v) and cosinusoidal input voltage v in Equation (1.101), 
the integral for /;,(V) given by Equation (1.110) is equal to zero. Physically this means 
that the active device has no reactive elements and the oscillator resonant frequency is fully 
defined by the resonant frequency wọ of the parallel LC circuit. Therefore, as follows from 
Equation (1.117), the phase g(r) of the oscillations given by Equation (1.101) is constant and no 
longer a function of time. At the same time, the amplitude of the oscillations, which behaviour 
is described by Equation (1.116), varies exponentially, depending on the dissipation factor ô. 
The similar result obtained by a quasilinear method is presented by Equation (1.92). 

Generally, a procedure of the derivation of the truncated lower-order differential equations 
from the original nonlinear differential equations is very complicated and time-consuming, 
even for the simple cases. However, using a symbolic representation of the nonlinear oscillation 
behaviour and following a Evtyanov approach make it possible to speed up the procedure of 
obtaining the truncated equations [6, 7]. 

According to a Evtyanov approach, the oscillator can generally be represented by the ideal 
current source i(v) and linear two-port network Z(p), where p = d/dt is the differential 
operator, as shown in Figure 1.12. A symbolic equation to describe the behaviour of the 
oscillator is written as 


v = Z(p)i(v) (1.118) 
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Figure 1.12 General oscillator model 


where 

5P(p,6) 
~ QP.) 
P(p, 6) and Q(p, 5) are the polynomial functions of p and ô is the small parameter. For 
the oscillation systems with high quality factors, the small parameter 6 usually represents a 


dissipation factor for one of its natural frequencies. The differential equation corresponding to 
a symbolic Equation (1.118) can be obtained by 


Z(p) (1.119) 





O(p,6)v = ôP (p,ô)i (v) (1.120) 


A solution of the differential Equation (1.120) is seeking a sum of the oscillations with the 
slowly varying amplitudes and phases according to 


K 
v = Vot) + È VrO) cosloot + pO] (1.121) 
k=1 


where k = 1,2,...,K. 
The complex voltage and current amplitudes can be written as 


Vi = Vk exp jor) (1.122) 
Ik = Ik exp(j Gx) (1.123) 


Then, using a two-dimensional Maclaurin series expansion about p = 0, 6 = 0 and neglect- 
ing the terms of order 5”, the following system of truncated differential equations in a complex 
form can be obtained: 


{ (722 | ye (“Se s] Vi = &(P (p, del (1.124) 
ap k 06 k 


Dividing both sides of Equation (1.124) by 


(2222| 5 
a6 |, 


allows us to rewrite Equation (1.124) in the final form 


(Tkp + D) Vk = ZL (1.125) 
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where 
T,= (1222 f (“ae (1.126) 
op k 06 k 
0 „ô 
Z, = (P (pDl $ (Se (1.127) 
k 


Substituting the complex voltage and current amplitudes from Equations (1.122) and (1.123) 
into Equation (1.125) and equating the real and imaginary parts after its differentiating result 
in two separate differential equations for amplitude and phase, respectively: 


(Trp + Vi = Rele(Vo,Vi,---, Vx) (1.128) 
Ti. Vi PG = X,1,.(Vo, Vis... Vg) (1.129) 


where R; = ReZ;, X; = ImZ;, k = 1,2,..., K. 

Comparison of a system of Equations (1.128) and (1.129) with a system of Equations (1.116) 
and (1.117) shows that these truncated differential equations for the slowly varying amplitude 
and phase are identical when k = 1, Vo = 0 and T; = 1/ô. 


1.6 COMPUTER-AIDED ANALYSIS AND DESIGN 


To analyse the nonlinear oscillator circuit, it is necessary to provide its frequency-domain 
and time-domain simulations giving the device, time, spectral or sweep presentations of the 
electrical characteristics and optimization of the circuit parameters to realize the optimum 
solution depending on customer requirements. The algorithm for nonlinear oscillator analysis 
used in Microwave Harmonica, which is a part of the Ansoft circuit simulator Serenade, is a 
modified harmonic balance method and can be divided into two steps: search and analysis [8, 9]. 
In the search mode, an external test source is added to an oscillator circuit to inject ac power, 
and forces the system away from the degenerate solutions when all ac currents are equal to zero 
is also a solution of Kirchhoff’s current law. This approach includes the Kurokawa oscillation 
condition, which ensures that the degenerate solution is not obtained. The final steady-state 
solution of the search mode is treated as the initial estimate for the analysis mode. In the 
analysis mode, the system equation is solved using the modified harmonic balance method, in 
which oscillating frequency is used as an independent variable. 

The search method includes the injection of an external ac source into the oscillator circuit 
and finding the steady-state operation mode using harmonic balance conditions and the Newton 
iteration scheme to solve a set of the system equations expressed in the frequency domain. By 
sweeping the injected frequency and power and examining both the magnitude and phase of the 
injected current, the oscillating condition of the circuit can be determined. The free-running 
oscillator is treated as a one-port network, as shown in Figure 1.13, where Y is the input 
admittance of overall one-port network including the load admittance YL, Yin is the equivalent 
input admittance of the oscillator resonant circuit with the active device. 

The steady-state condition for a single-oscillation frequency œw can be written as 


Y=Yn+Y¥_L=0 (1.130) 
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Figure 1.13 Application of the modified harmonic balance method to a free-running oscillator 
which can be applied to each frequency component. Therefore, if K different frequency com- 
ponents œw% are present, the oscillation conditions are determined by 

Ye = Ying + Yur = ReY; + jImY; = 0 (1.131) 


where k = 1,2,..., K indicates that the admittance Y% is evaluated at each frequency a x. 
As a result, if current i (t) and voltage v(t) are represented in the time domain by 


K K 
i(t) = SS i(t) = > I; cos(@ogt + bx) (1.132) 
k=0 k=0 
K K 
v(t) = Yo v(t) = È Ve cos(wxt + Ox) (1.133) 
k=0 k=0 


where J; and œx are the current amplitude and phase, V; and 6; are the voltage amplitude and 
phase, then the input admittance Y+ can be determined by phasor voltage V; and phasor current 
I; as 


Y; = Fe (1.134) 
Vi. 
By separating the real and imaginary parts of Y, in Equation (1.131), we can obtain 

ReY; = Re, /V;,) = 0 (1.135) 

and 
ImY; = Im(Ik/Vk) = 0 (1.136) 

which implies 

Rel, = Imi = 0 (1.137) 

and 
V: #0 (1.138) 


The results obtained by Equations (1.135—1.138) show that, if the voltage amplitude of 
the injected test source in Figure 1.13 is large enough and the current amplitude of the test 
source under the harmonic balance condition is zero, the circuit is in oscillation condition. 
After changing the frequency and power of the external source and monitoring the injected 
current value, the oscillation condition of the test circuit can be determined. For an efficient 
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search of the frequency and power of the external source when k = 1, the following algorithm 
has been used: 


è the external power is set to be constant and at a low level; 
e the frequency of the external source is swept until Im/, is close to zero and Re/, is negative; 


e the power of the external source is increased stepwise and tracks the frequency until both 
ReJ, and Im/; are close to zero. 


When both Re/; and Im/, are reduced to very small values, highly accurate analysis results 
may be obtained. Furthermore, in order to avoid a large number of computations, a near target 
solution of about 0.1% error provides a good initial estimate for the analysis mode. 

In the analysis mode, the external injected source is excluded and a modified harmonic 
balance technique is used to obtain a true and rigorous oscillator circuit analysis result. For a 
nonautonomous circuit analysis, the state variable vector X is composed of the state variables, 
including device port voltages, and error vector E is composed of the elements of the system 
errors, including corresponding port current errors. However, for the oscillator analysis, the 
structure of vector X is modified with the oscillating frequency fı as an additional variable, 
so the phases of the harmonic state variable voltages are referred to the phase of the voltage 
of the first state variable. In the same manner, to eliminate the degenerate solution, the error 
function vector E is reconstructed by replacing the error function elements at the fundamental 
frequency by a function designed to avoid the degenerate solution. 

One of the main concerns in the oscillator circuit analysis is to improve the convergence 
property of the oscillator circuit simulation, especially when it is designed with high-Q res- 
onant tank circuit. In this case, the system error near the oscillation frequency can be very 
large. Therefore, two techniques, (1) initial frequency setting and (2) fundamental frequency 
searching, have been used in the circuit simulator [8]: 


1. All the node voltages and edge currents can be randomly initialized within a certain range that 
can reflect the practical level of the oscillator output power Pou. The oscillating frequency 
fı should be initialized as sufficiently close to the actual value of the fundamental frequency 
J, for example, within 0.1f < fi < 10f/. 


2. Another way to improve the convergence ability is to first decrease the number of harmonics 
in order to simplify the error surface and gradually restore it to the desired value. This means 
a consecutive consideration of the analysis at the fundamental frequency, and then repeating 
it with the second-harmonic signal present. After obtaining the convergence with the third- 
harmonic signal present, the number of harmonics is then increased to the maximum number 
specified by user. This is very important to avoid aliasing when a small number of frequency 
components are taken into account. 


The optimization procedure, which is crucial to provide fast and accurate circuit design by 
adjusting the values of certain circuit parameters, is based on an iterative process, in which 
the circuit is simulated to ascertain its electrical responses as compared with the optimization 
goals. Circuit parameters are adjusted to produce improved circuit responses. The optimization 
process continues until the selected number of iterations is completed or the optimization goal 
is achieved. Each goal gives rise to an error value that represents the discrepancy between the 
simulated circuit response and the appropriate goal limit. If the response satisfies the limits, then 
the error value is zero. Otherwise, the error value depends on the magnitude of the difference 
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between the simulated response and the appropriate goal limit. In this case, the error function 
serves as a figure of merit during optimization procedure to select the best optimizable values. 
This error function value is a sum of the individual goal errors, which are weighted measures 
of the difference between the simulated circuit response and the desired response, as specified 
in the goal values. Weights are associated with each goal in order to allow the emphasis of 
certain goals over others. In a common case, the error function EF is defined by 


EF = SS aes eee [D2 wie) /N'5| (1.139) 


where e; is the error function contribution from the ith goal at one frequency, w; is the weighting 
factor associated with the ith goal, N ș is the number of frequencies for the goal group containing 
ei, X_ ; means the summation over all optimization goals in a group, )» , means the summation 
over all frequencies for which a group of goals is specified, }° groups means the summation 
over all groups and >> phrases Means the summation over all optimization phrases [9]. Each line 
of goals is considered as a group and may contain only one frequency range, at which all the 
goals in the group are evaluated, whereas a number of goal groups may be defined within each 
optimization phrase. 

The optimization procedure may include different optimization methods, for example, sev- 
eral such methods as random search, gradient search and minimax search are used in Ansoft 
circuit simulator Serenade. The gradient search is based on a quasi-Newton algorithm, which 
uses the exact gradient and approximate inverse of the Hessian matrix of the error function to 
find a direction of improvement for each optimization value. The first search direction is in 
the direction of the gradient vector along a line in n-dimensional space where n is the number 
of optimized values. Once a minimum is found in the first direction, a second search along 
another line in the same n-dimensional space is performed. In the second and subsequent 
iterations, the direction of search depends on the gradient vector, which is not the same as the 
overall gradient. The direction of search is modified to accelerate convergence as a minimum is 
approached. However, the gradient search is susceptible to local minimum points when, once 
a local minimum region of the error function is reached, the gradient search method may have 
difficulty in selecting optimizable values outside that minimal region. 

The random search selects new optimizable values following a Monte Carlo approach. 
Starting from an initial set of optimizable values, for which the error function value is known, 
anew set of values is obtained using arandom-number generator within the applicable optimiz- 
able value ranges. The error function is re-evaluated and these optimizable values are retained 
if a decrease in its value is identified. This is a trial-and-error process, in which random search, 
step-by-step, finds at least minimum of the error function. The random search repeats this 
procedure for as many times as the number of iterations specified before the optimization is 
started in order to approximate to the global minimum of the error function as close as possible. 
Initially, new optimizable values are drawn according to a uniform Gaussian distribution for 
each optimizable value and these optimizable variables are treated as independent Gaussian 
variables. After each iteration, whether it is successive or not, the distribution is modified 
and becomes non-Gaussian to its skewing towards lower error function values and away from 
higher ones. The random search tends to proceed in the direction of error function reduction, 
but it is not restricted to such areas completely, allowing improvement of the search efficiency 
without the risk of trapping the search in local minimum. 

The minimax method provides the minimization of the largest weighted goal errors, i.e., 
the minimization of the maximum contributions to the error function value. The minimax 
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error function always represents only the worst case violation of the optimization goals, where 
the desired circuit response specifications are either most severely violated when EF > 0, or 
satisfied with the smallest margin when EF < 0. In this case, the error function to be minimized 
may be defined in general as 


EF = MAXophrases MAX groups MAX ¢ MAX goais(wies) (1.140) 


where e; is the discrete error function associated with a phrase at one frequency, w; is the 
weighting factor associated with e;, MAX soais means maximum value in the set over all goals 
of a phrase, MAX s means maximum value in the set over all frequencies of a group, MA Xgroups 
means maximum value over all goal groups and MAXphrases Means maximum value over all 
optimization phrases. A minimax solution means that the goal specifications are met in an 
optimal, typically equal-ripple manner. The sophisticated minimax search method proceeds 
in two stages. In the first stage of the search, the minimax problem is solved using a linear 
programming technique and, in the second stage, the search employs a quasi-Newton algorithm 
with second-order derivatives. A minimax iteration requires one evaluation of the objective 
function and its gradient and therefore is less time-consuming than an iteration of the gradient 
search. 
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2 


Oscillator operation and design 
principles 


This chapter presents the principles of oscillator design, including start-up and steady-state 
operation conditions, basic oscillator configurations using lumped and transmission-line ele- 
ments and simplified equation-based oscillator analysis and design techniques. An immittance 
design approach is introduced and applied to series and parallel feedback oscillators, including 
circuit design and simulation aspects. Numerous practical examples of RF and microwave 
oscillators using MOSFET, MESFET and bipolar devices, including the descriptions of their 
circuit realizations, are given. 


2.1 STEADY-STATE OPERATION MODE 


A simple feedback oscillator model is shown in Figure 2.la where an oscillator circuit is 
decomposed into a forward nonlinear network and a feedback linear network, both of which 
are two-port networks. Figure 2.1b shows an example of a transformer-coupled MOSFET 
oscillator without bias circuit to illustrate common features of the feedback oscillator. Because 
an oscillator is an autonomous circuit, electronic noise in the active device or power supply turn- 
on transient leads to the self-excitation of the oscillations. This provides the initial oscillation 
build-up. As the oscillation amplitude grows, the active device displays larger nonlinearity and 
then limits the amplitude increase. 

In a steady-state operation mode, the following complex equation, also known as the 
Barkhausen criterion, can be written for the parallel feedback oscillator: 


T(Vin, œ) = AWVin, jo) BUo) = 1 (2.1) 


where A = Joy: /Vin is the forward transfer function and 6 = Vin/TJout is the feedback transfer 
function. This equation means that the oscillator complex loop gain is equal to unity [1, 2]. 
The feedback transfer function can be represented as 


(jw) = K(jo)Z(jo) (2.2) 


where K = Vin/Vou is the voltage feedback coefficient and Z = Vout/Zou is the oscillator 
resonant circuit impedance. Presenting each of these complex quantities in the form of A = 
Aexp(j¢a), K = K exp(j¢x), Z = Z exp(j¢z), the following equations for magnitudes and 
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Figure 2.1 Schematics of (a) parallel feedback oscillator and (b) transformer-coupled MOSFET 
oscillator 


phases directly follow from Equation (2.1): 
A(Vin, ©) K(@)Z(@) = 1 (2.3) 
ga + bx + oz = 0, 27,... (2.4) 


Equation (2.3), which is called the amplitude balance condition, means that the oscillator 
loop gain is equal to unity in the steady-state stationary operation mode. In this equation it is 
assumed that two quantities, K and Z, depend on frequency only. Consequently, the amplitude 
balance condition is carried out only under the appropriate value of input voltage amplitude 
Vin. To define the value of this amplitude, let us rewrite Equation (2.3) in the form 


A(Vin, œ) = 1/K(@)Z(@) (2.5) 


In Figure 2.2, the amplitude dependence A(Vin) and feedback straight line 1/KZ are plot- 
ted. The intersection point of these dependencies is determined the steady-state oscillation 
amplitude V;*. 

Equation (2.4), which is called the phase balance condition, means that the sum of all 
oscillator loop phase shifts must be equal to zero or 27rn, where n = 1,2.... This equation 
defines the value of the oscillation frequency fosc. In the simple case when x = 0 (transistor 


A(Vin) 


1/KZ 
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Figure 2.2 Graphic balance amplitude condition 
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Figure 2.3 Deviation of oscillation frequency fosc from resonant frequency fo 


input admittance is equal to zero and feedback magnitude K depends only on a mutual 
coupling coefficient between primary and secondary inductances M) and the active device 
doesn’t produce the phase shift, that is ġa = 0, then ¢z = 0 and the oscillation frequency 
fosc is equal to parallel resonant circuit frequency fy = wo/2a = 1/22 VLC. If ġa Æ 0, the 
oscillation frequency fose will differ from fp in order to fully compensate the available phase 
shift @z according to 


$z = —tan™' (20%) =—a (2.6) 


where Q = 1/œCR is a quality factor of the oscillator resonant circuit, Aw = 27 ( fose — fo) 
[2]. 


Equation (2.6) can be rewritten in the form 


pe es (2.7) 
wo 2Q 
which determines the deviation of the oscillation frequency fosc from resonant frequency fo 
as a function of the phase of the forward transfer function of the active device and oscillator 
quality factor. 

From graphical representation of Equation (2.6) shown in Figure 2.3a it follows that the os- 
cillation frequency fosc is smaller than resonant frequency fo. Furthermore, the lower the qual- 
ity factor Q the smaller the oscillation frequency fosc, as shown in Figure 2.3b, where the 
deviation Aw from resonant frequency wọ becomes greater for the case of Q2 < Q1. 





2.2 START-UP CONDITIONS 


The start-up conditions can be illustrated on the plane of the transfer function iout = f (Vin), as 
shown in Figure 2.4. Let us choose the bias voltage V corresponding to maximum small-signal 
transfer function when ðiout/9Vin = 0. Such a condition is adequate to the maximum forward 
transfer function A(Vin = 0) shown in Figure 2.2. According to Figure 2.2, the amplitude 
Vin of the oscillations grows monotonically whereas the transfer function A decreases. The 
amplitude of the output current iout is trying to reach its maximum value corresponding to the 
stable steady-state operation mode when Vin = V,3. Such a behaviour of the transfer function 
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Figure 2.4 Start-up of oscillations 


A means that the start-up oscillation conditions can be defined as 
A(@)K (w)Z (w) > 1 (2.8) 
oa + ox + oz = 0,27,... (2.9) 


Let the bias voltage ve be chosen close to the device threshold voltage as shown in Figure 2.4. 
Such a bias condition corresponds to the small initial value of transfer function A(Vin = 0), 
which is not enough to establish the stable steady-state stationary oscillations because A < 
1/KZ. This is demonstrated by curve // in Figure 2.5a. Therefore, the oscillation system with 
such a bias condition requires an impulse to initiate self-oscillations, as it cannot oscillate by 


A h 


II 1/KZ 


F a). ie $ b). Me 


Figure 2.5 Balanced amplitude conditions for different biasing points 


START-UP CONDITIONS 33 


itself. The result of this impulse should be an output current amplitude resulting in a condition of 
A > 1/KZ. Hence, the system has hard operating conditions and the process of the oscillation 
establishment is called a hard build-up of self-oscillations. This means that oscillations of finite 
amplitude are established suddenly under some external influence. 

Figure 2.4 shows the process of establishment of the stable self-oscillations as a result 
of the nonlinearity of the transfer function of the active device operating in pinch-off and 
active regions. This means that the start-up oscillation conditions correspond to a Class A 
operation mode of the active device having maximum or close to maximum value of the small- 
signal transconductance. The steady-state oscillation conditions are established when the active 
device operates in Class AB mode characterized by the conduction angle which particular value 
depends on the initial bias conditions. Let us assume a high value of the resonant circuit quality 
factor when the input cosinusoidal voltage 


Vin = Vin COS wt (2.10) 


is applied to the active device, representing an idealized nonlinear voltage-controlled current 
source. Then, the output current iout contains the harmonic components and, being an even 
function, can be written as 


lou. = Jo + I, cos wt + In cos 2wt + I cos 3wt +... (2.11) 


For the transfer function Jou, = f (Vin), the fundamental component /; can be obtained from 
Equations (2.10) and (2.11) using a Fourier formula according to 


1 T 
h=- / f (Vin Cos wt) cos wt d(wt) (2.12) 
1 


Consequently, dividing the output fundamental amplitude 7; by the input voltage amplitude 
Vin provides an analytical expression to calculate the fundamentally averaged value of the 
forward transfer function A(V;,) in a quasilinear approximation. The dependence of the output 
fundamental current amplitude 7; on the input voltage amplitude Vin, expressed generally as 


L = fiWVin) (2.13) 


can be called the amplitude characteristic of the oscillator. Figure 2.5 shows the dependencies 
of (a) the amplitude characteristic and (b) the averaged transfer function as functions of the input 
voltage amplitude Vin for different operation modes where curves / and curves // correspond 
to the soft and hard start-up conditions for self-oscillation establishment, respectively. 

Consider the influence of the harmonic components on the process of the establishment of 
the self-oscillations for finite value of the quality factor Q. Then, the input voltage according 
to Figure 2.1b can be written as 


Vin = Vin COS wt + Vinz Cos (201 — =) + Ving cos (3ut — 5) +... (2.14) 


where the resonant circuit is tuned to the fundamental and has the capacitive reactance for the 
second and higher-order harmonics. If we provide a second-order polynomial approximation 
of the nonlinear transfer function of the active device in the form 


iout = do + 41 Vin + a203 (2.15) 
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and confine our attention to the first two components in Equation (2.14), the fundamental 
component of the output current can be obtained by 


i; = 1, cos wt + a2Vini Vin2 cos (wr = =) (2.16) 


where J1 = a1 Vin}. 
Equation (2.16) can be rewritten in the form 


i, = I, cos(wt + Qa) (2.17) 
where 
I = Iy 1 + (a/a? Vin (2.18) 
and 
tan da = —a2 Vim /41 (2.19) 


Thus, the second component in Equation (2.16) results in the variation of the output current 
fundamental amplitude when 7; Æ J; and the appearance of a negative value of the phase 
da of the device transfer function, i.e., the phase shift between the fundamental voltage and 
fundamental current. This means that an increase in the harmonic content of the output voltage 
spectrum (smaller Q-factor) causes a decrease in the frequency of self-oscillations, as follows 
from Figure 2.3b. 

Physically, the influence of the harmonic content on the frequency variation can be explained 
as follows: if the oscillations are purely sinusoidal, the energy distribution in both arms of the 
resonant LC circuit is equal; when the harmonics appear, the currents corresponding to them 
flow mainly through the capacitive arm, and therefore they increase the electrostatic energy of 
this arm in comparison with the inductive arm; in order to keep the energy equal in both arms, 
the fundamental frequency must diminish slightly with respect to the frequency given by the 
tank circuit only [3]. 

In Figure 2.6a, for the example of the transformer-coupled MOSFET oscillator shown in 
Figure 2.1b, the dependencies /,(Vin) for a soft start-up condition with different values of 
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Figure 2.6 Start-up conditions with different values of the mutual coupling coefficient M 
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Figure 2.7 Hard start-up condition versus mutual coupling coefficient M 


mutual coupling coefficient M(M, < M2 < M3 < M4) are presented [1, 2]. As M increases 
from zero to M3, the only stable equilibrium corresponds to the static operation mode at the point 
Vin = 0. When M > Mh, from two potentially existing equilibrium conditions the dynamic 
conditions at the points A3 and A4 are stable. To check the stable equilibrium at the point A3 
with amplitude Vin = Vp and unstable at the Vin = 0, assume an oscillation rise of the small 
input amplitude V/, due to some internal or external effect. This would cause an appearance 
of the output current with the amplitude 7;, which is determined according to the oscillator 
amplitude characteristic /,(Vj,). At that time this current makes conditional the input voltage 
with amplitude V,". As a result, the oscillation amplitude that has arisen accidentally increases 
up to the equilibrium value of V,° at the point A3. With the growth of M, the output current 
amplitude /; changes smoothly, as shown in Figure 2.6b. When M decreases, the amplitude 
I, changes in accordance with the /;(M) curve and under M = M3 the oscillations disappear. 

In Figure 2.7a, the dependencies /,(V;,) for hard start-up condition with different values of 
mutual-coupling coefficient M(M, < M2 < M3 < M4) areshown[1,2]. At the point M = M3 
both curves intersect at three points, corresponding to three stationary modes: 0 is an equilib- 
rium condition, B3 and A3 are the dynamic modes with amplitudes V, and V,", respectively. 
From the process of changing of the output fundamental current amplitude /, with initial volt- 
age deviations from Vý and V,", it follows that the stable conditions correspond to the points 
0 and A3, whereas the condition in the point B3 is unstable. 

Let us define the dependence of output fundamental current amplitude 7; versus feedback 
coefficient M. As M increases from zero up to M4 when the straight line corresponding to 
Msg and the curve /;(Vin) are tangents in the origin, the only stable equilibrium corresponds 
to the static operation mode at the point V;, = 0 when the small fluctuations can not produce 
an oscillation arise. At the point M = M4, the above-mentioned operation mode becomes 
unstable and small oscillations grow up to a large amplitude value corresponding to the point 
A4. The subsequent increase of M leads to the amplitude change along the curve 7ı(M), as 
shown in Figure 2.7b. If, then, to decrease M down to M), the collapse of the oscillation can 
occur only at the point Az because the dynamic operations modes corresponding to the points 
A3 and A, are stable. This fact results from the qualitative process examination of Figure 2.7a 
where at the same time the points Az and B3 are unstable. So, between the points Az and 
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Ag in the limits of M) < M < M4, the hysteresis region occurs. Thus, the hard build-up of 
the self-oscillation is characterized by spasmodic development of the oscillation with large 
amplitude under smooth increase of the feedback coefficient M and spasmodic collapse of the 
oscillation under smooth decrease of M. 


2.3 OSCILLATOR CONFIGURATIONS AND 
HISTORICAL ASPECTS 


The first oscillator configurations using vacuum tubes were based on the electromagnetic 
coupling between the output and input circuits. By providing a close enough coupling with the 
output, sufficient energy is supplied to the input circuit to keep the continuous self-sustaining 
oscillations. In this case, the oscillation frequency is approximately equal to the resonant 
frequency of the parallel LC circuit if the coupling and active device parasitics are small enough. 

There are two basic configurations of a transformer-coupled oscillator. The oscillator con- 
figuration with a parallel resonant circuit at the input electromagnetically coupled with the 
output, as shown in Figure 2.8a, is called the Armstrong oscillator in honour of the outstand- 
ing American engineer E. H. Armstrong who first developed and described the condition of 
obtaining the self-sustaining oscillations using such a configuration [4]. Approximately at the 
same time, A. Meissner in Germany described the transformer-coupled oscillator with a par- 
allel resonant circuit at the output electromagnetically coupled with the input, as shown in 
Figure 2.8b, which is called the Meissner oscillator [5]. High-purity stable oscillations can be 
obtained by a fully balanced version of Meissner oscillator with a three-turn link providing an 
excellent isolation of the resonant circuit when very little energy is taken from the resonator 
to provide the voltages to drive the input and sustain the oscillations [6]. 

To realize a phase balance condition in the transformer-coupled oscillator, the transformer 
should provide a phase shift of 180°. If the primary and secondary windings of the transformer 
have the same direction of wind, it is necessary to connect the secondary winding in the 
opposite direction relative to the primary one, that is, to connect the end of the secondary 
winding where the voltage is in-phase with the drain (collector) voltage to the ground. The 
coupling coefficient of the transformer is chosen to provide a soft start-up oscillation mode. 

The schematic of the Hartley oscillator is very close to the schematic of the Meissner 
oscillator [7]. The difference is that the inductor L having an additional output replaces the 
transformer, as shown in Figure 2.9a. The inductance ratio determines the feedback coefficient. 
The Hartley oscillator can be represented by a well-known inductive three-point configuration 


a). b). 


Figure 2.8 Schematics of (a) Armstrong and (b) Meissner oscillators 
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a). b). 


Figure 2.9 Schematics of Hartley oscillators 


shown in Figure 2.9b, where the feedback element from the output to the input is the capacitor 
C. The inductors L; and L, represent the output and input circuits, respectively. 

Unlike the Hartley oscillator with electromagnetic coupling, the schematic of a Colpitts 
oscillator is based on electrostatic coupling using the capacitive divider, the capacitance ratio 
of which determines the feedback coefficient, as shown in Figure 2.10a [8]. The Colpitts 
oscillator can be represented by a well-known capacitive three-point configuration shown in 
Figure 2.10b, where the feedback element from the output to the input is the inductor L. The 
capacitors Cı and C3 represent the output and input circuits, respectively. 

Depending on which electrode of the active device is grounded, we can distinguish three 
basic configurations representing a Colpitts family of oscillators shown in Figure 2.11 for the 
example of the MOSFET device. The Colpitts oscillator with grounded source is shown in 
Figure 2.11a, the Colpitts oscillator with grounded drain anode is shown in Figure 2.11b, and 
the Colpitts oscillators with grounded gate is shown in Figure 2.1 1c, d. The connection of the 
appropriate electrode of the tube (or transistor) to the ground have important effects upon the 
following: 


e the manner in which the dc power is fed to the oscillator and the corresponding loading 
effects on the resonant circuit; 


e the manner in which the output power is fed to the external load; 


e the distribution of the stray elements to the ground plane which has important effects, par- 
ticularly for microwaves. 


1 = a 
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a). b). 


Figure 2.10 Schematics of Colpitts oscillators 
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Figure 2.11 Colpitts family of oscillators 


To understand whether the electrical performance of the same oscillator can change depend- 
ing on the grounded electrode or terminal of the active device, let us consider two schematics 
of the Colpitts oscillator, with grounded source (emitter) shown in Figure 2.1 1a and grounded 
drain (collector) shown in Figure 2.11b. In both schematics, each of which represents the 
three-port network in a common case, the load resistance R, is connected in parallel to the 
capacitance C1, i.e., between drain and source terminals, respectively. 

The indefinite admittance Y -matrix of a three-port network can be written as 


Yu Yiz — (Yi + Yi2) 
[Y] = Yai Yn = (Yan + Y22) (2.20) 
=(Yu +Ya) =n +Yz2) Yu +Yn + Yo + Yz 


By choosing successively terminal 1, 2 and 3 as the datum terminal of the active device 
shown in Figure 2.12, we can obtain the appropriate three definite two-port admittance matrices 
of the initial three-port network. Consider finding these two-port matrices in the form of an 
admittance matrix of (a) the common source (emitter), (b) the common gate (base) and (c) the 
common drain (collector) circuit connection of the bipolar transistor, as shown in Figure 2.12. 
We will use the term ‘common terminal’ for the grounded terminal, similarly to that of using 
at the power amplifier design. If the common source device is treated as a two-port circuit 
and characterized by four Y -parameters (Y11, Y12, Y21 and Y22), the two-port matrix of the 
common drain circuit with grounded-drain terminal is simply obtained by deleting the second 
row and the second column in the matrix (Equation 2.20). For the common gate circuit with 
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Figure 2.12 MOSFET devices with different common terminals 


grounded-gate terminal, the first row and the first column should be deleted because the source 
terminal is considered the input terminal. 

A similar approach can be applied to the indefinite three-port impedance network. This 
allows the impedance Z-parameters of the common gate (base) and common drain (collector) 
circuits to be determined through the initially known impedance Z-parameters of the common 
source (emitter) circuit. Parameters of the three-port network with different common terminals 
for bipolar and FET devices are given in Table 2.1. 

For the schematic with common source shown in Figure 2.1 1a, we can write 


1 1 
Y Y 
( É var) ( i iat) 


1 
Yu, + foCy + —— 
JoL 








You = Yz + Jac, Ho (2.21) 
J 


wL 


where You = 1/Zout is the equivalent output admittance. 
For the oscillator schematic with common drain shown in Figure 2.11b, by using the rela- 
tionships from Table 2.1, we can write 


You = Yir + Yi2 + Yor + Yoo + foCy + joC 
(-Yq1 — Y — f@C2) (—Yi1 — Yo — f@C2) 





(2.22) 


1 
Yui + jæC + —— 
JoL 


Table 2.1 Active device Y- and Z-parameters with different common terminals 





Y -parameters Z-parameters 
Common source Yu Yu Zi Zig 
(emitter) Voi Y Za Zn 
Common gate Yn + Yn + Yn +Y2 — (Yn +Yz2) Zu +Zn+ Za +Z2 -—(Zn + Z2) 
(base) —(Yo1 + Yz) Yn —(Zy + Zn) Zn 
Common drain Yu — (Yu + Yi) Zi — (Zi, + Z2) 


(collector) =(Yn + Ya) Yu + Yio + Yo + Y2 (Zi, + Za) Zu + Zn + Zn + Za 
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Equation (2.22) can be rewritten as 


1 1 
i (Yu +Yn+Ya + jeca- r) (Yu jocr+ i) 
1 


7 wL wL 
Yout = Yoo + jJæCı + 7 + 
JoL 





1 
Yui + jaC2 + —— 
JoL 


Yiu + Yi2 + f@C2) Vir + Yo + JoCa) 





oL 


1 1 
Y Y 
( Š var) ( a iat) 


1 
Yui + jæC + —— 
J 


1 
ee 





= Yy + jæCı + 





ja (2.23) 
wL 


which is identical to Equation (2.21) corresponding to the output admittance You of the oscilla- 
tor schematic with common source. Consequently, grounding of any terminal of the oscillator 
circuit does not change its electrical performance, provided there are no changes in the con- 
nection of the feedback elements and load to the active device. 

The schematic with a common gate shown in Figure 2.11c is characterized by the same 
electrical behaviour as the oscillator circuits with common source and common drain. However, 
in such a configuration there is no connection of any load terminal to the ground, which makes 
its practical implementation more complicated. Figure 2.11d shows the oscillator schematic 
with a common gate with the load connection in parallel to the inductance L, that is between 
the drain (collector) and gate (base) terminals. However, another load connection with one 
grounded port results in different electrical properties of the oscillator compared with common 
source or common drain configurations. 

The Gouriet—Clapp oscillator is a variation of the Colpitts oscillator with a tank inductor 
replaced by the series combination of the inductor L and variable capacitor Cy. In this case, 
frequency stability is improved because the reactance of such a series circuit varies more 
rapidly with frequency than that of a single inductor. However, the possibility of improving 
the oscillator stability by connecting a capacitor in series to one or each circuit inductor was 
first found, based on a Hartley type of oscillator [9]. In modern practical oscillator design, the 
Gouriet—Clapp oscillator configuration is called the Clapp oscillator, although G. Gouriet and 
J. Clapp had developed it independently [10]. A parallel counterpart of the Clapp oscilla- 
tor shown in Figure 2.13b was described by E. Seiler and, therefore, is called the Seiler 











Figure 2.13 Schematics of (a) Gouriet—Clapp and (b) Seiler oscillators 
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a). 


Figure 2.14 Schematics of modified Clapp oscillator with common gate 


oscillator [10]. Such an oscillator configuration is useful for wideband frequency tuning when 
the capacitance Cy in the parallel circuit is variable. 

Figure 2.13 shows the schematics of the Clapp and Seiler oscillators with common drain. 
However, to realize their common gate configurations, it is necessary to change the location 
of the load resistance to provide its grounding. For example, the load resistance R, can be 
connected between the drain terminal and the ground, as shown in Figure 2.14a for the Clapp 
oscillator. Such a modified Clapp configuration, which is shown in Figure 2.14b, represents 
the common gate (base) oscillator with a series circuit in the gate (base). Usually, to provide 
a stable soft start-up oscillation condition, the reactance in the source (emitter) circuit should 
be capacitive, being inductive in the gate (base) circuit. 

The Vackar oscillator is the modified Clapp oscillator with additional variable capacitor 
Cy, which simplified equivalent circuit representation is shown in Figure 2.15a [10, 11]. It 
combines the features of the circuits with the series and parallel arrangements and is useful for 
very wideband frequency tuning. When C, = 0, the schematic of the Vackar oscillator becomes 
similar to the schematic of the Clapp oscillator shown in Figure 2.13a. The configuration 
of the Vackar oscillator shown in Figure 2.15b demonstrates the main difference compared 
with the Clapp schematic. Here, the capacitance Cy2 represents the phase-varying capacitance 
providing an additional phase shift. With this circuit it is possible to utilize the maximum 
value of the oscillator quality factor over the complete tuning range, and the circuit has a 
substantially constant amplitude characteristic. Both oscillator schematics are equivalent, since 
the z-representation of the capacitances Cy, Cx and C2 are replaced by the T -representation of 
the capacitances Cy, Cy2 and C3 in accordance with equivalent z- to T -circuit transformation. 











Figure 2.15 Schematics of Vackar oscillator 
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b). 


Figure 2.16 Equivalence of x- and T -circuits 


For the appropriate relationships between the impedances of a T -circuit and admittances 
of a x-circuit, these two circuits shown in Figure 2.16 become equivalent with respect to the 
effect on any other two-port network. The resulting ratios between admittances for a x -circuit 
and impedances for a T -circuit are given in Table 2.2. 

By substituting the corresponding capacitive admittances for the oscillator schematic shown 
in Figure 2.15a into equations for 7x- to T -circuit transformation, the corresponding capaci- 
tances connected in a T -configuration for the oscillator schematic shown in Figure 2.15b can 
be calculated by 











eer 
Ci =C, +C, + (2.24) 
1 
CC, 
Ca = City + 7 (2.25) 
eG 
Cy3 = Cy + C1 + f (2.26) 


The transformer-coupled oscillator based on a differential amplifier is shown in Figure 2.17a, 
where the coupling coefficient is chosen to provide a stable soft start-up condition. The simple 
oscillator configuration using a differential transistor pair is shown in Figure 2.17b. Since the 
voltage at the gate of the transistor connected to the parallel resonant circuit is in-phase to the 
voltage at the drain of the transistor with grounded gate, the feedback in such a differential-pair 
oscillator is positive. 

The push-pull connection of the transistors in power amplifiers is usually used to increase 
the resulting output power, simplify the output matching with load and improve spectral per- 
formance by suppressing even-order harmonics. The same concept can also be applied to the 


Table 2.2 Relationships between 7- and T -circuit parameters. 


T- to x -transformation 


x- to T -transformation 
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Figure 2.17 Schematics of differential-pair oscillators 
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Figure 2.18 Schematics of push-pull oscillators 


oscillator design. The push-pull oscillator circuit shown in Figure 2.18a is based on the two 
single-ended Meissner oscillators where the transistors are turned on and off alternately. Since 
the voltage at the gate of the one transistor is in-phase to the voltage at the drain of the other 
transistor, there is no need to invert phase using the secondary winding. Another push-pull 
oscillator configuration based on two single-ended Seiler oscillators is shown in Figure 2.18b, 
where the positive feedback is formed by the capacitive divider based on the capacitors C1 
and C>. 


2.4 SELF-BIAS CONDITION 


To realize more effective operation mode of the oscillator, a self-bias resistor is usually included 
in the oscillator circuit. Figure 2.19 illustrates the circuit principle of self-biasing by two 
examples. In a common source transformer-coupled oscillator shown in Figure 2.19a, the self- 
bias resistor R, is shunted by the capacitor C to minimize the RF signal losses. In a common 
gate oscillator shown in Figure 2.19b, the RF choke is connected in series with the self-bias 
resistor R, for the same purpose. 
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Let us consider the principle of the self-bias operation. The start-up conditions are sat- 
isfied under the initial gate-source bias corresponding to the large value of the small-signal 
transconductance when V, = 0. As the oscillation amplitude grows, the dc bias gate-source 
voltage Vs; = Vz — V, decreases due to dc voltage drop across the self-bias resistor with the 
de collector current increase (V; > 0), as shown in Figure 2.20a. The decrease of the gate— 
source bias voltage leads to an appropriate decrease of the large-signal transconductance and 
to the high-efficiency steady-state operation mode with the gate-source fundamental voltage 
amplitude Vin. As a result, the self-bias condition combines the soft self-excitation of the os- 
cillation with high efficiency of the Class AB, Class B or Class C operation mode under hard 
self-excitation of the oscillation with a certain value of the conduction angle. 

Using a piecewise-linear approximation of the device transfer characteristic, the de drain 
current / as a function of the input gate voltage amplitude Vin can be determined by means of 
the conduction angle from Equation (1.22) as 


la 


Figure 2.19 MOSFET oscillators with self-bias resistors 





Io = 8mVinyo (0) (2.27) 





Figure 2.20 Self-bias operation 
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where gm is the device small-signal transconductance, and 

Vos — Vp 

We 

where 20 is the conduction angle and V, is the device pinch-off voltage. 


Substituting Equation (2.28) into Equation (2.27) allows us to obtain the relationship be- 
tween gate-source bias voltage Vgs and de drain current 7o in the form 


cos = — (2.28) 





Vi=V. Io cos (2.29) 
SOO P 8m Yo) 
On the other hand, a similar relationship can be written as 
Vos = Vo — 1pRs (2.30) 


Figure 2.20b shows the graphical solution of a system of these two equations where 
Equation (2.29) with the conduction angle of 20 = 360° is plotted by curve 1, Equation (2.29) 
with the conduction angle of 26 < 180° is plotted by curve 2 and Equation (2.30) is plotted 
by curve 3. The intersection of curve 3 with curve 1 at the point A corresponds to the start-up 
oscillation mode, whereas the point B corresponds to the steady-state oscillation mode with 
constant amplitude. During the oscillation build-up, the dc drain current increases by the value 
of Al 0- 

Consequently, during the process of self-oscillations build-up, the two separate processes 
occur simultaneously: the increase of the oscillation amplitude across the resonant circuit and 
the decrease of the bias gate-source voltage due to the presence of the self-bias resistor Rs. 
Generally, both these processes are interdependent. The velocity of the first process is defined 
by the time constant of the resonant circuit given by 


T = Q/a (2.31) 


where Q = œC Ri is the oscillator quality factor at the resonant frequency wo. The velocity 
of the second process is defined by the time constant of the self-bias circuit as 


If T; >> T, the self-oscillations grow very rapidly, corresponding to the soft start-up condi- 
tion for the bias voltage of Va — Vs = V.(V; = 0). The intersection of the oscillator amplitude 
characteristic Jı (Vin) with V; = 0 and feedback line provides the voltage amplitude across the 
resonant circuit corresponding to point 1 shown in Figure 2.21a. The dc drain current grows 
with the same velocity, resulting in the slow growth of the self-bias voltage V, due to the slow 
transient response of the self-bias circuit. This process contributes to the gradual transition to 
the points 2 and then 3, characterized by different types of the oscillator amplitude characteris- 
tic and smaller voltage amplitudes, with further collapse of the self-oscillations. The de drain 
current becomes zero, resulting in the onset of the discharging process of the self-bias circuit. 
When the discharging process is finished, the process of the self-oscillations build-up will start 
once again. Thus, such a self-oscillation process is accompanied by se/f-pulse modulation, as 
shown in Figure 2.21b. For a smaller difference between T, and T , the process of the oscillation 
amplitude decrease may not reach the collapse point when the oscillation amplitude starts to 
grow. As a result, the self-oscillations have an amplitude modulation in the steady-state oper- 
ation mode. This process is called se/f-modulation. To eliminate the self-modulation effect, it 
is necessary to choose the condition when T, < T. 
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Figure 2.21 Self-pulse modulation and self-modulation phenomena 


To establish an analytical relationship determining the amplitude stability, consider the 
truncated first-order equations for both the slowly varying fundamental amplitude V across 
the load resistor R; and gate-source bias voltage V,,, which can be derived in similar way to 
Equation (1.116) given in Chapter 1 in the form 


dV 


Toy +V = Rigs, V) (2.33) 
dV ys 
Ta + Ves = —Rolo(Vess V) (2.34) 


where the drain fundamental current J, and de current Jo are functions of two variables, Vgs 
and V [12]. It should be noted that the truncated equation for the gate-source bias volt- 
age is similar to the truncated equation for drain voltage amplitude. The difference is that 
Equation (2.34) contains the slowly varying dc component and its right-hand side has opposite 
sign compared with Equation (2.33). 

To investigate the circuit stability, we will use the method of small perturbations in the 
vicinity of the steady-state mode when 


V=V°+AV (2.35) 
Ves = Von + AVygs (2.36) 


where V° and Ve are the steady-state voltage values, AV and AV,, are small voltage pertur- 
bations. Expanding the drain fundamental current 7; and dc current Jp into a Taylor series and 
limiting to the linear terms only yields 


aly an 
l =I} + — AV + AV 2.37 
1 1 + 3V + OV es gs ( ) 
al, al, 
Io = 1} + OAV AV (2.38) 
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As a result, the following system of two first-order differential equations describing the 
behaviour of the oscillator with self-bias circuit near the steady-state mode can be written: 











d 
(r$ + i) AV —€AV,, = 0 (2.39) 
,d 
—§& AV + (7: T + i) AV, = 0 (2.40) 
where 
al, alo 
gH pa 
~ 1 al ar] a lo 
Ri av R, OV gs 
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Ri, av OVes R; 


The conditions for amplitude stability can be found by solving the corresponding second- 
order characteristic equation and represented in the form of the two following inequalities: 





1 1 
Se 2.41 
1 == 
55s 9 (2.42) 
T'T, 


The border of the stability condition is determined by equating Equation (2.41) to unity, 
resulting in 





l = l (2.43) 
T! = T! ; 
or 
ol 
ae | 
Ts OV gs 
= (2.44) 
T oly 
—kR,-1 
oV 


For a piecewise-linear approximation of the device transfer characteristic, the fundamental 
drain current /; as a function of the input gate voltage amplitude Vin can be determined by 
means of the conduction angle from Equation (1.23) given in Chapter 1 as 


T = 8m Vinny @) (2.45) 

Then, Equation (2.44) can be rewritten using Equations (2.29) and (2.45) in the form 
T; 1+ gmk;(6/7) 
T gmyi(@)K Ri — | 


where K = Vin/V is the magnitude of the voltage feedback coefficient. 
For amplitude stability, itis necessary to create a condition of minimal value of the right-hand 
side of Equation (2.46) when the effect of the parasitic self-modulation is impossible. From 





(2.46) 
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Equation (2.46) it follows that its numerator has minimal value for © = 0°, corresponding to 
the pinch-off region, whereas its denominator has a minimal value for 0 = 180°, corresponding 
to the purely active region. As a result, the sufficient condition for the amplitude stability can 
be obtained from 


Tes: 1 
T g.K Ry -1 





(2.47) 


which usually gives a condition for amplitude stability with sufficient margin. 
In this case, it is interesting to estimate the filtering properties of such a bias circuit. Taking 
into account that T, = R,;C, and T = 2/woô, Equation (2.47) can be rewritten as 


1 ô 
ak 2 (gmK RL- 1) (2.48) 
which means that, for regeneration factor g,K R = 5 and dissipation factor ô = 0.01, the 
capacitive reactance 1/wpoC;, is 50 times less than the bias resistance Rs. 
Let us illustrate the amplitude stability situation graphically based on two diagrams, the 
dependence Vin(Vgs) as a function of y;(@) and the dependence V,,(Vjin) as a function of yo(0). 
In a steady-state mode, from Equation (2.45) it follows that 








yı (0) = (2.49) 


§ mK RL 
which defines the relationship between the conduction angle 20 and regeneration factor 
8m K Ru. Equation (2.28) can be rewritten as 


Ves — Vp 


Vin = — 
cos 0 


(2.50) 
which demonstrates the linear dependence of the input amplitude Vin on gate-source bias 
voltage Vgs for constant conduction angle 26. 

Figure 2.22a shows a family of amplitude curves corresponding to Equation (2.50) for 
different values of regeneration factor, beginning from the pinch-off voltage V, and having 
the slope coefficient —1/ cos 0. The limit points correspond to gmK Ry, = 1 when 6 = 180° 
and gmK R — oo when 0 = 0°, whereas the vertical line is realized when g,K R = 2 for 
0 = 90°. Such a linear behaviour of these curves is valid for the active operation region (below 






100°120° ,., 










a). b). 


Figure 2.22 Input amplitude Vj, versus bias voltage V,, 
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Figure 2.23 Amplitude stability for different biasing 


the dotted line) when the output fundamental voltage amplitude V is less than supply voltage 
Vaq. In the saturation region (above the dotted line), the input voltage amplitude Vj, is almost 
independent of Vs, and its behaviour can be approximated by the horizontal curves. 

Substituting Equation (2.27) into Equation (2.30) enables us to express the dc bias voltage 
Vs as a function of the input amplitude Vin by 


Vos = Vg + 2mVo (0) Rs Vin (2.51) 


To determine analytical relationship V¿s(Vin), it is necessary to exclude the parameter 0 
from Equations (2.28) and (2.51). Since both equations contain the transcendental functions of 
the parameter 0, it is best to use graphical plots. For each value 0, there is a linear relationship 
between Vgs and Vin, which can be plotted in the form of a family of linear curves, beginning 
from the point V; for Equation (2.51) and from the point V, for Equation (2.28). The intercept 
points corresponding to the same @ will give the required points of the bias curve Vgs(Vin). 
Figure 2.22b shows the bias curve which intersects the amplitude curve plotted for gn K RL = 4 
at the point A corresponding to the values of the bias voltage V,s and oscillation amplitude 
Vin, which are established in a steady-state oscillation mode. 

Based on the behaviour of the amplitude curves, we can make some predictions regarding 
oscillator stability conditions. For example, for a simple case of external biasing only when 
R, = 0 and Vgs = Vg, the positive slope of amplitude curve shown in Figure 2.23a when the 
regeneration factor is less than 2 and 0 > 90° implies the stable condition for initial point 
Vin = 0 when V, < Vp and its unstable condition when V, > V, resulting in soft oscillation 
build-up. In this case, the oscillation amplitude Vj, increases smoothly with the increase of 
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the bias voltage V, and decreases with its decrease. However, the negative slope of the ampli- 
tude curve when the regeneration factor is greater than 2 and 6 < 90° results in a hysteresis 
region characterized by unstable oscillation conditions shown in Figure 2.23b. In this case, the 
hard start-up self-oscillation conditions with certain amplitude Vin can be realized only when 
Vg > Vp. 

Similar unstable behaviour corresponding to hard start-up conditions is observed for the 
oscillator using self-bias circuit when T, >> T. In this situation, the transient response of the 
bias circuit is much slower than that of the resonant circuit and the self-bias conditions cannot 
affect the stability conditions. Consequently, if the steady-state mode was unstable under 
external biasing only, it will remain unstable under self-bias conditions as well, accompanied 
by the self-pulse modulation or self-modulation phenomena. The oscillation process in this 
case can be developed as shown in Figure 2.23c. When the voltage supply is turned on, the 
amplitude Vin begins growing from point 1 to point 2, corresponding to the saturation region 
for the same bias voltage V,,. Then, the bias voltage changes very slowly from point 2 to 
point 3 with almost constant amplitude Vin. Further amplitude reduction results in the collapse 
of the oscillation corresponding to point 4, and bias voltage V,, begins to increase. When 
it reaches point 5, the oscillations with amplitude corresponding to point 6 are established 
once again due to the forward-biased transistor. Such a repeatable cyclic process results in a 
self-modulation operation mode of the oscillator. For lower values of T; with faster charging 
and discharging processes of the shunt capacitor Cs, the time variations of the oscillation 
amplitude Vin and bias voltage V,, become comparable and cyclic process changes its form 
from self-pulse modulation to self-modulated continuous oscillations, as shown in Figure 2.23c 
by the elliptical curve. Further reduction in T, when T, < T leads to disappearance of the self- 
modulation effect. In this case, the bias voltage Vgs follows instantaneously the variations of the 
oscillation amplitude Vj, according to Equation (2.50). The steady-state mode which is defined 
by the intercept point of the bias and amplitude curves is stable, even if this point is located 
at the amplitude curve with negative slope. This is because any deviations of the oscillation 
amplitude are followed by the appropriate fast variations of the bias voltage restoring the 
steady-state conditions at the intercept point. 


2.5 OSCILLATOR ANALYSIS USING MATRIX TECHNIQUES 


The determination of the start-up and steady-state oscillation conditions is very often based 
upon a loop or nodal analysis of the circuit. However, the oscillator analysis using matrix 
techniques brings out the similarities between several types of the oscillators and results in one 
group of equations, which can be used to analyse different oscillator configurations [13]. In this 
case, a two-port network can represent both the active device and feedback element. Depending 
on the oscillator configuration with parallel or series feedback, use of Y - or Z-parameters can 
be respectively applied. 


2.5.1 Parallel feedback oscillator 


A generalized equivalent circuit of the parallel feedback oscillator is shown in Figure 2.24a, 
where Y,, Y) and Y; are the feedback elements. To calculate the steady-state stationary operation 
mode, it is convenient to add the matrix of the parallel feedback element Y, and the matrix of 
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Figure 2.24 Equivalent circuit of the parallel feedback oscillator 


the active device Y -parameters according to 


Yit a] 


2.52 
Yo-Yo Yan +Y¥2 One) 


[Y] + [Ya] = | 

In this case, a system of two equations for the two-port network input current Iin, output 
current lout, input voltage Vin and output voltage Vout can be written as 

In = Y2 F Y2) Vin + (Y12 T Y2) Vout (2.53) 

Iou = (Y21 — Y2) Vin + (Y2 + Y2) Vout (2.54) 


Since, for the oscillator shown in Figure 2.24a, the boundary conditions are obtained in the 
form 


Iin = —Y1 Vin (2.55) 
Iou = —Y3 Vout (2.56) 


the following matrix equation can be written as 





Yu +tYı+% Yn-v Vin 
=0 2.57 
| Ya -Y2 eoa] oe 
Thus, the steady-state stationary condition can be expressed by 
Mase ys. Yn- 
=0 2.58 
| Yo — Yo Yoo + Yo + Y3 veo) 
After some simplification, Equation (2.58) can be rewritten as 
Yio — Y2) Ya Y 
(pi ae ae L, (2.59) 





Yu +Y +Y 
As a result, the steady-state oscillation condition for the parallel feedback oscillator repre- 
sented as a one-port negative conductance oscillator can be written as 
You + YL =0 (2.60) 
where Y3 = Y, and 


(Y12 Yo) — Y3) 
Yout = Yoo + Y 2.61 
t 22 + Y2 Yn +Y, +Y, (2.61) 
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Figure 2.25 Electrical circuits of parallel feedback oscillators 


Consequently, the separate equations for real and imaginary parts of the admittances of a 
negative conductance oscillator, which are similar to Equations (2.3) and (2.4) for magnitude 
and phase of the loop gain of a parallel feedback oscillator corresponding to the steady-state 
oscillation process, can be obtained as 


ReYour + ReY, = 0 (2.62) 
ImYour + ImY, = 0 (2.63) 


Similarly, the start-up conditions for the parallel feedback oscillator given by Equations (2.8) 
and (2.9) can be rewritten as 


ReYour + ReY, < 0 (2.64) 
ImYou + ImY, = 0 (2.65) 


To obtain the analytical relationships between the active device and resonant circuit param- 
eters, let us consider the simplified intrinsic MOSFET high-frequency small-signal equivalent 
circuit shown in Figure 2.24b. The Y -parameters of the equivalent circuit are 


Yu = Jo(C gs + Coa) Yiz = —j@C ga 
(2.66) 
Yo, = 82m — JOC ga Yn = jo(Cas + Cea) 


An assumption of the lossless feedback elements allows us to provide a simple quali- 
tative evaluation of the oscillator start-up conditions. For a Colpitts oscillator, the basic of 
which circuit schematic is shown in Figure 2.25a, the feedback and load admittances are 
Yı = Joli, Y2 = 1/joLo, and Y, = 1/RL+ JoC3. 

Then, by substituting all admittances in Equation (2.64), the small-signal device transcon- 
ductance gm required to excite the self-oscillations will be determined by 


1 Cys + Ci 


gy Ges Gr 2.67 
Ry Cas + C3 Cen 


Em 
The self-oscillation frequency that depends on both transistor equivalent circuit parameters 
and feedback elements can be defined from 


gis 1 Cys + Cas + C1 + C3 
Lz (Ces + Cga + C1)(Cas + C3) F (Ces + C1)Cga 





(2.68) 
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If the value of the MOSFET intrinsic feedback capacitance C gq is negligible, the expression 
for the oscillation is simplified to 


1 1 1 
= + 2.69 
i fe (ata ir) ree 


From Equation (2.67) it follows that, at lower frequencies compared with the device tran- 
sition frequency fr when the effect of the elements of the device equivalent circuit is not 
significant, in order to provide the soft build-up of the oscillation, it is necessary to choose the 
feedback elements, load resistance and dc bias point when 


1 Ci 
Ry C3 
Because it was assumed that the value of the feedback susceptance B3 = ImY3 is positive, 


consequently, to satisfy the start-up and steady-state oscillation conditions, it is necessary to 
use the capacitance C3. By rewriting Equation (2.69) in the form 


B = of Ces + C1 C ) (2.71) 
oo LCa tC A i 








Em > (2.70) 





it is easy to show that when 


1 
Lı < — 2.72 
T Cut) a 
the value of B3 becomes negative. This means that such an oscillator feedback element must 
be inductive with the value of L3 = —1/qwB3. The circuit configuration for this oscillator is 
shown in Figure 2.25b. 


2.5.2 Series feedback oscillator 


A generalized equivalent circuit of the series feedback oscillator is shown in Figure 2.26a, 
where Z1, Z2 and Z3 are the feedback elements. To calculate the steady-state operation mode, 
it is convenient to add the matrix of the series feedback element Z2 and the matrix of the active 
device Z-parameters according to 


(2.73) 


Zi+Z2 Znņn+% 
Z Z| = 
[Z] + [22] Bes ne 


In this case, a system of two equations for the two-port network input current Iin, output 
current lout, input voltage Vin and output voltage Vout can be written as 


Vin = (Zi2 + Z2) Lin + (Zi2 + Z2) Iom (2.74) 
Vout = (Z21 + Z2) Tin + (Z22 + Z2) out (2.75) 


Since, for the oscillator shown in Figure 2.26a, the boundary conditions are obtained in the 
form 


Vin = —Zi lin (2.76) 
Vout = —Z3 lout (2.77) 
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Figure 2.26 Equivalent circuits of the series feedback oscillator 


the following matrix equation can be written as 


Za + Z2 Zn + Z2 + Z3 


Tout 


ees Z+ Z2 Ie 


Thus, the steady-state oscillation condition can be expressed by 


e Z+ Z2 =0 


Za + Zo Zn + Z2 + Z3 





After some simplifications, Equation (2.79) can be rewritten as 





(Zi + Z2) (Z2 + Z2) -o0 


Z2 +Z:+Z 
= ? A Zi+Z,+Z2 


sented as a one-port negative resistance oscillator can be written as 


Zou + ZL = 0 


where Z3 = Z, and 


(Zi + Z2) (Z2 + Z2) 
Zu +Zıi+ Z 





Zot = Z2 + Z2 


(2.78) 


(2.79) 


(2.80) 


As a result, the steady-state oscillation condition for the series feedback oscillator repre- 


(2.81) 


Consequently, the separate equations for real and imaginary parts of the negative resistance 


oscillator, which are similar to Equations (2.62) and (2.63) for the parallel feedback oscillator 
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corresponding to the steady-state oscillation process, can be obtained as 
ReZou + ReZy = 0 (2.82) 
ImZou + IMZ, = 0 (2.83) 
Similarly, the start-up conditions for the series feedback oscillator can be rewritten as 
ReZou + ReZ < 0 (2.84) 
ImZour + IMZ, = 0 (2.85) 


Let us obtain the analytical relationships between the active device and resonant circuit 
parameters of the oscillator based on the MOSFET device, the admittance Y -parameters of 
the equivalent circuit of which are given by Equation (2.66). The ratios between Y -parameters 
and Z-parameters can be expressed in the form 


Yo. 12 Yo Yui 
i= ny 42 Ay 22! AY ~22= ay (2.86) 
Then, the steady-state condition for the series feedback oscillator can be written as 
1+ Z (Vi + Yi + You + Yor) + Zı (Yi + Z2 AY 
2 Yi + Yi + Yani + Y2) + Zi Yii + Z2AY) Pas (2.87) 





Yo. + (Zi + Z2) AY 


where AY = 1/AZ and AY = Y1,Y22— Y12Y21. For a simple oscillator circuit configuration 
with external gate inductance shown in Figure 2.26b, the feedback elements including load are 
defined by Z; = j@L 1, Z2 = 1/j@C2 and Z3 = RL. 

Usually, in a wide frequency range up to 0.3 fr, it is possible to neglect the intrinsic 
gate—drain capacitance Cq without the substantial loss of accuracy. Then, the small-signal 
transconductance gm corresponding to the soft start-up condition and the frequency of the 
self-oscillations can be evaluated, respectively, as 











(Cas) 
m > Ces Re -——— 2.88 
Em > Cg Cn ( ) 
: ( : + : ) (2.89) 
w = 7 
Ly Cys Cas + C2 


From Equation (2.88) it follows that the oscillation build-up can be easily provided by 
choosing the MOSFET device with the smaller drain—source capacitance Cas and using a 
sufficiently large value of the feedback capacitance C2. 


2.6 DUAL TRANSISTOR OSCILLATORS 


As an alternative to the basic oscillator configurations using a single active device element, 
there is an approach where an active element can be composed by the two active devices 
connected in cascade. For example, the Franklin oscillator uses two transistor stages having 
the same common terminal (emitter for bipolar device or source for FET device) when the 
greater power gain and better isolation from the resonant circuit is possible compared with 
the case of a single-stage configuration [14]. Figure 2.27 shows the oscillator configurations 
with (a) parallel and (b) series resonant circuits. In the case of a parallel resonant circuit 
configuration, the resonant LC circuit is isolated from the input of the first stage and the output 
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Figure 2.27 Schematics of bipolar Franklin oscillator 


of the second stage by means of small shunt capacitances Cı and C2 having high reactances at 
the resonant frequency. In the case of a series resonant circuit configuration, using two large 
shunt capacitances Cı and C, (having small reactances at the resonant frequency) provides the 
isolation of the resonant LC circuit from the active device path. 

Figure 2.28a shows the practical schematic of a Franklin oscillator with series resonant 
circuit based on the bipolar devices 2N2369A [14]. In this case, the series resonant cir- 
cuit is isolated by means of the shunt large capacitance Cı = 3.9 nF and small inductance 
La = 0.2 uH at the input and output of the amplifying circuit, respectively. As a general rule, 
these reactances should not exceed 20 Q or 3% of the resonant circuit reactances. Small 
reactance values will enhance stability of the oscillations; however, too small values will pre- 
vent the oscillation build-up. By proper choice of emitter resistances, the Franklin oscillator 
can be made to exhibit a U-shaped frequency variation versus supply voltage, as shown in 
Figure 2.28b. Being adjusted for optimum supply voltage with zero slope of the curve where 
frequency is nearly independent of the supply voltage, the frequency stability with respect to 
the supply voltage variations can be maximized and become even comparable to many crystal 
oscillators. 

The oscillator circuit can also be realized using a two-stage power amplifier, in which the 
first stage is assembled in a common drain configuration and the second stage is assembled in a 
common gate configuration, as shown in Figure 2.29a [15]. The first transistor composing the 
source follower circuit has high input impedance, minimizing its effect on the parallel resonant 
LC-circuit. At the same time, due to high current amplification, the output impedance of the first 
stage is low. Therefore, the second amplifying stage is based on the transistor in a common 
gate configuration, which provides low input impedance and high output impedance. As a 
result, the influence of the transistor impedances on the resonant circuit is minimal, resulting 
in a higher value of its loaded quality factor. By properly connecting the input of the first stage 
(port 1) with the output of the second stage (port 2), the loop is closed, and the circuit operates 
as an oscillator with the oscillation frequency determined mainly by the shunt capacitance C 
and parallel inductance L. Such a source-coupled oscillator is similar to the differential-pair 
oscillator shown in Figure 2.17b. 

Figure 2.29b shows the circuit schematic of the source-coupled differential oscillator. By 
using two junction field-effect transistors (JFET) as active devices, such an oscillator is best 
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Figure 2.28 Franklin oscillator with series resonant circuit [14] 


suited to operate in a frequency range from 100 MHz to 3 GHz [15]. The source resistor R, 
results in a galvanic coupling of both transistors, and the gate of the second device gets its 
negative voltage biasing due to the voltage drop across R,. Because of the high amplification 
factor, a very small amount of the output current is required to the input through the feedback 
capacitance Cf to provide an oscillation build-up. Since the output impedance of the first 
transistor in a common source configuration is relatively low, the standard 50-Q load can be 
directly connected in parallel to the source resistor R, through the dc blocking capacitance. 
Another version of a dual JFET oscillator, the circuit schematic of which is shown in 
Figure 2.30, is also suitable for use at operating frequencies up to 3 GHz, having sufficient 
gain and providing good noise performance [16]. In the oscillator circuit, the gate of the 
first active device is connected through the blocking capacitance to a tank LC circuit. Series 
capacitances Cı and C2, representing a voltage divider, provide a partial connection of the 
second active device to the resonant tank circuit. The second JFET is connected in a common 
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Figure 2.30 Circuit schematic of the dual JFET oscillator [16] 


drain configuration and serves as a source follower to increase the loop gain of the circuit. Its 
gate terminal is coupled to the source terminal of the first JFET by capacitor C3 and parallel 
connection of a resistor R3 and a capacitor C4. The two Schottky diodes are necessary to 
provide the limiting mechanism for positive peak signals, preventing forward conduction of 
the gate-source junctions of both JFETs and resulting in an improvement of the oscillator noise 
performance. 

The cascode configuration of the oscillator gives a tremendous possibility in providing very 
stable high-frequency oscillations using its convenient injection locking opportunity by locking 
it to amore stable lower-frequency source. Moreover, a cascode connection of the active devices 
is very useful when it is necessary to provide the functions of both local oscillator and mixer 
simultaneously when one device operates as a stable oscillator and the input signal is applied 
to the second device. Figure 2.31a shows the bipolar cascode oscillator schematic (without 
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Figure 2.31 Microstrip cascode oscillator circuit schematics (© 1994 IEEE) 


biasing circuits and blocking capacitors), in which the resonator is connected to the base of 
the top transistor in the common base configuration whereas the base of the second device is 
loaded by 50-Q resistor [17]. For such a cascode circuit, the oscillator locking can be easily 
realized by connection of a lower frequency stable source to the base of the second device. To 
provide a negative resistance condition, the series capacitor is connected between the emitter of 
the transistor in the common emitter configuration and the ground. The resonator representing 
a parallel connection of the microstrip line and capacitor is coupled to the base circuit so that 
the value of the loaded quality factor is very close to its unloaded value, thus resulting in the 
best possible phase noise performance for such a resonator. By using the MRF559 bipolar 
transistors, the output power of 20.3 dBm with phase noise of —86.3 dBc/Hz at 10 kHz offset 
was achieved at an oscillation frequency of 847.6 MHz. 

For millimetre-wave oscillators, it is not so easy to provide a negative resistance at their 
output terminal due to limited power gain of the transistor at these frequencies. Therefore, 
a cascode oscillator schematic is a promising alternative to the single-device oscillators with 
optimized feedback to increase a negative resistance at the desired frequency by increasing 
the gain, by using a dual transistor configuration. Figure 2.31b shows the oscillator circuit 
schematic with two cascode-connected HEMT devices, the first one in a common source con- 
figuration followed by the second common gate device [18]. The cascode-connected HEMT 
devices provide about 8 dB more power gain than individual HEMT device at 100 GHz when 
they are operating as a power amplifier. As a result, oscillators built with them show twice 
as much negative resistance. The single HEMT device had two 45-um-wide gate fingers, 
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providing the small-signal transconductance of 0.8 S/mm. The common source configuration 
of the first device is implemented with a series capacitive source feedback realized by a nar- 
row microstrip line with electrical length greater than a quarter-wavelength. The two HEMT 
devices are dc decoupled to provide independent bias control for each transistor. Three bias 
circuits are necessary to connect to both drain terminals and one source terminal consisting 
of a quarter-wave high-impedance microstrip line and radial stub each. To suppress undesired 
oscillations at lower frequencies and, in particular, the parametric oscillations at half the oscil- 
lation frequency, a 50-Q resistor is used in parallel to a bypass capacitor. An output microstrip 
impedance transformer provides the optimum load at the drain terminal for maximum oscilla- 
tion power of 2 dBm achieved at the oscillation frequency of 102.5 GHz at a drain bias voltage 
of 0.9 V. 


2.7 TRANSMISSION-LINE OSCILLATOR 


Different sets of two-port network parameters can be used for oscillator design, including 
impedance Z-parameters, admittance Y -parameters or scattering S-parameters. The choice of 
any type of these parameters depends on the operating frequency, required design accuracy and 
implementation technique, availability of the small- or large-signal active device parameters 
or the possibility of using proper measurement and simulation tools. For example, in terms of 
one-port negative resistance approach, the conditions for self-oscillations expressed through 
the small-signal $-parameters can be written as 


1+ AP = Sul? = 1822? 





K= <1 (2.92) 
2 [S1221] 

Tinl's = 1 (2.93) 

Cope (2.94) 


where K is the stability factor, A = $1;S22 — S12S21, Tin and Ts are the input and source 
reflection coefficients, Fout and I, are the output and load reflection coefficients [19]. The 
stability factor should be less than unity for any possibility of self-oscillations. The passive 
terminations I's and I’, must be added to resonate input and output ports at the oscillation 
frequency. It should be noted that the conditions described by Equations (2.93) and (2.94) are 
interrelated, and if one condition is satisfied, then the other condition should be satisfied as 
well. The large-signal S-parameter of the transistor optimized for maximum output power can 
be measured by varying the input drive level and load impedance or injecting signal into the 
output port [20]. By using the measured S-parameters, the required ratios of terminal voltages 
and currents can be calculated. 

By converting S-parameters to Z-parameters, the active device impedance parameters can 
be obtained as 








Zu Zi] Zo 
Za Zo} (1—Sy) (1 = S22) S282 
(1 + Si1) (1 — S22) + Sy2S21 2812 
2.95 
| 28>) er ere ee 


which allows us to calculate the input or output impedance of the loaded active device in the 
parallel feedback two-port network or negative resistance series feedback one-port network 
oscillator configurations. 
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Figure 2.32 Block diagram of the bipolar negative resistance microstrip oscillator 
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Figure 2.32a shows the equivalent circuit of the negative resistance microwave bipolar 
oscillator with a common collector transistor loaded by a transmission-line open-circuited 
stub. The oscillation conditions will be satisfied if the real part of the input impedance Zin is 
negative, exceeding in magnitude the real part of the resonant circuit impedance Z, and its 
imaginary part is inductive or capacitive. Thus, it is very important issue to choose a proper 
resonant circuit providing the required reactance at the operating frequency and connection to 
the standard load. As an example, let us consider the two coupled open-circuited transmission 
lines representing the resonant circuit, where the active device is connected to one resonator 
whereas the load is connected to the opposite side of another resonator [21]. 

The impedance Z-matrix of a system of two identical lossless transmission lines in an 
inhomogeneous dielectric medium shown in Figure 2.32b can be written as 


where 


Vi Zu Zņv ë Z Zy l 
V| | Za Zn ē Zj Za h 
V3 | | Z3 Z322 Z3  Z3ų I; 
V4 Za Zaz 243 Za l4 





Zi = Zn = 233 = Zų = = (Zoe COt Oe + Zoo COt A) 





J 
Zn = Za, = 234 = Z% = a (Zoe cot A, — Zoo COt Ay) 





Zi = 231 = Zy = Ly = = (Zoe CSC He — Zoo CSC A) 





Zi = Za, = 233 = Z32 = 5 (Zoe CSC He + Zoo CSC A) 


(2.96) 
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where Zoe is the even mode characteristic impedance, Zoo is the odd mode characteristic 
impedance, 0s is the even mode electrical length, and 6, is the odd mode electrical length of 
the transmission lines, respectively [22]. In a homogeneous dielectric medium, the electrical 
lengths for even and odd modes are equal, that is 0 = 6. = 0o. 

For a system of two coupled lines with open-circuited ports 2 and 4 with boundary conditions 
of I, = I4 = 0, the remaining two-port network can be described by the following matrix 


equation: 
Vı Zu ZI Ni 
= 2.97 
ee EB Alba PAD 


E a ee | 


where 


Z3, Z33 2 | Zoe csc Oe — Zoo cscOo Loe COtG. + Zoo cot Ay 
Taking into account that V3 = — Ri Z3, the input impedance of a loaded two-port network 
can be written as 
213231 
Z, = Zi, — =——— 2.98 
T 11 Za ms Ri ( ) 


For a particular case of coupled quarter-wave transmission lines in a homogeneous medium 
when 0 = 90°, such a system can provide an impedance transformation from the standard load 
Ry = 50 Q to a purely resistive impedance obtained by 


= (Zoe = Zoo)” 
E 200 


In a common case, to define the characteristic impedances Zoe and Zoo and the appropriate 
effective dielectric constants under even and odd excitation modes, it is necessary to calculate 
the total capacitances of the coupled transmission lines for a given geometric structure [23]. 
However, the characteristic impedances Zoe and Zoo can be expressed through the characteristic 
impedance Zo of a single transmission line and midband (quarter-wavelength) voltage coupling 
coefficient C by [24] 


Z (2.99) 


Tin Pe 
ZSZ OSEE (2.100) 
Zoe + Zoo 


As a result, the even mode characteristic impedance Zoe and odd mode characteristic 
impedance Zoo can be obtained as 


1+C 
Zoe = Zo,/ ——— 2.101 
0 Wie ( ) 
1-C 
Zoo = Zo,/ ———= 2.102 
0 Y TFC ( ) 


The frequency dependencies of the real and imaginary parts of the resonant circuit 
impedance Z, for different coupling coefficients C are shown in Figure 2.33. As is seen 
from Figure 2.33a, the real part of Z, depends insignificantly on the coupling coefficient C, 
especially at its lower values. The imaginary part of Z, behaves almost as a linear function of 
frequency, starting from high capacitive reactances and having increasing inductive reactance 
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Figure 2.33 Frequency dependencies of resonant circuit impedance Z, 


for electrical length of the transmission lines more than a quarter-wavelength with very small 
variations over different values of the coupling coefficient C. 

Figure 2.34a shows the equivalent Gummel—Poon SPICE model of the bipolar transistor, 
which can be used to simulate both its dc and high-frequency behaviour close to the transition 
frequency fr = 8m/2mC, [25]. At sufficiently low frequencies, such an equivalent represen- 
tation of the bipolar transistor can be simplified to the circuit shown in Figure 2.34b, where Ce 
is the collector capacitance and ry is the base resistance. To represent the analytical results in 
an explicit form, it is advisable to ignore the effect of a base-width modulation (Early effect), 
so that the value of the resistance Fee can be assumed as infinite. In addition, it is convenient 
to consider the base resistance rp as an element of the external circuit. Then, the transistor 
common emitter Y -parameters can be obtained as 


w 

— m Ce =: Ce 
Yı Yņ 2s i, 8 + @rCe) Jo (2.103) 
Ya Ya 


8m — JaCe JoCe 
where gm is the device transconductance and wr = 27 fr. 


By using the ratios between common emitter and common collector Y-parameters from 
Table 2.1, the input impedance Z;, seen from the base terminal of the loaded common collector 
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Figure 2.34 Simplified bipolar transistor equivalent circuits 
transistor, being expressed through the common emitter Y -parameters, can be obtained as 
~a 14+ (Yii + Yi2 + Yo + Y2) Z (2.104) 


Yı + AYZ, 


where Zı is the input impedance of the open-circuited transmission line, as shown in 
Figure 2.32a. 
Generally, the input impedance of the transmission line Z; as a function of a transmission- 
line electrical length 6, with arbitrary load impedance Zp can be obtained as 
Zr + jZo tan 
Die y e aa (2.105) 
Zo + jZp tan 0 
where Zo is the characteristic impedance of the transmission line. 
When Zp = œ, 


Zi =-—jZo cot À (2.106) 


which corresponds to the capacitive input reactance for 6, < 90° and inductive input reactance 
for & > 90°. 
Substituting the load and device equivalent circuit parameters into Equation (2.104) yields 
1b l+av—ja 


Zin = y 2.107 
8m Vat j(b+av 4+ 1) ( ) 





where a = 2mZo cot 6i, b = gm/(@rC,), and ¥ = w/ar. 

The frequency dependencies of the normalized real and imaginary parts of the input 
impedance Z;, for different values of parameter a and fixed value b = 20 are shown in Fig- 
ure 2.35, where Rin = ReZin and Xin = IMZjn. From Figure 2.35a it follows that, for a certain 
value of parameter b, the maximum negative resistance is realized at the optimum value of 
parameter a (near a = 10 for b = 20). For the known values of the device transconductance 
2m and characteristic impedance of the open-circuited stub Zo, its optimum electrical length 
6, can be calculated from 





aZ 
6, = tan! (£ °) (2.108) 


a 
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Figure 2.35 Frequency dependencies of normalized input impedance Zin 


Figure 2.35b shows that, for any value of parameter a, the input reactance ImZ;in is capacitive, 
becoming greater for the greater values of a. This means that the electrical length of the 
resonator should be more than a quarter-wavelength, as shown in Figure 2.33b, providing 
the inductive reactance to fulfil the phase balance oscillator condition. The choice of the 
proper coupling coefficient C between two coupled transmission lines depends on the output 
power requirement and substrate parameters. It should be noted that the bipolar transistors are 
potentially stable at low frequency, and an increase in the negative resistance when 0 — 0 
can be explained by simplifying the device equivalent circuit. In practice, at low frequencies, 
it is necessary to take into account the dynamic base-emitter resistance 7, and Early collector- 
emitter resistance rce, the presence of which substantially increases the value of the device 
stability factor. At high frequencies close to fr, the effect of the parasitic series inductances 
can lead to the inductive input reactance and disappearance of the negative resistance as well. 
However, in general, the bipolar oscillator circuit configuration with common collector can 
provide negative resistance conditions over a very wide frequency range. 


2.8 PUSH-PUSH OSCILLATOR 


Using a common collector configuration of the transistors and a series resonant circuit located 
between the devices in the push-pull oscillators simplifies the load connection and allows 
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Figure 2.36 Simplified circuit schematics of bipolar push—pull oscillator 


operation at twice the operating frequency. Figure 2.36a shows the general simplified equivalent 
circuit of the balanced oscillator having two load resistors connected in parallel to the series 
resonant circuit inductor and into its centre point, respectively. The series inductor located 
between the two active devices is common to both oscillators. 

For a simplified circuit analysis, let us represent the oscillator schematic in the form of 
a general negative conductance oscillator with two active devices connected to a common 
two-port network, as shown in Figure 2.36b. The two-port network is characterized by the 
admittance Y -parameters and terminal voltages represented by voltage phasors given as 


Vi = Vi exp(/o1) V2 = V2 exp(j¢2) (2.109) 


where V1, V2, 1, and ¢2 are the magnitudes and phases of two voltage phasors, respectively. 
The relationships between the circuit currents and voltages in a steady-state operation mode 
through the admittance parameters in a matrix form can be written as 


Yin Vi Yu Yo }| Vi 
= 2.110 
eee Yor Yoo || V2 ( ) 
where Yinj and Yim represent the input admittances of the negative conductance devices. 
Since the oscillator consists of two identical nonlinear active halves when V; = V2 = V 


and Vini = Ving = Vin and symmetrical passive linear two-port network when Y; = Y22 and 
Yi2 = Y21, the matrix of Equation (2.110) can be rewritten in the form of two equations as 


—Yin = Yr + Yi2 exp(jd) (2.111) 
—Yin = Yin exp(— j) + Yu (2.112) 


where ¢ = 2 — ¢ġı is the phase difference between voltage phasors. 
Simplified analysis of the steady-state operation modes shows that, in such a balanced 
oscillator, there may exist two modes with equal amplitudes [26, 27]: 
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© odd mode with 
b = (2k + lx where k = 0,1, 2,... 
e even mode with 
o = 2ka where k = 0,1, 2,... 


The frequency and amplitude of each of the two oscillation modes can be determined by 
solving the following equation: 





YinV .@) + Yil) = Yi2(@) = 0 (2.113) 


In a time domain, assuming symmetrical current waveforms flowing into the base of both 
transistors, their Fourier series expansions in a common case can be written as 


i = i” cos wt + I? cos 2wt + Ee cos 3@t +... + 1?) cos nat (2.114) 
n= 1® cos(wt + ġ) + i cos 2(wt + @) + 1? cos 3(wt + @)...+ 12) cos n(wt + d) 
(2.115) 


where n is the harmonic number. 

Consequently, in the odd mode, the currents are flowing in opposite directions, providing a 
push-pull operation of both transistors having out-of-phase base-emitter voltages. In this case, 
the circuit becomes antisymmetric and, at its centre point, a virtual ground will be formed at 
the fundamental frequency fo with zero fundamental voltage at this point. The output current 
flowing into the load 2RO is a result of the out-of-phase summation of currents given by 
Equations (2.114) and (2.115) as 


i©® = 2]; cos wt + 2]; cos 3wt +... + 21441 cos(2k + lat (2.116) 


which contains only odd current components, and there are no odd components flowing into 
the load RE ). At the same time, the output current flowing into the load RE is a result of the 
in-phase summation of currents as 


i© = 21, cos 2wt + 214 cos 4at +... + 21, cos 2kat (2.117) 


which contains only even current components. 

In the even mode, the currents are flowing in the same direction, providing a push—push 
operation of both transistors having in-phase base-emitter voltages. In this case, the circuit 
becomes symmetric with load resistor RE ? at the centre of symmetry. For such an operation, 
the odd current components obtained by Equation (2.116) will flow to this load, whereas the 
even components obtained by Equation (2.117) will be dissipated at the load oR” : 

The equivalent circuits of the oscillator under odd and even operation modes are shown in 
Figure 2.37. For oscillations to occur in the odd mode, the negative conductance generated by 
the oscillator, the schematic of which is shown in Figure 2.37a, should exceed the resistive 
losses in the resonant circuit, that is 


ReYin + Rey © < 0 (2.118) 


For oscillations to occur in the even mode, the negative resistance generated by the oscillator, 
shown in Figure 2.37b, should exceed the resistive losses in such a resonant circuit according 
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Figure 2.37 Equivalent oscillator circuits with (a) odd and (b) even modes 





to 
ReZin +ReZ® < 0 (2.119) 


Generally, both odd and even operation modes can exist in the oscillator simultaneously, 
depending on the values of the load resistances RO and RE ), Under a start-up condition given 


by Equation (2.118), the even mode will be stable for the case of RO = œ corresponding 
to the situation of the summation of the output powers of individual oscillators with resistive 
coupling [26, 28]. A simplified criterion for the odd mode stable operation for the oscillator 
circuit shown in Figure 2.36a can be obtained as 


aR 


2 
wL 
1+ (e) 
2R 


when the odd components will flow into the load 2RO, while the even components can be 


RO < (2.120) 


singled out at the load RE To improve stability of the odd operation mode, it is best to inhibit 
the oscillation condition given by Equation (2.119). 

Such a balanced oscillator configuration with a series resonant circuit creates a simple 
opportunity to double the oscillation frequency when each half-circuit oscillates at the resonant 
frequency fo, while the output signal at the load oscillates at the frequency 2 fo. In this case, it is 
necessary to provide stable operation in the odd mode and to inhibit the oscillations in the even 
mode by removing the load resistor RO. This results in the oscillator circuit configurations 
shown in Figure 2.38, where the variable capacitors Cy can be used for frequency tuning. For 
a lossless tank inductor L, the start-up amplitude oscillation conditions can be rewritten as 


ReZin < 0 (2.121) 
ReZin + 2R, > 0 (2.122) 


when the even harmonic components dissipate at the load Ri. A significant margin in negative 
resistance can be achieved compared with an equivalent single-ended oscillator, even at very 
high frequencies [29]. The outputs for the out-of-phase odd components can be connected 
to the device emitters. Because, for the even output current components, the transistors are 
operated in phase, it is called a push—push operation mode. Push—push operation is the in- 
verse of push—pull operation, in that the load is either conductively or capacitively coupled to 
the centre point of the inductance or transmission line located between the bases (or gates) of 
the active devices [30, 31]. In this case, the currents flow into the load in the same direction 
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Figure 2.38 Simplified circuit schematics of bipolar push-push oscillator 


during both half periods or 180° phases of the active device. Since there are two 180° phases 
during each cycle, the circuit acts as a frequency doubler. Such a push—push oscillator is a result 
of its odd operation mode with virtual ground; therefore, ideally this design is independent of 
the output load pulling compared with a fundamental oscillator approach. 

For microwaves, the resonant circuits usually incorporate the transmission lines as inductive 
elements or resonators. Figure 2.39a shows the push—push oscillator using a half-wavelength 
or 4/2 microstrip resonator [32, 33]. For the fundamental frequency fo, this resonator has a 
null point at the centre of microstrip line, being a point of the oscillator symmetry which is 
considered as a virtual ground or short-circuited point. In this case, the resonance voltage has 
maximum values at both ends of the resonator with a phase difference of 180°, and the resonance 
voltage is zero at the centre of the resonator. For the desired second harmonic frequency 2 fo, 
such a point could be regarded as an open-circuited point. The null point is an ideal output 
port to combine the second harmonic signals from both active devices effectively. To achieve 
maximum second harmonic output signal and provide significant harmonic suppression, the 
series capacitors of 0.5 pF were chosen. The operating bias points with zero gate voltages and 
drain voltages of 4 V provide nonlinear operation of the used HEMT devices generating a high- 
power second harmonic signal. The impedance of half-wavelength microstrip open-circuited 
resonator was optimized to make the impedance of the output port close to 50 Q. By using a 
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Figure 2.39 Push-push and balanced microstrip oscillator configurations 


Fujitsu FHX35LG device, a maximum power of 8.4 dBm at the second harmonic frequency 
of 21.68 GHz with the fundamental frequency suppression of —26 dBc was achieved. The 
measured phase noise was — 100.5 dBc/Hz at 1 MHz offset from the carrier frequency. 

The inherent physical symmetry of the balanced oscillator circuits makes them very attrac- 
tive in applications where two balanced out-of-phase outputs are required. Due to the excellent 
amplitude and phase balance as well as better noise performance compared with a single-ended 
configuration, they are widely used in balanced mixers, phase lock loops or synthesizers where 
out-of-phase signals from local oscillators are needed. Figure 2.39b shows the circuit schematic 
of such a balanced microstrip oscillator where the two out-of-phase fundamental signals are 
taken from the drain terminals of each transistor [34]. To provide a negative conductance op- 
eration at the oscillation frequency, the common source capacitive feedback is applied to both 
active devices. In this circuit, the transmission line located between the device gates serves as 
a part of the resonant circuit, being shorter than a quarter-wavelength, and its electrical length 
is calculated from 


(2.123) 


where B is the negative conductance susceptance seen from each device input and Zo is the 
characteristic impedance of the transmission line. By using two 4 x 75 um MESFET devices 
with gate length of 0.5 um in a monolithic implementation, the stable oscillations at 19.3 GHz 
with output power of 5 dBm at supply voltage of 5 V were achieved at each output. An exact 
out-of-phase relationship is maintained within injection locking bandwidth of 10 MHz with 
20 dB locking gain. This demonstrates the possibility of using a balanced oscillator as an active 
balun where the input signal is used for injection locking the balanced outputs. The increased 
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Figure 2.40 Bipolar push—push oscillator configurations 


oscillation frequency of 39.7 GHz was achieved at supply voltage of 3 V using two 2 x 60um 
HEMT devices with gate length of 0.25 um. 

The push—push oscillator can be designed to operate at both fundamental and second har- 
monic frequencies simultaneously. Figure 2.40a shows the push—push microwave oscillator 
schematic where the centre point between emitter terminals is an output port to combine the 
second harmonic signals from both active devices, whereas fundamental out-of-phase signals 
are taken from both collectors separately [35]. To make transistors unstable, a lumped series 
resonant circuit at the base of each device has an inductive reactance at the resonant frequency. 
Using a series resonant circuit instead of a single inductance provides a steeper slope of the 
oscillator phase characteristic, improving the quality factor of its resonant circuit. At the same 
time, the two 50-Q outputs are connected to the collectors through the L-type matching circuits 
each. At the emitters, the symmetrically located capacitors of equal values fulfil the oscillator 
phase balance condition providing the virtual ground point for the second harmonic output. 
The monolithic coplanar implementation of the microwave oscillator was realized by using 
InGaP/GaAs HBT devices with fr = 38 GHz, resulting in phase noise levels of —96 dBc/Hz 
and —89 dBc/Hz at 100 kHz offset frequency and output powers of —5 and —25 dBm at the 
fundamental frequency of 19 GHz and second harmonic of 38 GHz, respectively. 

The second harmonic signal from both devices can be collected using an in-phase Wilkinson 
power combiner, as shown in Figure 2.40b [36]. In this case, the out-of-phase fundamental 
signals will flow into the ballast resistor Rp. By proper choice of the characteristic impedances 
of the transmission lines, the required impedance transformation can be made to connect a 
standard 50-Q load. For the designed hybrid 38 GHz push—push oscillator using commercial 
bipolar BFP405 devices with fr = 25 GHz, the output power of —11.5 dBm with phase noise 
of —80 dBc/Hz at 100 kHz offset frequency was achieved. Suppression of the fundamental 
frequency signal was about 11 dB only, which is the result of some circuit asymmetry due 
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to fabrication tolerances of bond wires and transistor chip parameters. If it is necessary to 
combine the second harmonic signal only, the output port can be directly connected to the 
centre point of the microstrip line located between two transistor emitters, with electrical 
length chosen to provide the oscillation conditions [37]. Figure 2.40c shows a simplified cir- 
cuit schematic of the push—push bipolar oscillator where the balun consisting of asymmetric 
coupled lines is used to combine outputs for the fundamental frequency [38]. The combined 
output for the second harmonics can be obtained from the middle point of the circuit consisting 
of two capacitances connected in series between the transistor emitters. High suppression of 
undesired harmonic components can be achieved using double-sided integrated circuit tech- 
nology. The push—push oscillator using the two HEMT FHX35LG devices and incorporating 
a microstrip line on the top of the Teflon dielectric substrate and a slot line on its reverse 
side could provide output power of 4.17 dBm at the oscillation frequency of 21.25 GHz 
with phase noise of —99.68 dBc/Hz at 1 MHz offset frequency and harmonic suppression of 
—30 dBc [39]. 


2.9 TRIPLE-PUSH OSCILLATOR 


The possibility of developing sinewave low-frequency oscillators in three phases employing 
three identical sinewave fundamental oscillators was first described by Kaplan and Bachar 
[40]. At higher frequencies, the operation condition with the oscillation frequency three times 
greater than the fundamental frequency of each basic oscillator can be provided by using a 
parallel connection of the transistors and series transmission lines to the load. Such an oscillator 
is called a triple-push oscillator Figure 2.41a shows the general simplified equivalent circuit 
of a high-frequency triple-push oscillator having three identical common collector transistors 
connected to a common load R, through their resonant circuit series inductances [41]. 
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Figure 2.41 Simplified circuit schematics of the bipolar triple-push oscillator 
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For a simplified circuit analysis, let us represent the oscillator schematic in the form of 
a general negative conductance oscillator with three active devices connected to a common 
three-port network, as shown in Figure 2.41b. The three-port network is characterized by the 
admittance Y -parameters and terminal voltages represented by voltage phasors given by 


Vi = Vi expo) V2=V2exp(jg2) V3 = V3 exp(j¢s) (2.124) 


where Vi, V2, V3, 61, 62 and 3 are the magnitudes and phases of three voltage phasors, 
respectively. 

The relationships between the circuit currents and voltages in a steady-state operation mode 
through the admittance parameters in a matrix form can be written as 


—Yin Vi Yu Yr Ys Vı 
—YinV2 | = | Ya Yo Yu V2 (2.125) 
—YinV3 Yz Yz Y3 V3 


where Yini, Yin2 and Ying represent the input admittances of the negative conductance devices. 

Since the oscillator consists of three identical nonlinear active circuits when V; = V2 = 
V3 = V and Vini = Vin2 = Vins = Vin and a symmetric passive linear two-port network when 
Yii = Yoo = Y3; and Yy2 = Y21 = Yi3 = Y3ı = Y3 = Y%32, the matrix Equation (2.125) can be 
rewritten in the form of three equations as 





—Yin = Yu. + Yin exp( jo) + Yi2 expl j (o + w)] (2.126) 
—Yin = Yn exp(— j) + Yi + Yin exp(jy) (2.127) 
—Yin = Yn expl- j (o + Y)] + Yizexp(—jw) + Yu (2.128) 


where ¢ = ¢2 — ġı and y = 3 — ¢» are the phase difference between voltage phasors. 
Simplified analysis of the steady-state operation modes shows that there may exist three 
modes, one even and two odd, with equal amplitudes [42, 43]: 


e even mode with 
ġ = y =2kr where k = 0, 1,2,... 


© odd modes with 





2 
g=v=(x+$)7 wherek = 0,1, 2,... 


The frequency and amplitude of each oscillation mode can be determined by solving the 
following equations: 


e for even mode 

Yin(V ,@) + Yii(@) + 2¥12(@) = 0 (2.129) 
e for odd modes 

Yin (V ,@) + Yi (Œ) — Yio(@) = 0 (2.130) 


Hence, in the even mode, the in-phase currents are flowing in the same direction, providing 
a push—push operation of all three transistors. In this case, the circuit becomes symmetric 
with load resistor R; at the centre of symmetry. In the odd mode, each current must have 
120° phase shift relative to one another. In this case, a virtual ground will be formed at the 
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Figure 2.42 Equivalent oscillator circuits with (a) odd and (b) even modes 


fundamental frequency fo with zero fundamental voltage at centre point. However, the third 
harmonic components, having the same 360° phase shift, will combine in phase at the load 
resistor RL. In this case, it is necessary to provide a stable operation in the odd mode and 
to inhibit the oscillations in the even mode. This results in the oscillator circuit configu- 
rations shown in Figure 2.42, where the variable capacitors C, can be used for frequency 
tuning. For a lossless tank inductor L, the start-up amplitude oscillation conditions can be 
written as 


ReZin < 0 (2.131) 
ReZi, + 3R, > 0 (2.132) 


when the third harmonic components flow into the load RL. 

Using commercially available bipolar BFG540 transistors, the 4.85 GHz triple-push oscil- 
lator was fabricated on FR-4 substrate, based on three identical fundamental oscillators, each 
having the circuit schematic shown in Figure 2.43a [41, 43, 44]. The base capacitance of 4 pF 
is used to generate negative resistance, while the feedback capacitances of 0.5 pF are used to 
determine the oscillation frequency. The emitter resistance of 51 Q is necessary to improve 
circuit performance versus temperature variations by stabilizing the bias point. At the supply 
voltage of 3.1 V, the oscillator exhibits the output power of 1 dBm with a phase noise of 
—110 dBc/Hz at 1 MHz offset frequency, consumes dc current of 17 mA and pro- 
vides suppressions of 12 and 15.5 dB for the fundamental and second harmonics, 
respectively. 

The 28.4 GHz triple-push oscillator chip was fabricated using InGaP/GaAs HBT technol- 
ogy with a common collector configuration of the HBT devices having fr = 32 GHz and 
emitter size of 1.4 x 9 um each [43]. Figure 2.43b shows the circuit schematic of a single fun- 
damental oscillator where the emitter capacitor and collector inductor values were optimized 
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Figure 2.43 Circuit schematics of bipolar microwave triple-push oscillators (© 2001 IEEE) 


to maximize the negative resistance looking into the base terminal. A resonator connected to 
the base is formed using a series connection of the inductor, capacitor and transmission line 
for determining the oscillation frequency. At a supply voltage of 8.8 V, such a triple-push 
oscillator exhibits output power of —15.4 dBm, while the output powers for the fundamental 
and second harmonics were suppressed to —21 and —34 dBm, respectively. By optimizing 
the circuit symmetry and bias conditions, the output powers at the fundamental and second 
harmonics were minimized to —37 dBm [45]. By using a cascode configuration of each single 
fundamental oscillator composing a triple-push oscillator, the output power of —13.5 dBm at 
the oscillation frequency of 39 GHz was achieved, with fundamental and second harmonic 
suppression more than 33 dB [46]. Varying the capacitance in the series resonant circuit in 
each fundamental oscillator could provide the frequency tuning from 39 to 46 GHz with better 
than 8 dB fundamental and second harmonic suppression over the tuning bandwidth. 


2.10 OSCILLATOR WITH DELAY LINE 


In real oscillator circuits, their state at any particular moment generally depends on the entire 
history of the system rather than on its instantaneous state. Especially it is a concern at very 
high frequencies when there is a certain time delay between the input signal and device output 
response due to the distributed structure of its equivalent circuit. Schematically, a delay line 
connected to the input terminal of the idealized active device can represent the effect of the 
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Figure 2.44 Schematic of transformer-coupled MOSFET oscillator with delay line 


time delay. Figure 2.44 shows the electrical schematic of the transformer-coupled MOSFET 
oscillator with the series resonant circuit having a delay line with delay time Ar in the feedback 
circuit. The electrical behaviour of such an oscillator circuit can be described by the following 
integrodifferential equation: 


L— T triti f Gia) ar =0 (2.133) 


where i is the current flowing in the series resonant circuit and iq is the drain current. 
Differentiating Equation (2.133) with respect to time yields 


gi dE o i a 
J2 + ae + wol = ola (2.134) 
where 26 = R/L and w = 1/LC. For simplicity of calculation, let us represent the drain 
current by a step function when ig = 0 for vg < 0 and ig = Io for vg > 0. 

Assuming a high quality factor of the resonant circuit when the gate voltage can be con- 
sidered as sinusoidal with delay 6 = wAt, i.e., vg = Vg sin(wt — 0), we will seek the solution 
for the resonant circuit current in the form of i = —/ cos œt. As a result, expanding the right- 
hand side of Equation (2.134) into a Fourier series, substituting 7 into the left-hand side of 
Equation (2.134) and equating the corresponding terms with sines and cosines yield [47] 


21 
I (@? — o) = -L o} siné (2.135) 
T 
2lo > 
28w = — wg cos 0 (2.136) 
x 
The oscillation amplitude J can be readily obtained from Equation (2.136) as 


lo 3 
I = —~a cos 0 (2.137) 
wns 


Substituting Equation (2.137) into Equation (2.135) allows us to calculate the oscillation 
frequency w as 





ô tanb \? 
w = w9 1+( ) — ô tand (2.138) 


wo 
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Figure 2.45 Oscillation amplitude and frequency versus time delay 


For the oscillation systems with sufficiently high quality factor of their resonant circuits 
when ô tan@/@p < 0.3, Equations (2.137) and (2.138) can be simplified respectively to 


~ Ío 

I = —a cos 0 (2.139) 
må 

w = w — Stand (2.140) 


Figure 2.45 shows the dependencies of the oscillation amplitude and frequency on the 
phase shift in the feedback circuit. It follows from Figure 2.45a that the oscillation amplitude 7 
reduces from its maximum values at 0 = 2nz to zero values at 0 = (2n + 1)m/2, wheren = 0, 
1,2,.... At the same time, the oscillation frequency w is a function of the time delay as well, 
and deviates from the resonant frequency wo with phase delay 6, as shown in Figure 2.45b. One 
of the specific features of such an oscillation circuit is that, for sufficiently large values of time 
delay Ar or phase shift 6, even a slight change in the oscillation frequency may result in a change 
of the excitation region. This is due to the distributed nature of the delay element (for example, 
transmission line) that introduces the possibility of multi-frequency oscillations within the 
oscillator resonant circuit frequency bandwidth, for which the self-oscillation conditions are 
fulfilled. However, which oscillations frequency will be established depends on the initial 
conditions, and if these conditions are predominant for one frequency, then the oscillations 
at this frequency will reach their steady-state amplitude, whereas the possible oscillations at 
other frequencies will be suppressed. 

Now we can use the method of slowly varying amplitudes (the van der Pol method) to 
analyse the stability conditions for the oscillator with a delay line. The desired solution is in 
the form 


i = l(t)cos wt + I(t) sin wt (2.141) 


where /,(t) and /,(t) are slowly varying current amplitudes. The solution given by Equa- 
tion (2.141) can also be rewritten using the slowly varying amplitude /(t) and phase g(t) in 
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the form 
i = I(t) cos[wot + d(f)] (2.142) 


where J, = I cos¢, Is = —/ sing and P= 1? + I. 

To analyse the start-up conditions, it is sufficient to confine attention to the linear term of 
the device transfer characteristic ig = Ip + 2mUg, Where gm is the device small-signal transcon- 
ductance. As a result, the truncated or shortened first-order equations for the slowly varying 
amplitudes can be obtained as [47] 

d/.(t) 
dt 
di,(t) 
dt 


Memo2 25 1 (Mena 
( en) cos 0 ) v+ ( 4 “sind +5) V; 
w w 2 w 





+ Q(Vo, Vs) = 0 (2.143) 





+ w(V., V;) =0 (2.144) 


where 


p (Ve, Vs) = 








1 
2 

1 (Mgmo% 1 (Mgmo% 25 

Y Veva = -3 (#28 sino +6) V, ( Em soso yy 
2 w w w 
2 
t=1- (2) 
w 

Equations (2.143) and (2.144) allow us to determine the conditions of stability and instability 


of the oscillation system. In this case, the determinant of a system of two equations must be 
equal to zero, that is 




















dy dy 
À 
ƏV. G ƏV. 
=0 (2.145) 
x ev +d 
OV; OVs 
solving of which gives the eigenvector A in the form 
1/25 Mgma? 1 (Memeo. 
M2 = = | — — —cosé | + j= | —— sind +é (2.146) 
‘ 2\o w 2 w 


The oscillation system is unstable at the origin, resulting in the start-up of the oscillations 
if and only if the real part of eigenvector A has negative real part, i.e., when 


Memo cos@ > 25 (2.147) 


where gm cos 0 is the reduced device transconductance due to time delay and 26 is the losses 
in the oscillation system. It follows from Equation (2.147) that the presence of the delay line 
reduces the oscillator regeneration factor. For the fixed values of the phase shift 6 and ô, 
build-up of the self-sustained oscillations is possible when 


28 
9 < cos! (z 5) (2.148) 
§&m% 


Thus, due to the presence of the element providing the time delay (or phase shift) in the 
feedback circuit, the amplitude of the oscillations reduces and oscillation frequency deviates 
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from the resonant frequency wo. Physically the worsening of the start-up conditions and oscil- 
lation amplitude degradation can be explained by the fact that the build-up of the oscillations 
occurs at a frequency different from the resonant circuit frequency wọ when the resonant circuit 
has some reactive impedance for the drain current. This results in lower power (proportional 
to the factor cos 0) flowing from the active device to compensate the losses in the resonant 
circuit. 

It should be noted that using a delay line as an additional element in a feedback circuit 
can improve the oscillator performance. For example, by properly choosing the parameters 
of the voltage-controlled oscillator with time-delay feedback using a delay line, both noise 
improvement from degeneration and frequency agility from the periodic response can be 
obtained [48]. In this case, the open-loop gain should be chosen as large as possible for better 
noise degeneration, and the frequency bandwidth in the feedback circuit should be adjusted 
to meet the stability conditions. The delay line can also be used to implement a self-injection 
lock technique when a part of the oscillator output signal is used to injection lock the oscillator 
itself, resulting in phase noise reduction [49, 50]. 
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3 


Stability of self-oscillations 


Applying dc bias to the active device does not generally result in the negative resistance 
condition. This condition has to be induced in these devices and it is determined by the physical 
mechanism in the device and chosen circuit topology. The transistor in the oscillator circuits 
is mostly represented as the active two-port network, whose operation principle is reflected 
through its equivalent circuit. The influence of the circuit and transistor parameters can result 
in the hysteresis effect or oscillation instability in practical design. In high-frequency practical 
implementation, the presence of the parasitic device and circuit elements can contribute to the 
multi-resonant circuits. The possibility of an operation mode with different natural frequencies 
depends on a value of the coupling coefficient between resonant circuits. Therefore, the stability 
conditions for a steady-state single-frequency operation for a multi-resonant circuit, in general, 
and two coupled resonant circuits, in particular, are analytically derived. The several examples 
of stability criteria for different single-resonant and double-resonant oscillator circuits are 
described and analysed [1, 2]. In addition, the phase plane method, as a qualitative method 
of analysis of the dynamics of the oscillation systems, and a Nyquist stability criterion are 
shown and illustrated by several examples of the oscillator circuits described by second-order 
differential equations. 


3.1 NEGATIVE-RESISTANCE OSCILLATOR CIRCUITS 


The circuit state equations in a general form for (a) series and (b) parallel single-resonant 
oscillator circuits shown in Figure 3.1 are 


cen am duc, 
for a series circuit C aes i=0 (3.1) 
di : 
Lg TRY tv+vc=0 (3.2) 
aaa di, 
for a parallel circuit L —v=0 (3.3) 
du ite 
Coe ea (3.4) 
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Figure 3.1 Single-resonant (a) series and (b) parallel oscillator circuits 


where G = 1/R_, is the load conductance, vc is the instantaneous voltage on the capacitor C, 
and i, is the instantaneous current in the inductor L. 

Because of the sufficiently high value of the Q-factor of the resonant circuits the effects of 
higher harmonics can be neglected. As a result, the voltage v for parallel oscillator circuit and 
the current i for series oscillator circuit can be considered as sinusoidal. Taking into consid- 
eration the fundamental dependencies vı = Roy(/)i, and i} = Gou(V )vi, where Rout( l) and 
Goul(V ) are the fundamentally averaged large-signal active device equivalent output resistance 
and conductance, respectively, (which can be treated as slowly varying functions of the funda- 
mental amplitudes J and V in comparison with the natural period during the frequency-varying 
process), the second-order differential equations can be found from Equations (3.1—3.4) as 


ai, diy. 
LC Sy + Roul) + RLIC T+ i1 = 0 (3.5) 
dv; dv 
Lez + [Goul V) + Gill- +u =0 (3.6) 


The characteristic equation corresponding to both Equations (3.5) and (3.6) can be written 





as 
p? +2êp +5 =0 (3.7) 
where 
Ror) + R Goul V) + G 
pa 1) + LS (V) + Gy (3.8) 
2L 2C 
1 
wo = —— (3.9) 


VLC 


In a common case, Equation (3.7) has two possible roots 


pi2 =—ô + 4/8? — o (3.10) 





If these roots are different, then a common solution of Equation (3.7) is 
a(t) = A, exp(pit) + A2 exp(pat) (3.11) 


where a(t) corresponds to the instantaneous voltage v;(t) or current i;(¢), A; and A> are 
assumed to be slowly varying functions of time. 

For a practical case when a condition 0 < ô < wọ is valid, a solution of Equation (3.7) is 
a pair of complex conjugate numbers with negative active parts shown in Figure 3.2a in the 
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Vo exp(—ôt) 





0 





a). b). 


Figure 3.2 Resonant circuit transient performance 


form 








P12 = —ô + jy o — 8 = —ô + jo, (3.12) 


By substituting Equation (3.12) in Equation (3.11), a common solution of the characteristic 
Equation (3.7) can be written as 


a(t) = Ap exp(—ôt) cos(w@ t + po) (3.13) 


where the amplitude Ag and the phase gp are slowly varying functions of time. An example of 
the transient characteristic corresponding to Equation (3.12) is shown in Figure 3.2b. 

A steady-state free-running oscillation build-up is provided with the velocity due to dissi- 
pation factor 6, the value of which is reduced with the decrease of negative output resistance 
Roul) or conductance Gou(V). It becomes zero in a steady-state oscillation mode when 
Rou) + RL = 0 or Goul V) + GL = 0, or in a general immitance form 


ReWou(Ao) + ReWL =0 (3.14) 


A stability criterion for such simple oscillator circuits, with only an amplitude dependence 
of output resistance or conductance, can be easily calculated by the perturbation method. Let 
us consider small perturbation AA > 0 in the operating point ReW (Ao) when A = Ag + AA. 
Using the linear Taylor series expansion results in 


ReW(A 
dReW (Ao) AÀ 


ReW (Ao + AA) = ReW (Ao) + —— 


(3.15) 
Hence, a steady-state oscillation mode will be stable if the amplitude of the oscillation dis- 
sipates according to exp(—6t). This takes place when ReW (Ap + AA) > ReW (Ao). Therefore, 


a stability criterion is 
dReW (Ao) 
— l 
zA >0 (3.16) 


which means that, as the active device negative resistance or conductance reduces with increase 
of the oscillation amplitude, stable oscillations are established in the oscillator. 
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Figure 3.3 One-port (a) negative resistance and (b) negative conductance oscillator circuits 


3.2 GENERAL SINGLE-FREQUENCY STABILITY CONDITION 


In a common case of (a) negative resistance or (b) negative conductance one-port transistor 
oscillator circuit model shown in Figure 3.3, a complex equation consisting of the nonlinear 
immitances in the steady-state stationary operation mode can be expressed as 


W (Ao, wo) = ReW (A0, wo) + jImW (Ao, wo) = 0 (3.17) 
where 

ReW (Ao, wo) = ReWour(Ao, œo) + ReWL (Ao, wo) (3.18) 

ImW (Ao, wo) = IMWour(Ao, wo) + IMW_ (Ao, wo) (3.19) 


Assuming a solution of Equation (3.17) as a(t) = Ag cos wot or a(t) = Ao Re[exp(j@of)], 
one can find the amplitude Ag and frequency wo of free-running oscillations. Then, consider the 
small perturbation from the steady-state stationary mode. The amplitude and frequency of the 
oscillation turned out to be A = Ap + AA and w = wo + Aw respectively, where AA < Ao, 
Aw < wo. Under conditions of small perturbations from the steady-state mode a nonlinear 
system behaves as linear, and amplitude of the oscillation dissipates exponentially. Therefore, 
the expected solution can be written as 


a(t) = (Ap + AA) exp(—Ad5r) cos(wo + Aw)t (3.20) 
or 
a(t) = (Ap + AA) Re [exp/ (wo + Aw + jAS) t] (3.21) 


According to Equation (3.21), the steady-state oscillation condition in the form of Equa- 
tion (3.17) can be rewritten as follows: 


ReW (Ao + AA, w + Aw + jAô) + jImW (Ao + AA, w + Aw + j Ad) = 0 (3.22) 


By applying the linear Taylor series expansion of Equation (3.22) by the degrees of the small 
parameters AA, Aw and Aô for each components and replacing one complex equation with 
two equations for real and imaginary parts, in consideration of Equation (3.17) the following 
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system of two equations can be written: 


dReW dReW dReW 
AA+ Aw + A 














A ô = 2: 
0A dw 06 0 2?) 
dImW dImW oImW 
AA A Aéd = 24 
A + Ip Â + 35 0 (3.24) 


It is known that for analytic function W (œ + jJ Ad) = ReW (w, Ad) + jImW (w, AS), the 
Cauchy—Riemann equations can be written as 


dReW _ dlmW 








= =a 2. 
dw 06 eo) 
dReW oImW 
= 2 
06 Jw 9) 


As aresult, by excluding Aw from Equations (3.23) and (3.24) and using Equations (3.25) and 
(3.26), the following equation can be written: 


dReW oImW = dImW dReW 


AA (RWY? (0 : 
Jw Jw 
The steady-state stationary mode will be stable if a small perturbation of the oscillation am- 
plitude AA dissipates in time and the values AA and Aé have the same signs. Thus, stable 
oscillations are established in the oscillator if 


aReW aimW _ dlmW aReW _ 
JA ðo oA do 

















(3.28) 


which corresponds to a general form in terms of immitance parameters of a stability condition 
obtained by Kurokawa [3]. 


3.3 SINGLE-RESONANT CIRCUIT OSCILLATORS 


3.3.1 Series resonant circuit oscillator with constant load 


Figure 3.4 shows (a) the high-frequency (without bias circuits) electrical and (b) the equivalent 
circuits of the series resonant circuit negative-resistance oscillator with a common collector. 
In this case, a transistor has been configured so that the output resistance is negative. The 
capacitors Cı and C3 are used to increase the regeneration factor and to provide steady-state 
oscillation conditions of the amplitude and phase. 

In this series circuit configuration with the negative imaginary part of the output transistor 
impedance, the load is constant and the negative output transistor resistance decreases with 
increase of the oscillation frequency. As a result, 


bes p L : L+ : 0 (3.29) 
— = > 5 
0@ dw 7 OC out w@Cout 
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Figure 3.4 Parallel feedback (a) electrical and (b) equivalent oscillator circuits 


and 


ƏR ð (R +R.) = Rou 
ðw Bee ne 0w 


Consequently, obtaining stable oscillations in a steady-state operation mode requires sat- 
isfying the following sufficient conditions for the series resonant circuit negative-resistance 
oscillator with constant load 





>0 (3.30) 


3 Rout OX out 
>0 
ol ol 








<0 (3.31) 


3.3.2 Parallel resonant circuit oscillator with nonlinear load 


In some practical cases, the nonlinear active devices can be used in the capacity of a load or 
together with it; for example, for amplitude restriction when a separate parallel diode is used, 
as shown in Figure 3.5a, or for amplification of the output oscillator signal when the oscillator 
is loaded on the input buffer amplifier transistor circuit, as shown in Figure 3.5b, the nonlinear 
properties of which can be described by the diode too. 

To approximate the diode volt—ampere characteristic, a well-known exponential model can 
be applied: 


ip(t) = [Dsat (ex = i i) (3.32) 
$: 


where v = Vpias + V cos wt, Vpias is the diode bias voltage, IDsat is the diode reverse-bias 
saturation current, Vr is the temperature voltage. Since the instantaneous current ip(t) in 





a). 


Figure 3.5 Loaded oscillator circuits 
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Equation (3.32) can be expressed through the Fourier series, it is convenient to use the Bessel 
functions for the Fourier components. 

Then, as far as our interest has been restricted to the fundamental frequency, the value of 
the large-signal diode conductance Gp, is defined as 


Ipi 2 Isat Vbias V 
Gp = = I 3.33 
D1 V V exp ( Vr ) 1 (=) ( ) 


where [;(V / Vr) is the modified first-order Bessel function of first kind given by 








z 1 Z\?r 
N@) = 5 eae ey (5) (3.34) 


where I(r + 2) is a gamma-function. 
By substituting Equation (3.34) into Equation (3.33), the large-signal diode conductance 
Gp, will be expressed as 


IDsat Vbias ~ 1 V at 
Gopi = 3.35 
d= exp ( Va Smala) (3.35) 


r=0 





It follows from Equation (3.35) that the large-signal diode conductance Gp, is a monoton- 
ically and infinitely increasing function of the voltage amplitude V . Hence, 


dGp1 
ƏV 





>0 (3.36) 


Thus, according to the stability criterion given by Equation (3.28), using a nonlinear device 
(diode or transistor) in a load network contributes to the stable steady-state operation mode 
of parallel negative conductance oscillator, provided the influence of a diode reactance is 
negligible. 


3.4 DOUBLE-RESONANT CIRCUIT OSCILLATOR 


Previous stability analysis has been done for the single-resonant circuit transistor oscillators. 
But there are many cases when, for theoretical or practical research, it is required to use a double- 
resonant circuit, for instance, when it is necessary to take into consideration the reactances of 
an active device package or input buffer amplifier transistor circuit or to increase the oscillation 
frequency sensitivity to the capacitance tuning in the case of the voltage-controlled oscillators. 
So, for an oscillator with the series single-resonant circuit shown in Figure 3.4b, the relative 
frequency deviation is given by 





WES = (3.37) 
Jw w? Cout w w 2QLRL 


where QL = wœwL/RL = 1/@Cou|Rou| = Qr. In order to increase the magnitude of the fre- 
quency deviation, the loaded resonant circuit quality factor Q must be reduced. However, it 
cannot be made smaller than the transistor quality factor Qr, the value of which is limited to the 
finite value of output transistor reactance. Therefore, it is advisable to consider the possibility 
of adding another resonant circuit, as shown in Figure 3.6. 
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Figure 3.6 Double-resonant oscillator circuit 


The double-resonant oscillator circuit impedance Z, can be expressed as 


. w wo RL 
ZL=JjJQ R (< =) + T (3.38) 

e 
Wo w 


where the loaded quality factors of the series and parallel resonant circuits, Qı and Q2, and 
resonant angular frequency wo = 27 fo are defined by 











woLı woLl2 
Qı = R, Q2 = Ri 
1 1 





Wo 





Z VL Cou 7 VL2C2 


In order to provide the stable steady-state operation mode according to Equation (3.28), 
consider the slopes of the active and reactive parts of the double-resonant circuit impedance 
Z. As a result, the value of the derivative DReZ,/dw at the resonant frequency wo is equal to 


is) a) 
dReZ_ 203 R, 2o @ =0 (3.39) 


dw w 272 
2 w WO 
Wo (2) 
Consequently, to determine the stability condition, it is sufficient to know the value of the 
output transistor resistance slope 0 Rout /d@. The value of the reactance slope is given by 





O=W0 








1— Q? (2 = =) 
dImZ, RL (02) wo : w0 w 
ay S ( + ) Qı- Q2 5 

w w \@o w 2 

1+0? (2 = 2) 
2 Wo (62) _ 
2Ry, 
= ene (Qı — Q2) (3.40) 


It follows from Equation (3.40) that the positive reactance slope is realized for Q; > Qo, 
and there are no problems associated with a monotonic frequency tuning. Besides, as Q2 
approaches Q1, the relative frequency deviation dw/w increases for a given small variation 
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3X, where X, = ImZ,, according to 


do 1 ax 
wy  2(Q1— Q2) RL 


However, if Q2 is close enough to Q1, a dramatic increase of the oscillator circuit sensitivity 
to the reactance variation will be accompanied by very noisy operation, high nonlinearity of the 
frequency tuning characteristic and high bandwidth ripple of output power [3]. According to 
the stability condition in the form of Equation (3.28), such a situation with approximately equal 
values of the loaded quality factors for series and parallel resonant circuits (Q, > Q2) produces 
substantially worse a steady-state single-frequency stability condition for the double-resonant 
circuit oscillator where the possibility of simultaneous self-oscillations for two independent 


frequencies can occur. 





(3.41) 


3.5 STABILITY OF MULTI-RESONANT CIRCUITS 


Generally, in a system of the two coupled resonant circuits two possible oscillations with 
different natural frequencies can exist simultaneously. The possibility of such an operation 
mode depends on the value of the coupling coefficient between two coupled resonant circuits. 
A high probability of satisfying the start-up conditions for both frequencies simultaneously 
exists for the case of strong coupling between resonant circuits near the hysteresis region when 
their natural frequencies are approximately equal. However, it is very important to provide 
stable steady-state single-frequency operation conditions without a jumping effect between two 
possible self-oscillation frequencies. It should be noted that, in real RF and microwave practical 
implementation, the presence of the parasitic device and circuit elements can contribute to 
the multi-resonant circuits. Depending on the coupling between these resonant circuits and 
start-up conditions, the potential probability of multi-frequency operation is sufficiently high. 
Therefore, let us derive first a general stability criterion for a multi-resonant circuit oscillator. 
Using a stability analysis method based on the perturbation of the harmonic balance system 
equation leads to eigenvalue loci, which demonstrate a very complicated behaviour and have 
to be interpreted in order to determine stability [4]. To analyse the negative-resistance one-port 
oscillator, it is advisable to apply a convenient quasilinear method, based on the replacement of 
nonlinear elements by their fundamentally averaged linear equivalents. In this case, the number 
of general eigenvalue equations will be determined by the proper number of coupled resonant 
circuits provided the periodic steady-state oscillation conditions are fulfilled for appropriate 
resonant frequencies. 


3.5.1 General multi-frequency stability criterion 


Basically, such an approach is an extension of the single-frequency one-port oscillator shown 
in Figure 3.3 to the oscillator with N independent frequencies and time-varying amplitude 
A(t), voltage V (t) or current I(t), across the output transistor immitance written as 


N 
A(t) = An COS(Wpt + Yn) (3.42) 


n=1 


where the amplitudes A, and phase gn are slowly varying functions of time. 
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Application of the steady-state operation conditions in the form of Equation (3.17) for each 
resonant frequency results in 
ReW;(A1, sey An, 15.665 Ons Pls esas Qn) 
+ jImW;,(A), EEE. An, M1, +++, Mn, Pls--+s Qn) =0 (3.43) 


where k = 1,2,...,N. 
For stability analysis, consider small perturbations AA}, Aa, and Ag, from the steady-state 
mode in the operating point Azo, @ko and Ag; such that 
Ag = Aro + AAx wk = wko + A@y Pk = Pko + AGE (3.44) 


Applying a Taylor series expansion about the operating point to Equation (3.43), where 
ReW, = ReWyo and ImW; = ImW,o at the operating point under steady-state conditions, and 
restricting consideration to the linear terms results in a matrix equation 


DAa+ BAw+CAg =0 (3.45) 





where Aa, Aw and Ag are the vector quantities defined by 





Aow = [Aa, A@,..., Awy]! 
Ag = [Af1, Ag, ..., Agn] 


where D, B and C are the complex square matrices whose elements can be written as 











aReWko . almWo 
Dyu = A 
kl o( JA; +i DA, 

dReW, _oImW; 
Bu = k0 jj k0 

Jw 0a 

dReW, _oImW; 
Cy = = +j = 

I dp 
and index T denotes the transposed vector and/ = 1, 2,..., N. 


According to Kurokawa’s fundamental theory [3], the small perturbations A Az, Aw, and 
Ag, as slowly time varying functions are connected by 
_ d(Agy) j d(AAQ) 
dt Axo dt 
Then, Equation (3.45) can be rewritten in the form of differential complex equation defining 


a multi-frequency stability criterion of negative-resistance one-port oscillator with a multiple- 
resonant circuit as 


Aw (3.46) 





d(Ag) _ ,,, d(Aa) 
JB 
dt dt 
A similar approach to derive a general multi-frequency oscillator stability criterion in terms 
of admittances was used with regard to diode harmonic oscillators [5]. If our interest is restricted 
to the independent frequencies, then C must be a zero matrix because an arbitrary phase 
reference associated with each independent frequency can be chosen. By equating the real and 


DA^a + B 





+CAg=0 (3.47) 
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imaginary parts to zero, Equation (3.47) can be written in the form of a system of 2N equations 
by 


d(Ag) d(Aa) _ 








Re(D)Aa + Re(B)— + Im(B) a 0 (3.48) 
I d(Ag) d(Aa) _ 
m(D)Aa + Im(B) J Re(B) ae 0 (3.49) 


which includes N unknown phase angles Ag, and N unknown amplitudes A Az. 
Eliminating d(Ag)/dt from Equations (3.48) and (3.49) yields the resulting first-order 
differential matrix equation to solve for Aa in the form 
d(Aa) 
dt 





+ FAa=0 (3.50) 


where 

Re(D) Im(D) 

Re(B)  Im(B) 

Im(B)  Re(B)° 
Re(B) Im(B) 





(3.51) 








The oscillation system is stable if and only if all eigenvalues of the matrix F defined from 
the characteristic equation 


det(F +E) = 0 (3.52) 


where A is an eigenvector of matrix F and EF is a unit matrix, has positive real parts [6]. 

For a particular case of the single-frequency oscillator, by substituting the elements of the 
matrices B and D from Equation (3.45), the matrix F defined by Equation (3.51) can be 
rewritten as 





























pôReW mW aimw  ƏReW 
2 JA JA Jo Jo 
F= | -Rew ~ dimw IReW + DimW (3.53) 
dw Jw dw 3w 
or 
F ee aimw almw a) 
i JA do JA Jo ess 








dReW \* ,, (aia 2 
dw dw 
which is similar to Equation (3.27) when the stable oscillations are established in the oscillator 


for F > 0, and also similar to the results of the stability analysis in the frequency domain using 
the harmonic balance technique [4, 7]. 


3.5.2 Two-frequency oscillation mode and its stability 


In practice, the existence of the two-frequency oscillation mode in a single-frequency oscillator 
is absolutely undesirable. However, it may happen if the oscillation system with two coupled 
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resonant circuits is used, or device and circuit parasitic elements compose an additional reso- 
nant circuit. Therefore, it is important to define the stability conditions for the two-frequency 
oscillation mode. In the case of a negative resistance oscillator with two coupled resonance 
circuits, the expression for the matrix F given in Equation (3.51) can be rewritten as 

















OR, dR, aX, dX, OX, dx, OR; dR, 
oh, dl 0w 0a oe ol, al 00 GIOJ 
OR OR, 0X. dXo 0X, dXo OR ƏR 
oh; dl 0w 0a ol, dln 00 0a lio 0 
C= 2 2 
OR, OR, 0x, 0x, 0 To 
3w dw a; dw dwa 
OR. ƏR2 0X2 0X2 
0a 0a 3w dw 
(3.55) 
where Jio and Jọ are the steady-state current amplitudes corresponding to two independent 
frequencies. 


The characteristic Equation (3.52) to define the matrix eigenvalues reduces to the quadratic 
form 


V4 (Fit Fo)aAt AF =0 (3.56) 


where AF = F11 Fo2 — Fj2F 1, the solution of which can be obtained by 








AF (3.57) 





Fi + Fi2 paa 
A112 = + 


2 4 


As a result, the situation of two-frequency oscillation mode will be unstable and can be 
avoided if the conditions for the sum of the principal diagonal elements and determinant greater 
than zero are not fulfilled simultaneously [6] 


Fy, + Fy >0 AF > 0. (3.58) 


3.5.3 Single-frequency stability of oscillator with two coupled 
resonant circuits 


Let us consider the single-frequency negative-resistance oscillator with a certain value of 
current [9 ~ 0 and zero value of current J29 = 0. As before, assume that 7; = Jo + Al), 
h = ho + Ah ando; = wio + A), œ = wo + Aw. Then, the differential complex matrix 
Equation (3.47) for two independent frequencies can be rewritten as 


qAg) MAD _ 
t dt 





Z+DAi+B 0 (3.59) 


where 





d(Ai) [1 d(Ah) 1 d(Ab)T' 
d |o dt `Ah dt 
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and, in view of the steady-state single-frequency operation defined by Equation (3.43), 
0 0 
z=[0 2] 
where Z; = Rı + jX; = Oand Z3 = Rp + jXo. 
By equating the real and imaginary parts to zero and eliminating Ag, Equation (3.59) can 
be rewritten in the form 
Re~! (B)ReZ — Im7'(B) ImZ + [Re~'(B) ReD — Im7'(B) ImD] Ai 


d(Ai) 
dt 





+ [Re7'(B)ImB + Im7'(B) ReB] 0 (3.60) 


If we limited ourselves to the first-order of values AJ, and AJ», the equation for AJ) can 
be obtained as 
Ro(10,9) OR; = X2Ui0, 0) 0X4 I 
det(ReB) ðo,  det(ImB) da, |” 
0X,0R. 0X, dR, OR, 0X2 dR, 0X, 
3w ða Ja ða . 9a) 0@. Aw Iw, | A(Alr) =0 (361) 

















s det (ImB) det (ReB) dt 
where 
dR, ƏR dR, ƏR 
det (ReB) = 1 2 LEER 
0w 0a 002 0w 
aX, 0X aX, 0X 
det (ImB) = — —* pee 


da, dw dw 0a, 


Equation (3.61) can be integrated directly and its solution has the exponential form A J2(t) = 
A (0)exp(—à2t), where AJ>(0) is the initial value for AJ, determined at t = 0. Then, this 
solution is substituted into another equation for A74. As aresult, the single-frequency oscillation 
stability require AJ; and AJ to decay and this will take place if and only if the eigenvalues 
A, and A, are positive. Hence, the stability conditions for single-frequency oscillation can be 
written as 


R149, 0) 9R,  X2(li0, 0) 0X 











det(ReB) dw, detUmB) da, 
62 
1 ðX, ðR ÔR, ðX, i a ORK O O 
det(ImB) \0@; 0@2 Ja: 0a. det (ReB) \ dw, dw? dw 0@2 





Ro(190, 0) (0R2 OR, AR. OR2 Xa(lio, 0) (0X2 0X, AR dAR2 
det (ReB) (= ol; da =) det (ImB) (= ol; da =) 0 
1 OR, 0X2 OR. dX2 1 OR2 OX, OR. dX 
det ImB) (= dwz 0a 2) det (ReB) (= 0a 0a =) 
In the particular case of independent impedances, for instance, for oscillators with linear 
transfer characteristic of the active device, the stability conditions obtained by Equations (3.62) 


(3.63) 
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and (3.63) can be expressed in the simplified form 


dR; 0X, 0X, 0R, 
oly 0w oh, 0a 





>0 (3.64) 


3X2 OR> 
R210, 9) —— — X20, 0)—— > 0 (3.65) 
Clay) dW 


Equation (3.64) represents simply a stability condition for the single-resonant circuit os- 
cillator. However, the case of two coupled resonant circuits, requires an additional stability 
condition given by Equation (3.65), which is necessary to guarantee the stable single-frequency 
oscillation mode. 


3.5.4 Transistor oscillators with two coupled resonant circuits 


In practical design, the oscillator loaded with an additional resonant circuit is widely used, 
for example, to improve linearity of the varactor frequency tuning bandwidth or to reduce the 
phase noise [8, 9]. If such an oscillator has a weak coupling between resonant circuits, only 
one frequency can be excited with a value close to the value of the resonant frequency of the 
main resonant circuit. For a strong coupling between resonant circuits, within the region where 
the resonant frequencies of the main and additional resonant circuits are very close to each 
other, the start-up conditions are satisfied for oscillation of two frequencies simultaneously. 
Figure 3.7 shows the circuit examples of (a) the common source MOSFET oscillator with 
two transformer-coupled resonant circuits and (b) the common collector bipolar oscillator with 
two inductively coupled resonant circuits. Here, R, is the load resistance, rı is the losses in 





b). 


Figure 3.7 Schematics of transistor oscillators with two coupled resonant circuits 
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the main resonant circuit, r2 is the losses in the additional resonant circuit, and inductances 
Lı, Ly and L are assumed to be lossless. 

Generally, a system with two degrees of freedom can be represented as two separate circuits 
with one degree of freedom linked to each other. The coupling between circuits results in the 
oscillations in one of them affecting the oscillations in the other and vice versa. These circuits 
with one degree of freedom into which a complex oscillating system can be divided are called 
partial. The frequencies of free-running oscillations of separate partial circuits are called 
partial frequencies of the entire oscillation system. 

Let us consider the operation of the bipolar oscillator the equivalent circuit (without bias 
networks) of which is shown in Figure 3.7b. Here, the feedback capacitances C1» and Cie 
are used to realize an equivalent negative resistance for soft start-up mode. The steady-state 
oscillation condition is expressed as 


Zoll, œ) + ZL(w) = 0 (3.66) 
where Zout = Rout + JX out is the equivalent output impedance, Xou = —1/@Cou, and 


1+ JoCr(r2 +R.) - w’CoL 
1+ jwC2(r2 + RL) — w?C2(L + L2) 


In order to analyse the frequency stability conditions in the steady-state operation mode, it 
is necessary to rewrite Equation (3.66) for real and imaginary parts in the form 


ZL =r jæLı + joL 





(oh — a’) (o — 0”) — 481820? — Pot = 0 (3.67) 
81 (o0 — 2°) + 82 (wp — @”) = 0 (3.68) 
where 
, 1 
wj = Call, PE) (3.69) 
0 (3.70) 


> = =~ 
° CaL +L) 
are the partial frequencies of the main and additional resonant circuits, 


rı + Rout 








6) = ————_ 3.71 
3, XLi +L) GHR 
a + R 
feo ae (3.72) 
2(L2 + L) 
are the attenuation factors of the main and additional resonant circuits, 
PEA L? 
= (3.73) 
(Lı +LXL2 + L) 
is the coupling factor between the coupled resonant circuits, and 
Cout = l (3.74) 
out — OX out $ 


is the active device equivalent output capacitance. 
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Figure 3.8 Frequency performance of two coupled resonant circuits with weak coupling 


By substituting Equation (3.68) into Equation (3.67), the system oscillation frequency can 
be obtained from 


ee ge 
(oi — ©) (on — o’) + 4830° $1 — Pot = 0 (3.75) 
®o2 — w 


From Equation (3.75) it follows that connection of an additional resonant circuit contributes 
to changing the partial frequency provided by the main resonant circuit. In this case, if wo2 > 
æ, the equivalent partial frequency drops, i.e., an additional resonant circuit acts as a shunt 
capacitance connected to the main resonant circuit. If wp. < œ, an additional resonant circuit 
acts as a shunt inductance connected to the main resonant circuit, and the equivalent partial 
frequency increases. 

To simplify the analysis procedure, let us assume that the partial frequencies of two coupled 
resonant circuits are equal, i.e., wo] = Wo2 = wo. Then, 


(w) — w)[(w} — aS + 4830? — wt] = 0 (3.76) 
where one of the roots is œ = wo and two other roots can be found from 
(o — 0)” + (483 — 0k?) w = 0. (3.77) 
Equation (3.77) has two real solutions only for 
452 
k > — (3.78) 


o 
that determines the existence of a critical coupling between resonant circuits. 
In the case of weak coupling between resonant circuits when, for wk < 282, Equation (3.77) 
has the only solution, the dependence of the oscillation frequency w? versus partial frequency 
of the main resonant circuit wh is shown in Figure 3.8. From Figure 3.8 it follows that the 
oscillation frequency is unambiguously related to the partial frequencies of the two coupled 
resonant circuits. 
To define the amplitude of self-oscillations, let us consider the operation of the MOSFET 
transformer-coupled oscillator shown in Figure 3.7a [10]. Assume that the active device 
represents an ideal current source with infinite gate-source impedance. The equations for 
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currents in the main and additional resonant circuits are written in the form 


by Sanit oe fiu+m = Mo (3.79) 

dt Cı dt dt 

L tint Rit z f idt mS =0 (3.80) 
dt C2 dt 


where currents 7; and ip are expressed through the voltages vı and vz across the capacitances 
Cı and Co, respectively, according to 


1 1 
ae i dt v = — j dt 
1 Ci fi 2 = fi 


As a result, Equations (3.79) and (3.80) can be rewritten in the form of the second-order 
differential equations 











dv, dv, P dv 5 di 
Qe Tyg Tonta = 01 y (3.81) 
d v2 dv. a dv, 
a p2 t wv + a2- =0 (3.82) 
where 
1 1 
2 2 
A ES, 
1/1 242 
ry r2 + RL 
ôl = ——— => 
2L, 2L2 
M,C) M,C, 
a= = 








= Q2 = 
LıCı LC2 


Suppose that the oscillator start-up conditions correspond to a soft mode and the transfer 
characteristic of the active device can be approximated by a third-order polynomial function 


i = gm0 — Soi (3.83) 


where gm is the device small-signal transconductance. 
By applying the quasilinear method to the system of Equations (3.81) and (3.82) when the 
average transconductance gm1 is introduced, the solution is seeking in the form 


vı = V; cos(at) (3.84) 
v2 = V2 cos(wt + ~) (3.85) 


where V; and V, are the amplitudes of the oscillations in the main and additional resonant 
circuits, respectively, and g is the phase shift between these oscillations. 

Substituting voltages vı and v2 from Equations (3.84) and (3.85) into the system of Equa- 
tions (3.81) and (3.82) results in the following relationships between amplitudes V, and V2 
and phase g 








V: 9, 
A = aes (3.86) 
! Jlo — o)? + 4820? 
25 
tang = -1 (3.87) 


Wp — W 
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a). b). 
Figure 3.9 Oscillation amplitude versus partial frequency of the main circuit for different coupling 


Finally, the relationship between the oscillation frequency w and the amplitude of the 
oscillation V; can be obtained by 








a awt 3 
2ô1 + 262 2 = Mem (3.88) 
Wo — w?) + 4550? 
aanw (w2, — w 
ee eee ( 2 ) <9 (3.89) 
(5p - w?) + 462@2 
where 
43 2 
8ml = &m — ga (3.90) 


is the large-signal transconductance of the active device averaged over the natural oscillation 
period at the frequency w. 
The amplitude of oscillations V; can be directly determined from Equation (3.88) as 


2 4 281 25, aw 
ví = &m 7 7 3 (3.91) 
a3 Ma, Ma, (wo = w?) ae 4630? 

From Equation (3.91) it follows that connection of the second resonant circuit results in 
additional dissipation whose value depends on the coupling coefficient and its partial frequency. 
Equation (3.89) is similar to Equation (3.76) obtained for the bipolar oscillator with two 
inductively coupled resonant circuits shown in Figure 3.7b, if one introduces the coupling 
coefficient between two transformer-coupled resonant circuits as 


2 

Mi 
LiLo 
Figure 3.9 shows the dependencies of the amplitude of self-oscillations on the partial fre- 
quency of the main resonant circuit. The greatest decrease of the amplitude (the energy is 
extracted from the main resonant circuit and delivered to the additional resonant circuit) is 


observed when the partial frequencies are equal, i.e., œo] = wo2 = wo. Then, when w = wo, 
Equation (3.91) for the oscillation amplitude can be rewritten as 


8 M gmo ôi 1200 
2 Wo 455 





(3.92) 


k? = a0 = 








Vi= (3.93) 


Mazo 
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Figure 3.10 Frequency performance of two coupled resonant circuits with strong coupling 


From Equation (3.93) it follows that the stronger the coupling M and the smaller losses 
of the additional resonant circuit 52 the greater decrease of the oscillation amplitude Vj, as 
shown in Figure 3.9a. For a sufficiently high quality factor of the additional resonant circuit, the 
self-oscillations near frequency synchronism of the resonant circuits can be entirely damped. 
The condition of the self-oscillations damping is provided when, in some frequency range, the 
increment of the main resonant circuit 


= M Bn. 


v 
9 2 


v (3.94) 
where 1}; = ô1/wo is the decrement of the main circuit, becomes smaller than }2 = œ1œ2w0/482 
which is the loss (decrement) introduced into the main resonant circuit by the additional 
resonant circuit. 

Figure 3.9b shows the oscillation amplitude V, versus partial frequency wo, including the 
damping region. The borders of the damping region can be determined if we assume zero 
oscillation amplitude in Equation (3.91). When o = v2, the damping region represents just a 
point. 

For the case of strong coupling between resonant circuits when wk > 262, the dependence 
of the oscillation frequency œw? on partial frequency of the main resonant circuit an is shown 
in Figure 3.10a. If we maintain the resonant frequency Or of the main circuit constant and 
vary only the resonant frequency of an additional circuit, then the oscillation frequency œ? will 
change, as shown in Figure 3.10b. It follows that, for wo] >> wo2 and wo; K woz, the oscillation 
system with two coupled resonant circuits generates a frequency close to the resonant frequency 
of the main circuit wọ, i.e., the additional resonant circuit has no effect on oscillation frequency 
because of its weak coupling. Within the synchronism region when wọ; ~ 2, the dependence 
of œ on Or becomes three-valued. An analysis of the oscillation stability shows that the 
middle branch of the frequency characteristic is always unstable. As for the outer branches, 
their frequency behaviour is close to that of the normal frequencies of the linear conservative 
(lossless) system with two coupled resonant circuit shown by dashed lines (Wien graph). 
However, the presence of the loss factor 52 > 0 in Equation (3.91) is equivalent to weakening 
of coupling between the resonant circuits so that the generated frequencies are closer to partial 
frequencies than in the conservative system. 
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Let us consider the situation within a synchronism or hysteresis region where two possible 
oscillation frequencies, œ; and œz, can exist simultaneously. In this case, the gate-source 
voltage vı in Figure 3.7a can be represented by 


vı = Vi cos wıt + V2 cos wot (3.95) 


where the phases can be omitted because these frequencies are independent. 
Substituting Equation (3.95) into Equation (3.83) allows us to define the fundamental com- 
ponent of the drain current with a frequency w; as 


V? + 2V V2 
H= (ev: > aa) cos wt (3.96) 


From Equation (3.96) it follows that, in the presence of both frequencies, the average 
transconductance of the device at a frequency w; is equal to 


V? +2V; 
———a 
4 


Similarly, the average transconductance of the device at a frequency œ is equal to 


&mi (V1, Vo) = §&m — 3 (3.97) 


2V? + V? 
COREE 
4 
From Equations (3.97) and (3.98) we can conclude that simultaneous coexistence of two 
frequencies established under soft start-up conditions reduces mutually the values of the av- 
eraged transconductance. To determine the steady-state amplitudes of the oscillations, V; and 
V2, we need to substitute Equations (3.97) and (3.98) into Equation (3.88). As a result, 


&m2(V1, V2) = 8m — (3.98) 


V? +2V; 2 qe 

Moe, (sm 2 Ha) = 28; + 28) 4 (3.99) 
02 1 
2V? + VŽ 2 Ww 

Mo (sm - Mita) = 25; + 28) (3.100) 
02 2 


where the left-hand sides of the equations describe the energy input into the main and additional 
resonant circuits while their right-hand sides define the energy losses in these resonant circuits. 
If for Vı = Vz = 0, the energy input is larger than energy losses in both resonant circuits, then 
the start-up conditions for the self-oscillations with frequencies w; and œ are satisfied and 
their amplitudes begin to grow. The voltage amplitudes V; and V2 increase as long as the losses 
for any of the oscillations become equal to the incoming energy. Let it first be the case of the 
oscillations with frequency w when the voltage amplitude V} will no longer increase, while 
the voltage amplitude Vı will continue growing. When the energy input becomes less than 
the losses at the frequency w2, the amplitude V2 begins to decrease, resulting in increase of the 
amplitude V;. As a result, V2 decreases down to zero while V; can increase its value until the 
following conditions are satisfied: 


v2 D 1:9; 

Moala as ) S08; 35 (3.101) 
4 fo = OF 
y2 2 na 

May, (sn - Yas) < 28) + 25e (3.102) 
02 2 
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where Equation (3.101) is the steady-state condition for the oscillations with frequency w; and 
amplitude V,. Equation (3.102) shows that the energy losses exceed the energy input at the 
frequency w2. 

Similarly, the steady-state conditions for oscillations with frequency œz and amplitude V2 
can be obtained in the form 


V2 re. 

Mad, ( gm — —2a3) = 25; + 28.0 (3.103) 
4 Wp = 3 
V2 Do 2 

Mot gn ay) 2b e (3.104) 
2 Oy — OF 


It should be noted that oscillations with frequency w; described by Equations (3.101) and 
(3.102) are stable. Let, for instance, the voltage amplitude V; increase slightly. In this case, the 
left-hand side of Equation (3.101) becomes less than its right-hand side, resulting in a decrease 
of the amplitude V,. If the amplitude V2 decreases slightly, the energy input becomes larger 
than losses and amplitude V, decreases again. Similarly, the oscillations with frequency w2 
described by Equations (3.103) and (3.104) are stable as well. 

Now consider the biharmonic mode described by Equations (3.99) and (3.100). For a small 
increase of amplitude V4, the energy input at the frequency w decreases faster than the energy 
input at frequency w1, contributing to a fast decrease of amplitude V2. As a result, the energy 
input at frequency œ; increases until only oscillations with frequency w; are established. On 
the contrary, the small decrease of the amplitude V; results in the only oscillation frequency 
w2. Hence, a biharmonic mode with simultaneous existence of both frequencies is unstable. 

The further analysis will be based on the behaviour of the oscillator with two coupled 
resonant circuits when partial frequencies of the main or additional resonant circuits are tuned. 
From Figure 3.10a it follows that, for the case of wo1 « wo, only oscillations with frequency 
w; Close to partial frequency wo; can be established in the oscillator. With increasing wo, the 
oscillation system with two coupled resonant circuits creates aregion where there is a possibility 
of oscillations at both frequencies w and w2. This region is called the frequency pulling range. 
In the pulling range, the generation mode for any of two possible frequencies depends on 
frequency, which exists first in the oscillation system. If the pulling range is entered from 
the side of small frequencies wo,, then oscillations with frequency œw; and amplitude V; will 
exist. With further increasing wo , the oscillation system will suddenly change the generation 
mode into oscillations with frequency w and amplitude V2 at wo; = @ 1. If the pulling range 
is entered from the side of large frequencies wo,, then oscillations with frequency œ and 
amplitude V2 will occur. The sudden change into a generation mode with frequency œz and 
amplitude V> will take place at frequency w12 which is much smaller than w11. The frequencies 
@11 and @12 determine the borders of the pulling range when the stability conditions are 
violated. The frequency and amplitude stability conditions can be analysed separately. So, the 
frequency stability conditions are violated at frequencies at which the curve œ? = f (o7) shown 
in Figure 3.10a has a vertical tangent. The amplitude instability occurs when conditions given 
by Equations (3.102) and (3.104) are not satisfied. For instance, let the conditions given by 
Equations (3.101) and (3.103) be met at a certain frequency wo. With increasing wo , frequency 
w; also increases and approaches wọo2. In this case, the right-hand side of Equation (3.101) 
increases and voltage amplitude V; decreases. At the same time, the right-hand side of Equation 
(3.102) decreases, while its left-hand side increases. Finally, at some value of wọ, the inequality 
in Equation (3.102) changes sign. The energy input at frequency w becomes larger than the 
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Figure 3.11 Amplitudes of oscillations versus partial frequency of the main resonant circuit 


losses, and the oscillation system will change its mode into oscillations with frequency œw and 
voltage amplitude V2. The reverse transition to an oscillation mode with frequency œw; can take 
place only with decrease of wo, when, at wo, = @ 2, the condition given by Equation (3.104) 
will be violated. 

The behaviour of the oscillation amplitudes V; and V2 versus partial frequency wo; is shown 
in Figure 3.11. The ratio of the amplitudes at the border of the pulling range when wo) = 11 
can be obtained from Equations (3.100) and (3.101). The amplitude V2, which is established in 
the oscillator after the jump, is \/2 times greater the amplitude V; that existed in the oscillator 
before the jump. Accordingly, the amplitude V,, which is established in the oscillator after the 
jump, is v2 times greater the amplitude V2 that existed in the oscillator before the jump at 
another border when wo; = %12. 

Generally, for the case of strong coupling between resonant circuits when wk > 25 (the left- 
hand side insignificantly exceeds the right-hand side), the pulling range is bounded by the fre- 
quency instability. However, when wk >> 26, the pulling range is bounded by the conditions of 
amplitude instability. When a self-excitation of the oscillations occurs within the pulling range, 
the steady-state operation mode depends on the initial conditions of the oscillation system. 

Thus, an analysis of the oscillator with two coupled resonant circuit shows that, under the 
effect of the resonant load in a certain frequency range, it can change its oscillation frequency 
and amplitude, cease oscillation at all (damping mode) or enter the mode with sudden changes 
of its oscillation frequency and amplitude. Therefore, when designing a single-frequency 
oscillator using a resonant load, it is necessary to minimize the effect of such a load on the self- 
oscillating circuit. However, in some case, the pulling effect can be used to stabilize the oscil- 
lation frequency if the quality factor of an additional resonant circuit is very high. For example, 
the crystal resonator at RF frequencies and dielectric or cavity resonators at microwave fre- 
quencies can be used. On the other hand, if the quality factor of an additional circuit is small 
enough, it is possible to provide a linear varactor tuning of the oscillation frequency. 

Assume that the partial frequency of an additional resonant circuit varies with the varactor 
tuning. In this case, the capacitances C2 shown in Figure 3.7 are the equivalent varactor 
capacitances. Then, the oscillation frequency, the higher of two possible values, moves along 
the curve as shown in Figure 3.10b, where the bold section represents a linear tuning frequency 
bandwidth. The tuning linearity is improved by increasing the frequency sensitivity to the 
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varactor capacitance variation at higher frequencies where the varactor capacitance has a 
smaller value and is less sensitive to the bias voltage. In order to avoid the frequency jumping, it 
is necessary to define the upper curve border when the dependence œ? = f (wp) has ahorizontal 
tangent and the derivative d(w”)/ d(@,) becomes equal to zero. Analysing Equation (3.89) in 
extremum, maximum varactor tuning frequency @2max for stable operation conditions can be 


determined as 
@2 max = on fy 1- Lomp (3.105) 


where Qomax is a quality factor of the additional resonant circuit at @2max. It follows from 
Equation (3.105) that the value of @2max depends substantially on the coupling coefficient k, 
and, for a monotonic varactor tuning without frequency jumping, the quality factor Qomax 
should be sufficiently small. 


3.6 PHASE PLANE METHOD 


The phase plane method is a qualitative method of an analysis of the dynamics of the oscil- 
lation systems described by second-order differential equations [11—13]. It is based on the 
representation of the totality of motions of such oscillation systems on the x, y plane, where 
x and y are orthogonal Cartesian coordinates. The x, y plane is called the phase plane, each 
point of which fully determines the state of the oscillation system at some moment in time t. 
It is assumed that the electrical behaviour of the oscillation systems with a resonant LC circuit 
is expressed through the system of the two first-order differential equations: 


dx 
77 P(x,y) (3.106) 
dy 
w Q(x, y) (3.107) 


By representing the second-order differential equations given by Equations (3.5) and (3.6) 
in a general form 


dx dx 2 
a + 25(x) + wx = 0 (3.108) 
Equation (3.108) can be rewritten as a system of the two first-order differential equations 
ae (3.109) 
a l 
dy 2 
T = —28(x)y — wA (3.110) 
Equations (3.109) and (3.110) are the particular case of Equations (3.106) and (3.107) when 
PQ, y)=y (3.111) 
O(x,y) = —26(x)y — wax (3.112) 


Plotting the values of the variables x and y along the proper coordinate axes yields the 
phase plane, whose points represent all possible states of the oscillation system. The instant 
state variation of the system is associated with the motion of a certain point on the phase plane, 
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which is called the representative point. A path followed by the representative point is called 
the phase trajectory. The velocity of such representative point is called the phase velocity. 

The direction of the phase velocity is a tangent to the phase trajectory at any point. Through 
its phase plane components 


v = = P(x, y) (3.113) 
eer en (3.114) 
dt 


the magnitude of the phase velocity can be written as 


Vy = JV + v2 = y P?(x,y) + O7(x,y) (3.115) 


The phase plane mapped out by the phase trajectories gives an easily interpreted phase 
portrait, which determines the behaviour of the oscillation system at any initial conditions. To 
plot the phase trajectories in the form of the dependencies y(x), it is necessary to eliminate 
time f as a variable from Equation (3.108). Dividing Equation (3.114) by Equation (3.113) 
results in an equation for the phase trajectories in the differential form 


dy _ Qx,y) 
dx P(x,y) 


Integrating Equation (3.116) for separate variables allows us to represent the equation for 
the phase trajectories in an analytical form of y(x). Such an analytical dependence in an 
explicit form can be obtained in some simple cases, for example, for a lossless resonant LC 
circuit. However, in most cases, it is necessary to use numerical methods to calculate the phase 
trajectories. 

Equation (3.116) determines directly a single tangent to the phase trajectory at each point 
of the phase plane, with the exception of the point xo, yo, where simultaneously 


O(X0, Yo) = P (xo, Yo) = 0 (3.117) 


i.e., the direction of the tangent becomes indeterminate. Such points are called singular points 
of the given differential equation. The phase velocity in singular points is equal to zero as 
dx /dt = 0 and dy/dt = 0. The singular points correspond to the state of equilibrium since the 
coordinates of the representative point do not change in time. 





(3.116) 


3.6.1 Free-running oscillations in lossless resonant LC circuits 


Free-running oscillations in lossless resonant LC circuits can be described in the general form 


dx 2 
— +t ox = (3.118) 


Let us represent the second-order differential Equation (3.118) in the form of the two 
first-order differential equations given by Equations (3.109) and (3.110) as 


dx 

hee 3.119 
gx? ( ) 
d 

2 -olx (3.120) 
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Figure 3.12 Free-running oscillations in a lossless resonant LC circuit 


Dividing Equation (3.120) by Equation (3.119) allows us to obtain an equation for the phase 
trajectories in the differential form 


d 
SARET (8.121) 
dx y 
Separating variables and integrating Equation (3.121) resulting 
x? S pa C (3.122) 
2 20% 


where C is the constant of integration defined by the initial conditions. 
The phase trajectories corresponding to different values of C represent a family of nested 
ellipses, as shown in Figure 3. 12a. In this case, there is only one singular point atx = 0, y = 0, 
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which is called a centre. The phase velocity calculated according to Equations (3.115), (3.119) 
and (3.120) has nonzero value at any point on the elliptic trajectories. This means that each 
ellipse corresponds to the periodic oscillations with different amplitude, depending on an initial 
condition lying on the ellipse. 

Changing the scale of one of the coordinate axis allows transforming the phase trajecto- 
ries from elliptic to circular. For example, replacing x by x; = wox and its substituting to 
Equation (3.122) yields 


xt + y? = 202C (3.123) 
resulting in circular trajectories enclosing each other, as shown in Figure 3.12b. Each circular 
trajectory has a radius of 

r = 4/2aC (3.124) 


with constant phase velocity corresponding to any point equal to 


oy he a 3.125 
OC om 


and the same angular velocity along any phase trajectory of w = wo. Hence, at any deviation 
from the equilibrium state, sinusoidal or harmonic oscillations x(t) arise in such an oscilla- 
tion system with amplitude and phase determined by the initial conditions at tọ, as shown in 
Figure 3.12c. 





3.6.2 Oscillations in lossy resonant LC circuits 


The oscillations in lossy resonant LC circuits are described by a second-order differential 
equation in the general form 
BE io fi) a (3.126) 
— +a— x= ; 
dt? dt 
where a = 28, b = Ore The transient response in such a resonant LC circuit has an oscillating 
character if the roots of the characteristic equation 





Pi2= -5 + (5) -b (3.127) 


have complex values when b > a2/4. To simplify further analysis, let us assume that 
8 << ay (3.128) 
Then, a solution of Equation (3.126) can be represented as 
x = Aexp(—sr) sin(@;t + d) (3.129) 


where the amplitude A and phase ¢ are determined by the initial conditions, and the oscillation 


frequency is equal to 
wi =a, — & (3.130) 
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Figure 3.13 Oscillations in a lossy resonant LC circuit 


To define the behaviour of the phase trajectories, let us differentiate Equation (3.129). Then, 


dx ô 
y= a Aq exp(—ôt) [costo + @) — — sin(wıt + 6)| (3.131) 
@| 
By using an assumption given by Equation (3.128), Equation (3.131) is simplified to 


y = Aa, exp(—st) cos(@ t + $) (3.132) 
Replacing x by x; = a,x allows us to obtain Equation (3.129) in the form 
xı = Aq, exp(—st) sin(wıt + $) (3.133) 


To plot the phase trajectories on the plane (x1, y), let us rewrite Equations (3.132) and 
(3.133) in the polar coordinates y = r cos y and x; = r sin Y, where 


w=ait+¢ (3.134) 
r = @,Aexp(—ér) (3.135) 


By excluding the time ¢ from Equations (3.134) and (3.135), the phase trajectories for the 
oscillations in the lossy resonant LC circuit can be calculated from 


r = wAexp |-= (vy — 6)| (3.136) 


From Equation (3.136) it follows that the phase portrait on the plane x1, y will be a family 
of shrinking logarithmic spirals with an asymptotic point at the origin of the coordinates, as 
shown in Figure 3.13a. Each spiral corresponds to a damped oscillation process tending to 
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the position of equilibrium at the origin of the coordinates, which is a stable singular point. 
Such a singular point, which is an asymptotic point for all phase trajectories having the form 
of shrinking spirals enclosed in each other, is called a stable focus. 

If the dissipation factor 6 is negative, which is a result of the positive feedback or negative 
resistance, the magnitude of radius r in Equation (3.136) will grow exponentially in time to 
infinity. The phase portrait corresponding to such a situation will be a family of untwisted 
logarithmic spirals, as shown in Figure 3.13b. Each spiral corresponds to an exponentially 
growing oscillating process originating from the position of equilibrium at the origin of the 
coordinates, which becomes an unstable singular point. Such a singular point, which is a 
starting point for all phase trajectories having the form of untwisted spirals enclosed in each 
other, is called an unstable focus. 


3.6.3 Aperiodic process in lossy resonant LC circuits 


In a common case, a general solution for the second-order differential Equation (3.126) and 
its derivative is obtained as 


x = Ajexp(pit) + Az exp(prt) (3.137) 
dx 
y= T = Api exp(pıt) + A2 p2 exp(p2t) (3.138) 


where A, and A, are determined by the initial conditions. 

For real roots of the characteristic equations, the process described by Equation (3.126) is 
aperiodic. In this situation, there are three possible cases depending on the values of parameters 
a and b: 


e for any a,b < 0 and pı > 0, pp < Oor pı < 0, p > 0 


If A; Æ 0 and Az ¥ 0, then one component in Equations (3.137) and (3.138) tends to zero 
while another tends to infinity. Consequently, the system moves away from the state of 
equilibrium in due course. The phase portrait represents a family of equilateral hyperbolas 
referred to their principal axes, shown in Figure 3.14a. The two asymptotes of this family 
pass through the origin of the coordinates, which is the only singular point. Such an unstable 
singular point is called a saddle. 


a > 0,0 <b < (0.5a)}? and pı < 0, p2 < 0 


Both components in Equations (3.137) and (3.138) tend to zero. This means that any repre- 
sentative point aperiodically approaches a singular point in due course. The velocity of its 
motion reduces to zero only at the origin. The phase portrait represents a family of parabolas 
passing through the origin of the coordinates, which is a stable singular point, as shown in 
Figure 3.14b. Such a singular point is called a stable node. 


a < 0,0 <b < (0.5a)} and pı > 0, p > 0 


Both components in Equations (3.137) and (3.138) tend to infinity. This means that any 
representative point aperiodically moves away from a singular point in due course. The 
phase portrait represents a family of parabolas passing through the origin of the coordinates, 
which is an unstable singular point, as shown in Figure 3.14c. Such a singular point is called 
an unstable node. 
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Figure 3.14 Aperiodic process in a lossy resonant LC circuit 
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Figure 3.15 shows the complete stability diagram determining the location of all possible 
singular points on the plane of a, b, which are the coefficients of the second-order differential 
equation given by Equation (3.126). The behaviour of the phase trajectories in the vicinity of 
the singular point completely determines its stability. In particular, if the representative point 
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Figure 3.15 Complete stability diagram 
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y = dv/dt y = dv/dt 


a). b). 


Figure 3.16 Phase portraits of self-oscillations 


moves away from the state of equilibrium, the latter is considered unstable. However, if the 
representative point approaches the state of equilibrium, it is considered asymptotically stable. 

If the representative point is moving along the closed phase trajectory and its phase velocity 
never becomes zero, i.e., such a phase trajectory never passes a singular point, then, on expiry 
of a certain period of time, the process of motion on the phase plane will recur. Such a phase 
trajectory characterizes the periodic free-running oscillations shown in Figure 3.12 and is 
called a limit cycle. If the phase trajectories are approaching the limit cycle in time as shown 
in Figure 3.16a, then such a limit cycle is called stable, corresponding to a stable oscillation 
process. On the contrary, the limit cycle, with phase trajectories moving away from it, is called 
unstable, corresponding to an unstable oscillation process. 


3.6.4 Transformer-coupled MOSFET oscillator 


Consider the transformer-coupled MOSFET oscillator, the simplified equivalent circuit of 
which is shown in Figure 2.1b (see Chapter 2). Assume that the transfer function of the 
MOSFET device can be approximated by Equation (3.83). Then, the second-order differential 
equation given by Equation (1.53) (see Chapter 1), which describes the behaviour of such a 
transformer-coupled oscillator, can be rewritten in the form 





sd + (26 + yy + av =0 (3.139) 
where 
azM 
Vm Gre (3.140) 


Figure 3.16a shows the phase portrait of the oscillations for a soft start-up condition cor- 
responding to a coupling coefficient of M = M3 (see Figure 2.6a in Chapter 2), when only 
two steady-state operation modes are possible: a state of equilibrium (point 0) and a state of 
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periodic oscillations (point A3). For such a case, let us represent Equation (3.139) by 


dv 


aaa 3.141 
ree: ( ) 
dy 2 2 

Sp = AS + yvy + oH] (3.142) 


where 6 < 0 and y > 0. 
The phase velocity can be obtained as 





v = Vy? + [28 + yey + ox]? (3.143) 


which allows us to define the coordinates of the singular points when v, = 0. Since both com- 
ponents under the square root sign on the right-hand side of Equation (3.143) are positive, 
the only singular point is zero. For small voltages v, Equation (3.139) is similar to Equa- 
tion (3.126) with negative coefficient a when a singular point behaves as an unstable focus 
with the corresponding phase trajectories shown in Figure 3.13b. For large voltages v, the so- 
lution of Equation (3.126) will contain the exponentially decreasing amplitude resulting in the 
damped oscillation process. For a particular value of the oscillation amplitude corresponding 
to the situation when the positive feedback in the oscillator (or induced negative resistance) is 
compensated by the losses in its resonant circuit, the periodic oscillation process is established 
in the oscillator, as shown in Figure 3.12. The phase portrait of such periodic oscillations is 
shown in Figure 3.16a where the stable periodic oscillations are characterized by the stable 
limit cycle. 

The phase portrait of the oscillator characterized by a hard start-up condition corresponding 
to a coupling coefficient M = M3 (see Figure 2.7a in Chapter 2) is shown in Figure 3.16b 
with three possible steady-state operation modes: a stable state of equilibrium (point 0), an 
unstable state of the periodical oscillations (point B3) characterized by an unstable limit cycle, 
and a stable state of periodic oscillations (point A3) with the stable limit cycle. The limit 
cycles shown in Figure 3.16 separate the regions of different character of the phase trajectories 
corresponding to growing or damping oscillation processes. 


3.7 NYQUIST STABILITY CRITERION 


The Nyquist criterion is intended to test for stability of a closed-loop system based on the 
analysis of the transfer characteristic of its open-loop equivalent [12, 13]. In the case of 
complicated systems described by high-order differential equations when it is very difficult to 
obtain the solutions in an analytical form, a Nyquist graphic technique can help to determine 
the circuit stability in a much easier and clear way. Strictly saying, such an approach is applied 
to the stability analysis of the only linear time-invariant circuits. However, it can also be useful 
to determine the steady-state oscillation modes and their stability for the oscillation systems 
characterized by slowly varying amplitudes [14]. 

Figure 3.17a shows the two-port network with external feedback or closed-loop two-port 
network, where Zin is its input impedance. Now let us transform this circuit into the open-loop 
two-port network, as shown in Figure 3.17b, keeping its operating capability the same by 
connecting the input impedance Zin as load impedance. The transfer characteristic of such a 
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Figure 3.17 Closed-loop and open-loop two-port networks 


open-loop two-port network is defined by 


T (jw) =T exp(jg) = = (3.144) 
where V2 and V4 are the magnitudes of the output and input voltages, respectively. The trajectory 
of the phasor T(j@) on the complex plane by varying frequency w from 0 to œ is called a 
magnitude—phase characteristic or Nyquist plot. 

For small oscillation amplitudes when all circuit elements can be considered as linear, the 
electrical behaviour of the closed-loop two-port network shown in Figure 3.17a can generally 
be described by a linear nth-order differential equation 





d’ v2 dlu duz 
— ti E nv = 0 3.145 
gr a +...+a ia + anv ( ) 


A solution of Equation (3.145) represents a sum of the components in the form 
v2 = V2 exp(pr) (3.146) 


Substituting Equation (3.146) into Equation (3.145) allows us to obtain the characteristic 
equation 


D(p) = aop" tap" | +...+4n1p +a, =0 (3.147) 
which can be written as 
v = A exp(pit) + Ve exp(pot) +... + y% exp(pnt) (3.148) 


where p1, p2, ..., Pn are the roots of the characteristic equation given by Equation (3.147). 
As a result, Equation (3.145) can be rewritten in the form 


DV2exp(pt) = 0 (3.149) 
The left-hand side of Equation (3.147) can be represented by 
D(p) = ao(p — pıX(p — p2). . (P — Pn) (3.150) 


By introducing a substitution of p = jæ into the right-hand side of Equation (3.150), we 
can write the characteristic polynomial D(p) in the complex form 


D(jo) = ajo — pro — p2)... Go — Pn) (3.151) 
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Each factor in Equation (3.151) can be represented in the complex plane by a phasor 


rk = jæ — p = rk exp Ge) (3.152) 
whereas, the characteristic polynomial can be represented by a phasor 
D(jo) = ao explo) | [rr (3.153) 
k=1 


where 


n n 
Fite okt = | [7x YK = 9 
k=1 k=1 


When frequency w varies, each of the phasors r changes its position and total phase angle 
ọ determines the direction of the resultant phasor D(jw). Let us consider the possible variations 
of the phase angles py when frequency w varies from zero to infinity for the following different 
values of the roots p k+1 = Oe + J Bx: 





© pe = ay < Ois real and negative, and the phasor rg rotates counterclockwise by 


Pk = 1/2 


Pkk+1 are conjugate with negative real part a, < 0, and the phasors rg and rg4ı rotate 
counterclockwise by pg = 2/2+y and gy, = 2/2 — y, where y = tan”!(6;/a,), with 
total phase rotation of 


Pk + Pepi = 7 


Pk = a > Q is real and positive, and the phasor rg rotates clockwise by 


Pk = —7/2 


Pk k+1 are conjugate with positive real part a, > 0, and the phasors rg and 7,4 rotate clock- 
wise by gg = —(/2+ y) and +1 = —(7/2 — y), respectively, with total phase rotation 
of 


Pk + Pk+1 = T 


In this situation, the first two cases correspond to the stable systems when the average 
variation of the phase angle is equal to x /2 for the frequency variation from 0 to oo. 

Let us assume that the input impedance of the closed-loop two-port network shown in 
Figure 3.17a is real, i.e., Zin = ReZin. In this case, the electrical behaviour of the open-loop 
two-port network shown in Figure 3.17b can generally be described by the linear differential 
equation of the same order 





dv» aes a 
b bi —— by b 
oap ae t T qr T Pave 
Prd dlp, dv, 
z m— m 3.154 
Cor Tege e -+e Is tem ( ) 


Let vı = V; exp(pr) and v = V2 exp(pt). Then, Equation (3.154) can be rewritten in the 
form 


DoV2 exp(pt) = DV, exp(pt) (3.155) 
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where Do and D; are the characteristic polynomials 
Do(p) = bop" + bip" | +... + bn-ip + bn 
D,(p) a cop” + ap ST dase ale Cm—-1P F Cm 


For a closed-loop circuit, we have vı = v2. Consequently, Equation (3.155) can be rewritten 
as 


(Do — D1)V2 exp(pt) = 0 (3.156) 
Comparison of Equations (3.149) and (3.156) shows that, for any p, 
D = Do — D; (3.157) 


For the case of the harmonic voltage vı = V; exp(jæt) at the input of the open-loop two-port 
network, the complex transfer function T (jœ) defined by Equation (3.144) can be rewritten as 








T(jo) = DY _ 1 FU) (3.158) 
Do(jo) 
where 
Dijo) 
F(jw) = Dojo) (3.159) 


From the definition of polynomial D(p) given by Equation (3.154), it follows that, from a 
total number of n roots of the characteristic equation D(p) = 0, nı roots have negative real 
parts and n2 roots have positive real parts. Then, as frequency w varies from zero to infinity, 
the phasor D(ja) rotates in the angle of (nı — nz) /2. By assuming the stable operation of the 
open-loop two-port network when all n roots of the characteristic equation Do(p) = 0 have 
negative real parts, the total rotation angle gp of the phasor F (jæ) can be calculated from 


T 
p= ni mEn a (3.160) 


The system is stable if all n roots of its characteristic equation have negative real parts, i.e., 
nı =n and m = 0. Hence, it follows from Equation (3.160) that the state of equilibrium of 
the closed-loop system will be stable, if, for variation of frequency w from 0 to oo, the total 
clockwise rotating angle gpf of the phasor F (jæ) is equal to zero, i.e., pp = 0. If n2 ¥ 0, for the 
stable open-loop system, the closed-loop system is always unstable as nı — n2 — n Æ 0. 

Figure 3.18 shows the magnitude—phase characteristic of the phasor F(jw) on the complex 
plane. Here, Figure 3.18a illustrates an unstable state of equilibrium as the total phasor angle 
gr rotating in the clockwise direction is equal to gp = —27. Figure 3.18b,c demonstrate the 
stable states of equilibrium as gp = 0 for them. 

Now transform the Nyquist plot of the phasor F(j@) on the F-plane to the Nyquist plot of 
the phasor T(jw) on the T-plane according to Equation (3.158). First, it is necessary to map 
a plot of the phasor —F(jw), and then move it to the right by 1, resulting in appropriate plots 
shown in Figure 3.19a,b,c. The origin (0, 0) of the F-plane becomes the point (1, 0) on the 
T-plane. The phase angle on the T-plane is defined as a rotation angle of the phasor T(jw) 
drawn from the point (1, 0) to the point (T , p) when the frequency w varies from 0 to oo. 

Thus, a Nyquist stability criterion can be formulated as follows: the state of equilibrium of 
the closed-loop system is stable if the locus of the phasor, which determines the magnitude— 
phase characteristic of the open-loop system, does not go through nor encircle the point (1, 0). 
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Figure 3.18 Nyquist plots of phasor F (jæ) 
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Figure 3.19 Nyquist plots of phasor T(jw) 
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Figure 3.20 Mikhailov plots of phasor Dia) 


Consequently, Figure 3.19a corresponds to an unstable state of equilibrium, whereas Fig- 
ure 3.19b,c correspond to the stable states of equilibrium. 

In some cases, when using a Nyquist stability criterion, it is difficult to predict exactly 
whether an oscillator circuit can be stable at the state of equilibrium or not; for example, for an 
unstable open-loop circuit or when the order of the characteristic polynomial for the closed-loop 
system is higher than that of for the open-loop system. In this case, it is possible to characterize 
the stability conditions directly from the characteristic polynomial of the closed-loop system 
in the complex form given by Equation (3.151) [12, 15]. 

The derivation of the system stability conditions are based on an analysis of the motion of 
the phasor D(jw), the magnitude—phase characteristic of which is defined in Equation (3.153). 
Consideration of the frequency behaviour of the phasors rg results in the following criterion 
which is called the Mikhailov stability criterion: the state of equilibrium of the system described 
by the nth-order differential equation is stable if its phasor Dj) rotates by the total phase 
angle g = nz/2 in the counterclockwise direction as frequency w varies from 0 to oo. If the 
phase angle @ differs from the values of n7 /2, the state of equilibrium is unstable. 

Figure 3.20 shows the plots of the phasor D(jw) corresponding to the stable conditions of the 
systems described by differential equations of different orders. It follows from Equation (3.147) 
that the initial point when w = 0 is always located on the right-hand side of the complex plane 
having areal number, because D(O) = a, when p = 0 and all coefficients of the characteristic 
equation D(p) should be positive for the stable system. Each n curve turns counterclockwise 
around the origin, moving to infinity in an appropriate part of the complex plane. The system 
becomes unstable if any trajectory intersects the right-hand side of the real axis instead of the 
top part of the imaginary axis, which means that such a trajectory does not encircle the origin 
and one of the roots has a positive real part. 


3.8 START-UP AND STABILITY 


To illustrate a Nyquist stability criterion, consider the start-up condition of the transformer- 
coupled MOSFET oscillator shown in Figure 3.21a. Disconnecting the circuit at the points 
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Figure 3.21 Schematics of transformer-coupled MOSFET oscillators 


1-1’ results in the modified equivalent oscillator circuit shown in Figure 3.21b. Let a MOSFET 
device be represented by an ideal voltage-controlled current source. Then, under an assumption 
of small-signal conditions, the drain current fundamental complex amplitude J can be obtained 
as 


I = gm Vin (3.161) 


where gm is the small-signal device transconductance. 
The driving-point impedance Z (jw) of the resonant circuit is written as 





V 1 1 aN R 
Z=>=(5+——+joc) = — (3.162) 
w. 
Wo (02) 


where 


Q =a@RC = — (3.163) 
woL 
is the quality factor of the resonant circuit at the resonant frequency wo [16]. 
The output voltage magnitude Vou is defined through the voltage magnitude V as 


M 
Vou = ma (3.164) 


It should be noted that the drain—source fundamental voltage is out-of-phase with the fun- 
damental voltage across the parallel resonant circuit as an increase in the drain current results 
in the decrease of the drain-source voltage and an increase of the voltage across the parallel 
resonant circuit. 

As aresult, the complex transfer function T(jæ) of the circuit in Figure 3.21b can be obtained 
using Equations (3.161—3.164) as 


Vou Mem 1 
Tioj te S (3.165) 


Va L 1+j0(2-2) 
0 
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Figure 3.22 Nyquist locus of a MOSFET transformer-coupled oscillator 


Hence, the magnitude and phase of the complex transfer function T(jæ) can be written, 
respectively, in the form 


T(@) = —= = Tocos o (3.166) 
Li 1+ tan?°g 

-1 w wo 
g(@m) = —tan | Q | — — — (3.167) 

Wo (2) 

where 
MemR 

To = T (wo) = i (3.168) 


is the magnitude of the transfer function at the resonant frequency wọ when w = wọ and g = 0. 
The locus of the phasor T(ja) plotted in the complex plane as w varies from 0 to oo is shown 
in Figure 3.22. It is a circle with centre (79/2, 0) and radius To /2 according to 
To 


To 2 2 
[Rer ie — 2] +1m’T (jo) = (2) (3.169) 


which can be obtained by a rotation of the phasor T(j@) with different values of its magnitude 
T and phase ¢ calculated from Equations (3.166) and (3.167). 

According to a Nyquist stability criterion, the oscillation start-up condition is provided 
when Tọ > 1 or, using Equation (3.166), 


L 
M >» — (3.170) 
mR 


which is identical to that of derived from the second-order differential equation given by 
Equation (1.53) (see Chapter 1). The oscillation frequency w is determined by setting Equa- 
tion (3.167) to zero, corresponding to a condition of complete phase compensation in the 
oscillator, from 
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Figure 3.23 Circuit schematic of the parallel feedback bipolar oscillator 


In most cases, the locus of the phasor T(jw) represents a closed curve going through the 
origin because T(w) = 0 for w = 0 and w = ow. For w = 0, this occurs when one part of 
the electrical circuit is connected to another part through a blocking capacitor with a certain 
capacitance value. For œw = ov, it is a result of a shunt output capacitance of the device or 
resonant circuit capacitance connected in parallel to the load. 

Now consider the examples of the parallel feedback and negative-resistance bipolar oscilla- 
tors to illustrate the start-up predictions based on a stability analysis [17]. For a parallel feedback 
oscillator with a complex transfer function (or loop gain) T(jq@), the start-up conditions can be 
written as 


Mag [T (ja)] > 1 (3.172) 

Phase [T (jw)] = 0 (3.173) 

which are similar to Equations (2.8) and (2.9), respectively (see Chapter 2). Figure 3.23 shows 
the circuit schematic of the parallel feedback bipolar oscillator. For the idealized transis- 
tor, which is considered simply as a voltage-controlled current source with the small-signal 


transconductance gm = 1 /Vin, the loop gain of the oscillator circuit in symbolic form can be 
written as 


2 L 
T(p)= 





T 3.174 
Cap? + ap? + ap + ao i i 


where 


To = EmRL 


C C 
= LC2RıCı | L+ — + — 
a3 RC (1+ E) 


L 
a = L(C + C2) + pees + C2) 


L 
“m= + Ri(Cı + C2) 


ao = 1 
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Figure 3.24 Root locus for the parallel feedback bipolar oscillator 


where R, is the load resistance, R, L and C are the parallel resonant circuit elements, Cı and 
C2 are the feedback capacitances. 

Analysing the roots of the characteristic equation 1 — T (p) = 0 enables determination of 
the stability properties of the oscillator. Figure 3.24 shows the root locus on the p-plane as 
a function of gm, where values g’, and g”, correspond to the boundary conditions when the 
roots pı and p, are purely reactive. Hence, the roots pı and p> have positive real parts within 
the range gi, < gm < gi, corresponding to the circuit instability with a growing oscillation 
signal. At the same time, the circuit is stable when gm < gi, and gm > gi”, because the loop 
gain is either too small or too large, producing a decaying oscillation signal in response to an 
excitation. 

Another way to determine the stability conditions is to generate a Nyquist plot for the os- 
cillator circuit. Figure 3.25 shows the Nyquist plots for a parallel feedback bipolar oscillator 
for bias conditions corresponding to (a) gh < gm < gi and (b) gm > g”, respectively. Fig- 
ure 3.25a shows the two clockwise encirclements of the point (1, 0) that indicates that two roots 
of the circuit characteristic equation have positive real parts, showing the circuit instability. 


ImT ImT 


a). b). 


Figure 3.25 Nyquist plots of phasor T(jæ) for the parallel feedback bipolar oscillator 
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Figure 3.26 Circuit schematic of the common base bipolar oscillator 


In Figure 3.25b, the net clockwise encirclement of the point (1, 0) is zero, confirming that, 
for gm > g”, the circuit is stable. All methods of the stability analysis are valid if the start-up 
conditions (or circuit instability) hold at only one frequency and the phase characteristic (or 
circuit reactance plot) is monotonic over frequency. However, Equations (3.172) and (3.173) 
in some cases can be satisfied at a certain frequency, but the circuit will nevertheless be stable 
if we examine its root locus or Nyquist plot. Let us consider such a situation for the example 
of the negative-resistance bipolar oscillator. 

Figure 3.26 shows the circuit schematic of the negative-resistance common base bipolar 
oscillator where R, is the load resistance, L is the feedback inductance, Cı and C> are the 
feedback capacitances, Cy is the varactor junction capacitance and Ly is the varactor parasitic 
series inductance. For such a negative resistance oscillator with a varactor as a frequency- 
tuning element, which is modelled by the equivalent output impedance Zou = Rout + J Xout 
and varactor impedance Zy = Ry + jXy, the start-up conditions can be written as 


Rou(@) + Ry(@) < 0 (3.175) 
Xou(@) + Xw) = 0 (3.176) 


which are similar to Equations (2.84) and (2.85) (see Chapter 2), respectively. 

Equations (3.175) and (3.176) are the analytical start-up conditions, the fulfilment of which, 
however, cannot always guarantee the oscillation build-up and corresponding stable steady- 
state oscillation process. For example, Figure 3.27a shows the oscillator impedance character- 
istics versus frequency for load resistance Ry = 200 Q and varactor capacitance Cy = 4 pF, 
where the start-up conditions are satisfied at a frequency of 1.8 GHz [17]. However, the 
simulated transient response shows a decaying oscillation process as well as no clockwise 
encirclement of the point (1, 0) by the Nyquist plot. The root locus shown in Figure 3.27b 
indicates by points 1—4 that the roots of the circuit characteristic equation have the negative real 
parts. For a negative resistance oscillator with constant load, the frequency stability conditions 
of the steady-state self-oscillation process are given by Equation (3.31), requiring the growth 
of the real and imaginary parts of the circuit impedance or positive slope of their derivatives 
over frequency. However, it follows from Figure 3.27a that the derivative 0(X our + Xy)/d@ is 
negative at the zero point corresponding to the potential oscillation frequency of 1.8 GHz. This 
means that the steady-state self-oscillation process at this frequency is unstable, producing a 
decaying transient response. 

Figure 3.28 shows the case when, for the increased value of the load resistance Rg = 500 Q 
and reduced value of the varactor capacitance Cy = 2 pF, the start-up conditions are satisfied 
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Figure 3.27 Impedance plot and root locus for the common base bipolar oscillator (Rg = 200 2, C, = 
4 pF) © 1992 IEEE 
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Figure 3.28 Impedance plot and root locus for the common base bipolar oscillator (Rg = 500 2, C, = 
2 pF) © 1992 IEEE 
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at three frequencies, as shown in Figure 3.28a, and root locus demonstrates the positive real 
parts of the roots of the circuit characteristic equation by points 1—4, as shown in Figure 3.28b. 
We can see that the behaviour of the reactance curve Xou + Xy over frequency is very similar 
to the behaviour of two coupled resonant circuit oscillators with strong coupling having a 
hysteresis region or pulling range. In this case, two possible oscillation frequencies at 1.2 GHz 
and 3.2 GHz can exist simultaneously, having positive slopes of the reactance curve. The 
oscillation frequency corresponding to the middle branch of the reactance curve with negative 
slope at 2.1 GHz is always unstable. Moreover, a biharmonic mode with simultaneous existence 
of both frequencies is normally also unstable. 

However, for varactor frequency tuning within a pulling range, the oscillation process can 
be accompanied by sudden changes of its oscillation frequency and amplitude. The generation 
mode for any of two possible frequencies depends on the original frequency of the oscillation 
system. To eliminate the potential multi-oscillation phenomenon, it is necessary to minimize 
the effect of the parasitic reactive elements in the oscillator circuit. In particular, for the negative 
resistance common base bipolar oscillator shown in Figure 3.26, it is necessary to minimize 
the effect of the series bondwire parasitic varactor inductance. 
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4 


Optimum design and circuit 
technique 


Generally, RF and microwave transistor oscillator design is a complex problem. Depending 
on the technical requirements, it is necessary to define the configuration of the oscillator 
circuit, choose a proper transistor type, evaluate and measure the parameters of the transistor 
nonlinear model under small- and large-signal conditions. Finally, an appropriate nonlinear 
simulator must be used to simulate the oscillator performance in time and frequency domains. 
An oscillator analysis can be based on using the two-port network approach to describe the 
active device and feedback circuit. In this case, the basic parameters of the transistor equivalent 
circuit can be directly measured, or approximated on the basis of experimental data, with 
sufficient accuracy across a wide frequency range. However, the values of the external feedback 
circuit elements are initially unknown. The process of determining the optimum values of the 
feedback and load parameters can be time-consuming and, in a typical case, calls for much 
simulation. Consequently, it is convenient to use an analytic method of optimizing oscillator 
design. This method should incorporate the explicit expressions for feedback elements and 
load impedance in terms of the transistor equivalent circuit elements and its static volt-ampere 
(l-V) and voltage—capacitance (C—V) characteristics. 

Use of analytic method involves a two-step procedure. First, the optimum combination of 
feedback elements required to achieve a small-signal maximum negative resistance to permit 
oscillations at the largest amplitude is defined. Second, taking into account the nonlinearities 
of the transistor equivalent circuit elements, the maximum negative resistance condition under 
large-signal operation is characterized to determine the optimum load impedance when maxi- 
mum output power is generated for a given oscillator circuit configuration. This procedure calls 
for the use of different time-domain and frequency-domain computer-aided design methods, 
including the most popular quasilinear and harmonic balance methods. 

This chapter presents both the empirical and analytic optimum design approaches applied 
to series and parallel feedback oscillators, including circuit design and simulation aspects, and 
high-efficiency design techniques as well. Typical practical examples of RF and microwave 
oscillators using MOSFET, MESFET, HEMT, and bipolar devices, including the descriptions 
of their circuit configurations, are given. 


RF and Microwave Transistor Oscillator Design A. Grebennikov 
© 2007 John Wiley & Sons, Ltd 
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4.1 EMPIRICAL OPTIMUM DESIGN APPROACH 


Optimum oscillator design with maximum output power generally requires extensive small- 
and large-signal measurements [1]. The small-signal $-parameter measurements can be made 
at several frequencies, along with estimated device equivalent circuit parameters, including 
package parasitics. Then, a computer optimization program is used to match the measured 
S-parameters to the S-parameters computed for the active device from its equivalent circuit. 
The next step is to vary those elements of the equivalent circuit, which can vary under large 
signals. By varying the active device nonlinear equivalent circuit parameters, the set of large- 
signal $-parameters can be obtained corresponding to the saturation condition where maximum 
oscillator output power can be achieved. 

The simplified design approach assumes that all the S-parameters except the magnitude of 
S21 are constant under large signals. For example, for a MESFET device up to saturation with 
small limitation in accuracy, it is possible to derive the large-signal behaviour of the main active 
device nonlinear elements as functions of the device transconductance gm [1]. Consequently, 
the S-parameters become functions of gm only and, at each incremental reduction of gm, 
are recomputed and optimized along with power gain. If one were interested in the 1-dB 
compression point, the S-parameters used would be those at that point. 

For a common source (emitter) power oscillator, it is helpful to characterize the maximum 
power through the saturated output power Psa and small-signal transducer power gain Gr of 
the corresponding power amplifier. An empirical expression for output power of the common 
source MESFET power amplifier can be written as 





GrP; 
Pout = Psat [i-e (- T »)| (4.1) 
sat 
where Pin is the input power [1]. 
The objective is to maximize the oscillator output power Pose = Pout — Pin, that is, to provide 


a condition 
dPosc _ d (Pout = Pin) s 




















0 4.2 
dP; dP; a2) 
Substituting Equation (4.1) into Equation (4.2) yields 
dPout GrPin 
=G — =1 4.3 
dPin PEAP ( Prat ) ( ) 
From Equation (4.3) it follows that 
G Pin 
exp ( = ) =Gr (4.4) 
Prat 
or 
Pin InG 
aoe (4.5) 
Prat Gr 


As a result, 


1 
Pig Pll ise 4.6 
= Pa (1-2) 406) 
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and the maximum output power of the oscillator can be approximated by 


1 InGr 
Pose = Psa 1-—-— 47 
«= Pa (1-2-2) (7) 


Consequently, the oscillator maximum power can be predicted from the saturated power and 
small-signal transducer power gain of a common source power amplifier. From Equation (4.7) 
it follows that the oscillator output power Posce will approach Psat at low frequencies where 
the small-signal transducer power gain Gr is large. As the transducer power gain approaches 
unity, the oscillator output power approaches zero. 

In this case, the maximum efficiency power gain G me can be calculated from 








(4.8) 


For example, a MESFET device, which is characterized by the small-signal transducer 
power gain Gr = 7.5 dB and saturated amplifier output power of 1 W, would be capable of a 
maximum oscillator power of 515 mW. The maximum efficient gain at this point calculated 
from Equation (4.8) is equal to Gme = 4.3 dB. The expression for maximum efficient gain given 
by Equation (4.8) can be used to determine at what gain level the large-signal S-parameters 
are to be used for optimum oscillator design [1]. 

In a common case, there are a multitude of possible circuit configurations with feedback 
inductive or capacitive elements depending on the load connection points. Having computed the 
large-signal S-parameters following the procedure outlined before, the embedding elements for 
six oscillator topologies with three parallel feedback configurations shown in Figure 4.1a,b,c 
and three series feedback configurations shown in Figure 4.1d,e,f may be computed [2]. To 
represent the design equations for the feedback elements and load in terms of admittance Y - 
parameters or impedance Z-parameters, it is necessary to transform the S-parameters by the 
usual S to Y and Z conversion formulas. 

Based on a MSX801G device, the six MESFET oscillator circuits embedding element 
values are shown in Figure 4.2 [1]. It should be noted that not all of these circuit configurations 
can be readily realized in practice. In particular, all the configurations with parallel feedback 
are difficult to realize with a coax packaged device, because it is not so easy to physically 
locate a capacitor between the gate and drain since the source ring gets in the way. The circuit 
configurations with series feedback are more convenient for practical implementation. 

To overcome some limitations of the large-signal S-parameter measurement approach, 
the method based on the large-signal active device model for de-embedding the dominant 
nonlinearities using Equations (4.5) and (4.6) can be used [3]. Due to the similarity between 
nonlinear device operation in power amplifiers and oscillators, the results obtained for power 
amplifier design can be applied to the oscillator design as well. The device model used in this 
approach recognizes only nonlinearities associated with the transconductance gm and output 
differential drain—source resistor Ras. These two elements produce the nonlinear fundamental 
effects of practical significance [4]. The values of the linear model elements and the small-signal 
values of the nonlinear elements are derived from measured small-signal S-parameters using 
curve-fitting techniques. The main issue is the assessment of the large-signal behaviours of these 
nonlinear elements and finding their optimum operating conditions. The instantaneous values of 
8m and Ras can be described as time-invariant functions of the voltage across the intrinsic gate— 
source capacitor and the voltage across the intrinsic drain—source terminals. Consequently, the 
oscillation mode is uniquely determined by three basic parameters, the fundamental frequency 
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Figure 4.1 Oscillator topologies with parallel and series feedback 


Fourier components of these two voltages and the intrinsic load impedance. Although all 
these three parameters are generally interrelated, due to the resistive nature of both nonlinear 
model elements, an independent approximation for intrinsic load impedance can be employed 
without introducing errors of practical importance. The optimum large-signal solution for 
intrinsic load resistance (the reactive part of load impedance is compensated in a steady-state 
mode) is determined from the large-signal load line plotted on the static output voltage—ampere 
characteristic of the active device. As a result, such an approach is based on the empirical 
equations for the maximum oscillator output power, the measured static output voltage—ampere 
device characteristic, the similarity between the static and dynamic characteristics and the 
knowledge of the small-signal values of resistive model elements at the nominal bias point. 
A similar quasilinear design approach based on the measured small-signal S-parameters and 
static output voltage-ampere device characteristic to predict the oscillator output power has 
been proposed [5]. However, this method assumes that the significant nonlinear effects in GaAs 
MESFET are the rapid increase in the gate-source conductance due to the forward-biasing 
effect of the model gate-source Schottky diode and output drain—source conductance [6]. To 
maximize the output power of a series feedback MESFET oscillator, an analytic procedure was 
derived using the input and output fundamental voltages as independent variables. The sys- 
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Figure 4.2 MESFET oscillator circuit schematics with parallel and series feedback (© 1979 IEEE) 


tematic approach to oscillator design using large-signal S-parameters, which may be measured 
under high drive conditions or obtained through the use of an active device nonlinear model, is 
described elsewhere [7]. The device can be represented in a quasilinear approximation by its 
large-signal S-parameters, each assumed to be a function of a single variable, i.e., S11 and S21 
are functions of the input fundamental voltage amplitude while S12 and S22 are functions of 
the output fundamental voltage amplitude. As a result, the set of four equations describes the 
oscillation condition that requires standard computer-based nonlinear root finding methods to 
determine the optimum feedback parameters providing a delivery of maximum output power 
into the load. 

A technique for the design of microwave transistor oscillators, in which measurements 
made on an experimentally optimized power amplifier, has been presented [8]. Generally, 
the transistor power amplifier is more easily analysed and optimized than the corresponding 
oscillator because, in quasilinear approximation at a given frequency and bias point, only two 
parameters need be varied: the input RF drive level and the output load impedance. Once these 
parameters are experimentally optimized, measuring the input impedance and constructing an 
input matching circuit complete the design. In the case of the transistor oscillator, however, 
there are a multitude of possible oscillator configurations and a large number of interacting 
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Figure 4.3 Power amplifier schematic to be experimentally optimized 


circuit elements, which must be varied to optimize an oscillator for maximum power. But 
since we know that a transistor operates under the same set of RF voltages and currents when 
delivering its maximum output power, it is possible to take information obtained from an 
easily optimized power amplifier and use this information to calculate optimum oscillator 
configurations. 

The first step in this procedure is to experimentally optimize the large-signal behaviour of 
the transistor by varying the load impedance and RF drive level for the maximum output power 
delivered into the load. The incident and reflected waves a1, b1, a2, and bz shown in Figure 4.3 
can be measured with calculation of the output power delivered into the load according to 





2 
1- |S} 
Py = |b2I (: : > | n ) (4.9) 
[Sal [Sal 
where 
A b 1 b / b 
s=— Sy = S= 


S', is the input reflection coefficient | and S}, is the output reflection coefficient I’ [9]. 
Using the three measured parameters $11, 55, and $%,, it is then possible to calculate the 
required ratios of the transistor terminal voltages and currents 
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Figure 4.4 Bipolar oscillator schematic with parallel and series feedback (© 1984 IEEE) 


where V; and J; are the transistor input port voltage and current, V2 and J are the transistor 
output port voltage and current, and Rs is the source resistance considered as the characteristic 
impedance of the measuring system, as shown in Figure 4.3. 

Based on these ratios, the values of all elements of six basic bipolar oscillator configurations 
at | GHz based on silicon bipolar transistor NE73435, three with parallel feedback shown in 
Figure 4.4a,b,c and three with series feedback shown in Figure 4.4d,e,f, are obtained [8]. 
For maximum output power, the output resistive load can vary from very high to very low, 
depending on the circuit configuration. As a result, for a parallel feedback oscillator, a load 
with maximum value of 563 Q is required for a fully inductive oscillator when it is connected 
between the collector and the emitter, as shown in Figure 4.4a. To use a load with minimum 
value of 9 Q, it should be connected between the base and the emitter. In this case, the 
required external collector—emitter reactance must be capacitive, as shown in Figure 4.4b. 
By contrast for a series feedback oscillator, a high load condition can be provided by its 
connection between the base and the emitter, as shown in Figures 4.4d,f, whereas a load with 
minimum value of 36 Q is connected between the collector and the emitter, as shown in 
Figure 4.4e. 
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Figure 4.5 Circuit schematic of the 1-GHz test oscillator (© 1984 IEEE) 


The series feedback oscillator configuration shown in Figure 4.4e, which was selected for 
practical implementation, yielded a stable oscillation at 1.03 GHz with a measured output 
power of 23 mW and efficiency of 36% at a bias point of Vec = 8 V with de collector current of 
8 mA. Figure 4.5 shows the practical oscillator schematic where Len is the choke inductance 
and Cy are the bypass capacitors. The use of a simple L-section output matching circuit with a 
series inductor and a shunt capacitor provides the impedance transformation of the resistance 
36 Q into a standard load resistance of 50 Q. 

For a general nonlinear active device, the problem of finding the conditions under which 
the power delivered to a load is maximized can be also solved in a quasilinear approximation 
by using the large-signal impedance or admittance two-port parameters which are functions 
of a single port voltage [10]. Provided that operation in the saturation region is excluded, the 
linearized large-signal parameters can be functions of the dc bias voltage and port 1 voltage 
amplitude V; shown in Figure 4.6a. For fixed voltage amplitude V,, there is a freedom to 
choose the complex voltage V2 to maximize the output power delivered by the active device 


Passive network 
l Tey Ta 
e re — 
eel 


Active device f 
(FET or BJT) l l 


Active device 
(FET or BJT) 





Figure 4.6 Equivalent circuits of two-port oscillators 
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into the load. Therefore, it is convenient to define the voltage complex ratio of port 2 voltage 
Vand the port 1 voltage V; as 


V 
A= =A, +jåi (4.15) 
Vi 


which determines the device output power. In this case, various embeddings for constant A 
will produce oscillators with the same power delivered to the embeddings. 

Optimization of A = V2/Vı keeping the voltage amplitude V; constant requires that com- 
plex voltage V2 be varied in both magnitude and phase until the real part of the power dissipated 
in the active device is a minimum. If this minimum is negative then the active device is gen- 
erating real power flowing into a load. The total power P dissipated by the two-port network 
can be found by 


1 
P= 5Re(Vi ti + VŽI) (4.16) 


The active device can be described by the admittance two-port parameters in matrix form 


I, Yu Yio}| Vi 
= 4.17 
H E ala cone 
In a steady-state oscillation mode, the following relationships between the voltages and 


currents of the active device and the voltages and currents of the embedding network must be 
satisfied: 


Vi= Va V= Voa (4.18) 

I = -La In = -I2 (4.19) 

Rewriting the total power in terms of Y -parameters and voltage complex ratio A results in 
P = [Gu + Gz (A? + A?) + (Gi) + Gx)A — (B2 — B21)A;] Vil? (4.20) 


where G;; and B;; are the real and imaginary parts of Y;;. 

The condition for the minimum value of P = Pmin gives the optimum value of A = Aopt, 
which can be found from the partial derivatives of Equation (4.20) with respect to A, and Ai, 
in the form of 





Y y 
E aa (4.21) 
2G 
Substituting Equation (4.21) into Equation (4.20) yields 
4G 11Gx2 — |Y2 + Y}? 
Pe nee Yor + YŠ LAG (4.22) 


4G 


Once Aopt is determined, one can generate an infinite number of embeddings (characterized 
by the admittance parameters Y = G; + jB}, k = 1, 2, 3) with positive conductances G1, G2, 
and G3. Ina common case, each conductance can represent a load. For the extreme case when 
the load is confined to G; with Gy = G3 = 0, it can be determined from 


2 
Yo. + YS — 4G nGa% 


which is the maximum load conductance for port 1 at a given amplitude of port 1 voltage. 





Gre (4.23) 
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When load is connected to port 2 and G; = G3 = 0, the load conductance G2 can be 
calculated from 


(4.24) 


4G11G 
G2=Gx|1- Go l 


|Y uty al 

An analysis of the oscillation conditions through Y -parameters with determination of the 
maximum output power corresponding to optimum voltage ratio Asp given by Equation (4.21) 
has been presented [11]. Here, the embedding circuit impedances of an oscillator can be directly 
calculated from the measured two-port small-signal parameters, and the terminal voltage ratio 
should be chosen inside the circle in the complex A-plane 


Ao am Aopt =r 


where Ag is the voltage gain value when the circuit is at the verge of oscillations with P = 
0, Appt is the centre and r is the radius given by 








2 
[Pa +Y5) —4G11G2 
iz 2G 22 


When P > 0, there is no power flowing from the active device to the external passive 
circuit, which means that the circuit does not constitute an oscillator. The condition when 
A = Ap represents the values of A which lie on the circle described by Equation (4.25). The 
values of A within the circle correspond to a circuit that will oscillate. To analyse the oscillator 
with passive two-port T -type network shown in Figure 4.6b, it is possible to use the well-known 
equivalence between admittances for a 7x -circuit and impedances for a T -circuit. 

However, it is hardly to be expected that port 1 voltage amplitude V, will remain constant 
for all values of A. Therefore, the better way to maximize the power delivered into the load 
is to determine the optimum value of A, which gives the minimum positive (power is going 
in) input power delivered to the port 1 for any arbitrary negative (power is going out) constant 
output power delivered to the port 2 [12]. As a result, 


B —2G 11 Y2 
VN +2G11Gz + j(Gi2B21 + Ga B12) 


(4.25) 





(4.26) 


Aopt 


where 
N = 4G 11 Gz (Gu Gz + Bi2B21 — G2G21) — (GB21 + Ga By) 


Numerical results using 20-GHz gain-compressed Y -parameters of typical GaAs MESFETs 
show that the values of Aspi obtained by Equation (4.26) are different from those obtained by 
Equation (4.21). However, such a difference is not extremely large, which accounts for the 
experimental success of oscillators constructed under the assumption of constant port 1 voltage 
amplitude V;. 


4.2 ANALYTIC OPTIMUM DESIGN APPROACH 


Depending on the type of the transistor used, frequency band, required output power level 
and spectral characteristics, most of the oscillator schematics can be reduced to two basic 
arrangements with external positive (a) parallel or (b) series feedback shown in Figure 4.7. 
One model may be preferred over another, depending on the oscillator configuration and 
characteristics. The two-port network representing an active device can be characterized in a 
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Figure 4.7 Two-port oscillator circuits with (a) parallel and (b) series feedback 


common case by a system of immittance W -parameters. This describes parameter systems of 
the two-port network, for example, a system of Y -parameters for parallel feedback or a system 
of Z-parameters for series feedback oscillator circuits, respectively. The oscillator circuit and 
the output load are characterized by immitances W1, W2 and W3 = WL, respectively. 

Then, the steady-state oscillation condition for a single frequency of oscillation can be 
expressed as 


Wouw + WL = 0 (4.27) 


where the active two-port network, together with the feedback elements W; and W32, will be 
considered as a one-port negative resistance oscillator circuit. 

To optimize the oscillator circuit in terms of the maximum value of the negative real part of 
the equivalent one-port network output immitance, the expression for output immitance Wout 
should be written as 


(Wiz F W2) (Wai F W2) 

Wouw = W22 + W2 Wi 4 W, 4 W (4.28) 
where the minus signs in the factors correspond to output admittance of the circuit shown in 
Figure 4.7a, and the plus signs correspond to the output impedance of the circuit shown in 
Figure 4.7b. Such an optimization approach was first applied to a bipolar transformer-coupled 
oscillator to define maximum output power [13]. Later it was used to determine optimum 
feedback elements with reference to a series feedback MESFET oscillator using a simplified 
device equivalent circuit without the intrinsic feedback gate—drain capacitance [14]. 

It is advisable to represent this optimum approach in a generalized form regardless of the 
type of the active device, for commonly used parallel and series feedback oscillators [15]. The 
first step in the design is to determine the optimum combination of the values of the feedback 
reactive elements ImW, and ImW2, which maximizes the absolute value of the real part of 
the output immittance ReWou at the desired frequency of oscillation. Such a condition will 
permit us to obtain self-sustained oscillations with the largest amplitude that implies maximum 
output power delivered to the load [16]. Analysing Equation (4.28) in extremum, we can find the 
optimum values ImW? and ImW>, at which the negative value ReW,,; is maximal, by solving 


OReEW out =; IReWout = 
dImW, dImW, 











(4.29) 


138 OPTIMUM DESIGN AND CIRCUIT TECHNIQUE 


As a result, the optimum values ImW? and ImW3 depend on the immittance parameters of 
the active device two-port network as follows: 





























Re(W21 — Wi2) | Re(Wi2 + W21) 
ImW? = F + Re(W W 
mW; im WaWa) | 7 e(Wi; + D 
Im(W W. 
Siap ok zt w (4.30) 
Re(W. Wi2 F 2W2)Re(W21 — W Im(W W: 
iwe e(W21 + Wi2 2)Re(W21 12) "N m(Wi2 + W21) (4.31) 
2Im(W>, = Wi) 2 


The next step is to determine the optimum load immittance W, in a steady-state opera- 
tion mode defined by Equation (4.27). By substituting expressions for ImW? and ImW7> into 
Equation (4.28), the optimum real and imaginary parts of the output immittance W $, will be, 
respectively, defined by 

Re*(Wi2 + W21 F 2W1) + Im?(W) — W 
ReW®, = ReW> + ReW> (Wi + Wai 1) (Wa 12) (432) 
4Re(Wii + Wi + W2) 
Re(W2a1 — Wiz) 
Im(W2; — W12) 


In a large-signal operation mode, all immittance parameters generally become functions of 
the voltage amplitudes across the elements of the active device equivalent circuit. For the neg- 
ative resistance (conductance) one-port oscillators shown in Figure 4.7, the output power can 
be written as Pout = V?Gou(V) /2 in terms of Y -parameters or Pou = I 2 Rou) /2 in terms of 
Z-parameters, where V is voltage amplitude across the load resistance and J is the amplitude of 
the output current flowing into the load. Since, for the same output voltage or current amplitude, 
the combination of the optimum feedback parameters obtained by Equations (4.30) and (4.31) 
provides a maximum negative real part of the output immittance according Equation (4.32), 
then the maximum power will be delivered to the load. Thus, such an analytic approach 
presumes that, once the nonlinear model of the active device is developed, the elements of 
the optimum feedback parameters and the load can be easily and explicitly calculated under 
both small-signal and large-signal conditions corresponding to the start-up and steady-state 
operation modes, respectively. 








ImW ou = ImW22 + ImW? Re(W9. 


out 


— Wn — W2) (4.33) 





4.3 PARALLEL FEEDBACK OSCILLATORS 


4.3.1 Optimum oscillation condition 


For the parallel feedback two-port oscillator shown in Figure 4.7a, a steady-state single- 
frequency oscillation condition is defined by 


Your + Y3 = 0. (4.34) 


In this case, the active two-port network together with the feedback elements Y; and Y3 
is considered as a one-port negative conductance oscillator circuit, the output admittance of 
which is written as 


(Y12 — Y3) (Yo1 — T3) 
You = Yo +Y 4.35 
out 2 +Y Yi+¥;+¥ (4.35) 
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By analysing Equation (4.35) on extremum, it is possible to obtain the optimum values B, 
and B3, at which the negative value ReY out is maximal, by solving the following two equations 
[17]: 

AREY out ƏREY out 


=0 =0 (4.36) 
OB, OBy 








As a result, for Yı = jB; and Y2 = j B2, the optimum values of feedback susceptances B? 
and B$ can be expressed through the two-port active device Y -parameters as 











Ga — Gr (Gi2+ Gry Bip + Bz 
B? = G B 4.37 
1 Bi — Bo ( 7 + n) 11 7 ( ) 
G Gi2)(G21 — G B B 
Bo = (Gai + Gi2)(Ga1 12) 12 + Ba (4.38) 
2(B21 — B12) 2 


The optimum values of the real and imaginary parts of output admittance YS, = Ge, + 


out out 
j BS are written as 


(Ga + G12} + (Ba — Bry 








Gou = G22 T (4.39) 
11 
Gi =G (6G By +B 
B? = Bn + 2E ( P E iG Gx) pe (4.40) 
By, — By 2 2 


Thus, in the steady-state stationary oscillation mode with admittance Y3 = Gr + j B3, where 
G = 1/R, and R_ is the load resistance, Equation (4.34) can be written in the form of the 
following amplitude and phase balance conditions: 

G° 


out 


B° 


out 


+GL=0 (4.41) 
+B? =0 (4.42) 


The output power can be calculated using Equation (4.41) according to 
12 
Pout = z VÉGL (4.43) 


where V{ is the voltage amplitude across the load, which should be considered as the voltage 
amplitude across the output and common terminals of the active device. 


4.3.2 Optimum MOSFET oscillator 


The electrical behaviour of the MOSFET device in the high frequency ranges can be described 
with sufficient accuracy by the equivalent circuit shown in Figure 4.8 [18]. According to this 
equivalent circuit, the transistor Y-parameters in common source small-signal operation are 
written as 


WC gs A ; 
ms a Y2 =- joCyi 

J 5 gsi gs (4.44) 
Yo) = — = —— -jola Yn = ge + jo(Cas + Cga) 


1+ j@Cgs Rgs 
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Figure 4.8 Small-signal intrinsic MOSFET model 


By substituting the expressions for real and imaginary parts of Y-parameters from Equa- 
tion (4.44) into Equations (4.37) and (4.38), the optimum values of the feedback susceptances 
B? and BS expressed through the parameters of the MOSFET equivalent circuit can be calcu- 
lated as 





pa (4.45) 
20C gs Rgs 
o Em 
gs4\ gs 


According to Equations (4.45) and (4.46), the optimum values of the susceptances B? and 
B5 should be capacitive and inductive, respectively. Taking into account that the value of 
the feedback capacitance Cea is sufficiently small and variations of the transition frequency 
oT = gm/Cgs and gate-source resistance Rgs in large-signal operation are not significant, 
Equations (4.45) and (4.46) give a close approximation for the feedback elements in a steady- 
state oscillation mode based on the small-signal parameters of the MOSFET device at the 
operating bias point. The same conclusion is valid for the optimum oscillator using a JFET 
device, the large-signal behaviour of the elements of the equivalent circuit of which is similar 
to that of the MOSFET device [19]. 








The optimum values of the real and imaginary parts of the output admittance Y$, can be 
obtained as 
1 1 iy 
pz £ (4.47) 
R ds R gs 2wC gs 

&m 1 &m 
Bon = oC 1 4.48 
omt m ee FC aR ( oC osRos fn) eee) 


From Equation (4.48) it follows that the absolute value of the negative conductance G6, 


reduces as the frequency increases. At the maximum oscillation frequency fmax, the negative 
conductance becomes zero. Then, the expression for fmax is given by 


m R S 
fas d (4.49) 
4n Ces V Rgs 


that coincides with well-known expression for maximum frequency, at which the unilateral 
power gain of the FET power amplifier becomes equal to unity. The value of the optimum 
output susceptance B9 œ positive or negative, depends in an optimal oscillator mostly on the 
values of the device transconductance gm and gate time constant Tg, = RgsCes- 
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Figure 4.9 Schematics of MOSFET oscillators 


As an example, consider a 200-MHz optimum MOSFET power oscillator with the following 
electrical characteristics and small-signal parameters of the device equivalent circuit: transcon- 
ductance gm = 30 mA/V, Re, = 70 2, Ces = 8 pF, Coq = 0.4 pF, Cas = 2 pF, maximum drain 
current Jamax = 0.3 A, transition frequency fr = 1 GHz. According to Equations (4.45) and 


(4.46), the feedback elements of the optimum oscillator shown in Figure 4.9a must have the 


approximate values of C? = 17 pF and L5 = 36 nH. In this case, the value of B9 is positive 


and can be represented by the output capacitance C$, = 26 pF. Consequently, to satisfy the 


out 
phase balance condition, an inductive character of the load must be provided. In the case of 


the parallel inductor, its inductance is determined by 
1 1 1 


L3 = = = 
3T B? @wB°. 2C° 
w 3 @ out W out 





For a common drain MOSFET oscillator with varactor wideband tuning, it is easy to achieve 
the wideband tuning of the oscillation frequency using a variable capacitor connected in parallel 
to a feedback inductor. The equivalent circuit of such an oscillator is shown in Figure 4.9b. 
By tuning the parallel resonant circuit capacitor in the capacitance range from 2 to 40 pF, it is 
possible to easily tune the oscillator in the frequency range from 50 to 200 MHz with output 
power of 100-200 mW delivered to the load Rg = 200 Q. Maximum flatness of the amplitude 
characteristic can be achieved by choosing a proper value of the feedback capacitances. This 
can be accomplished by tuning the variable capacitors in the capacitance ranges of 2—10 pF 
and 8—40 pF, respectively. 

The oscillator performance is invariant to the point of grounding, which is considered 
as a common point, provided there are no changes in connection of the feedback elements 
and the load. This occurs, for example, when the load for the oscillators with a common 
source configuration shown in Figure 4.10a or with a common drain configuration shown 
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c). 


Figure 4.10 MOSFET oscillators with different grounded terminals 


in Figure 4.10b is connected between the drain and the source, having in each case a direct 
ground connection. However, when the gate is grounded, the load has no connection with 
the ground. Therefore, for a common gate oscillator shown in Figure 4.10c, when the load 
is connected between the drain and the gate, the electrical characteristics — such as output 
power, frequency spectrum or circuit stability — can change because of the different effect of 
the intrinsic MOSFET device parameters on the amplitude and phase oscillation conditions. 
The attractiveness of using the common drain or common gate oscillator is attributable to 
the schematic simplicity, realizing wideband frequency tuning. The wide frequency tuning in 
a common source oscillator is limited by a negative influence of the source lead inductance 
and the inconvenience of the parallel feedback circuit implementation, especially at higher 
frequencies. 


4.4 SERIES FEEDBACK BIPOLAR OSCILLATORS 


4.4.1 Optimum oscillation condition 


The steady-state single-frequency oscillation condition for a series feedback oscillator shown 
in Figure 4.7b can be written as 


Zoul, œ) + ZL(w) = 0 (4.50) 


where Z is the load current amplitude, Zoun(/, œ) = Rou(l, œ) + jX oull, œ) is the equivalent 
one-port network output impedance, Z,(w) = Ri(@) + jXL(@) is the frequency-dependent 
load impedance. The output impedance Zout can be expressed through the transistor equivalent 
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circuit and feedback parameters by 


(Zi2 + Z2)(Za1 + Z2) 
Zout = Z2 +Z 4.51 
t = Zn + Zo Zito + Zi (4.51) 
According to the optimum criterion given by Equation (4.29) and written in impedance 
form 





OR ou OR ou 
nr) to (4.52) 
əXı 3X2 
the optimum values X?, X3 depend on the impedance parameters of the active two-port network 
as 














Ra — R2 ( Rn + Rz Xn +X 
= R R X — 4.53 
1 Xa — Xp ( 7 11 ) 11 + 7 ( ) 
2R R R Ro, —R X X 
x= (2R2 + Ri2 + Rai )(Ra1 12) 12 + X2 (4.54) 
2(X21 — X12) 2 


By substituting X? and X5 into Equation (4.51), the optimum real and imaginary parts of 
the output impedance Zat = Rou + JX ou can be defined by 


(2Ry + Rig + Ray? + (Xa — Xv? 








R? =R R 4.55 

SRA BENA 4(Ry, + Ro + Ri) ey) 
Ro, — Riz 

Xea = X9 + Xn — = (Rou — R2 — Ro) (4.56) 
Xa — X12 


Thus, in a steady-state operation mode, Equation (4.50) can be written in the form of the 
following amplitude and phase balance conditions: 


R° 


out 


XS 


out 


+RL=0 (4.57) 

+x? =0 (4.58) 

The ratio of the voltage V between output and common terminal of the transistor and the load 

current I is expressed through the transistor Z-parameters and oscillator feedback elements 
by 

I- Zu +t Zıi+2Z2 v 

Z22 (Zii + Z1 + Z2) — Za (Zn + Z2) 
As a result, by using Equation (4.59), one can easily calculate the maximum output 


power of the oscillator Pou = 0.51 ?ReZ, delivered to the load in a steady-state operation 
mode. 


(4.59) 





4.4.2 Optimum common base oscillator 


Figure 4.11 shows the generalized two-port circuit of the series feedback bipolar oscillator 
commonly used with RF and microwave oscillator design. The equivalent Gummel—Poon 
SPICE model of the bipolar transistor, providing sufficiently accurate simulation the device 
dc and high-frequency behaviour up to its transition frequency fr = 8m/27 Cx, is also shown 
[20, 21]. 
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Figure 4.11 Generalized bipolar oscillator series feedback circuit 


To evaluate analytically the start-up and steady-state oscillation conditions, it is best to 
simplify the transistor equivalent circuit. Figure 4.12 shows another, simplified version of the 
bipolar transistor equivalent circuit, where Ce = Coo + Ceis Fot = eC ci/ Ce, M2 = rbCco/Ce. 
This equivalent circuit becomes possible because the condition re «K (Cei + Ceo) /@C ciC co 
exists over the entire frequency range up to a maximum oscillation frequency fmax- In this case, 
it is advisable to ignore the effect of a base-width modulation (Early effect), so that the value 
of the resistance rce can be assumed as infinite. The parasitic lead inductances and resistances 
as well as substrate capacitance can be considered amongst the external feedback circuit. 
The condition, >> 1/@C, simplifies the analytical and numerical calculations substantially 
without a significant decrease in accuracy at high frequencies. 








Figure 4.12 Simplified bipolar oscillator series feedback circuit 
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As a result, the following real and imaginary parts of the impedance Z-parameters will 
characterize the intrinsic bipolar transistor in a common emitter small-signal operation: 


1 GN 
Ry, = R2 =a | — +r | — 
8m OT 


Ra = Ry» = Ry + 








arc, 
w 1 
Xii = Xn = —a— | — — Ty (4.60) 
@T \ 8m 
Dee crea 
210s 11 oC. 





where 


Let us consider the transistor parasitic series resistances and lead inductances among the 
external feedback elements Z1, Z2 and ZL. In addition, loss in the feedback elements should 
be taken into account in elements 74; and re. As a result, the optimum values of imaginary 
parts of the feedback elements X? and X5, expressed through the parameters of the bipolar 
transistor equivalent circuit, can be calculated as 





1 
Beas a (4.61) 
20C. OT 
(69) 
X? =— Sten 4.62 
2 Jot. (reo +7 oe (4.62) 


The real and imaginary parts of the optimum output impedance Z? = Rou 
respect to the collector series resistor re and lead inductance L, are 


R° + : + Ry + : : y (4.63) 
= re + — I nilre : 
out ror tre + Ry i i awrC. a \2aC, 


o 1 o 
Xon = @Le — zg, t (Row — Fe) (4.64) 


+ jX°,, with 





From Equation (4.64) it follows that, as frequency increases, the absolute value of the 
negative resistance Ro, reduces and becomes zero at maximum oscillation frequency fmax- 


Without accounting for the parasitic parameters of the bipolar transistor equivalent circuit, the 


expression for fmax iS 
fr fr 
max — = 4.65 
f =R BAT Cci ( ) 
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This coincides with the well-known expression for a maximum oscillation frequency fmax of 
the bipolar transistor, for which a maximum available power gain becomes equal to unity and a 
steady-state oscillation condition can be established only for lossless feedback elements. Such 
a condition corresponds to the three-terminal mode of transistor operation. However, the circuit 
may be capable of oscillating at frequencies greater than the fmax obtained by Equation (4.65), 
when it is operated in two-terminal mode, by making Z; an open circuit. In this configuration, 
no RF current is flowing into the base terminal to produce negative resistance (though the 
base terminal can still be used for biasing purposes). The transistor is now behaving as a 
two-terminal negative resistance, and the extrinsic base resistance does not directly affect the 
maximum oscillation frequency, which will be determined by the parasitic resistances in the 
emitter and collector circuits [22]. 


4.4.3 Quasilinear approach [23] 


The oscillator design procedure generally involves at least three steps: a choice of an appropriate 
circuit topology; the determination of the transistor small- and large-signal characteristics; and 
the optimization of the oscillator circuit to achieve the desired performance. As mentioned in 
Chapter 1, the derivation of equivalent linear elements in terms of signal voltages is based on 
static voltage—ampere and voltage—capacitance bipolar transistor characteristic. It is enough 
to be limited to the main nonlinear elements gm, wr and Ce, because the base resistance 
rp poorly depends on the bias conditions. In addition, to calculate the dc and fundamental 
collector currents, it is possible to use a linear approximation of transition frequency wr and 
the small-signal value C, at an operating point. This bipolar transistor model does not represent 
the effect of the forward-rectified current across the collector—base junction and the collector 
voltage-breakdown phenomenon under the assumption of sufficiently low collector—emitter 
bias voltage value. In that case, it is assumed that the soft build-up of the self-sustained 
oscillations is mainly caused by the nonlinear characteristic of the fundamentally averaged 
large-signal transconductance gm1. 

The following exponential model can describe the bipolar transistor transfer /—V charac- 
teristic when the base-emitter current is sufficiently small: 


a [esp (2) = J (4.66) 
E 


where Isat is the reverse saturation current and Vy is the temperature voltage. If our interest is 
restricted to the fundamental frequency, then vp = Vp — Ve — IcoRe + V cos wt, where Feo is 
the dc collector current, Vp is the base bias voltage, V. is the emitter bias voltage, Re is the 
self-bias resistor. The voltage drops across the collector and emitter series resistors r, and re, 
are negligible. 

The values of the large-signal transconductance g,; and the dc collector current Ico as the 
functions of the fundamental voltage amplitude V across the capacitance C, are defined by 











QT sat Ve a Ve x FoR I V (4 67) 
ml = ex ` 
EEEE eo, Vr BSZ 
V Vb Z Ve as leoRe 
Too = Isat | I ex 1 4.68 
Pay | : ee) r( Vr ) l i 


where Jo(V / Vr), 11(V /Vr) are modified first-order Bessel functions of the first kind. 
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Table 4.1 Microwave bipolar transistor equivalent circuit parameters 


Coo CaVu PE OV) Cr (Vr = OV) L. Ly L. Fe ro Fe fr 


(PF) (pF) (pF) (9H) Ð @H) (2) (®@ (Q) (GHz) 





0.35 0.34 2.0 0.3 0.3 0.5 0.3 4.0 1.75 6.0 


An analytic ratio between the voltage amplitudes V,. and V is obtained by 


2 
w 
Voe = v: + (22cm) (4.69) 
OT 


Equation (4.67) implies that the large-signal transconductance gm; is maximal in the absence 
of the RF signal and, near V = 0, takes the small-signal value of 
Isat Vo FS Ve = ToRe 

exp 
Vr Vr 

For a steady-state oscillation mode, the analytic relationships between the amplitude J of the 
fundamental output current flowing into the load and collector voltage fundamental amplitude 
Vo as functions of the voltage amplitude V,. expressed by the feedback and transistor Z- 
parameters can be written in the form 


Zit Z2:+Zı 
a Voe 
Z\1Z2 — Z(Z2 + Z1) 

Za(Zi + Z2 + Z1) — Za (Z2 + Z 
DE 22(Z11 + Z2 + Z1) — Za (Z2 + Z2) Vee (4.72) 
Z12(Z1 + Z2) — ZZ 
As a result, in a steady-state operation mode, the output power of the oscillator as a function 


of the input voltage amplitude V and parameters of the bipolar transistor equivalent circuit can 
be written as 





(4.70) 





§m = 


I (4.71) 








ag? (roi + re + RiRoy V? 
ror + re — Rou 2 
This analytical approach was applied to microwave bipolar oscillator design with the 
transistor equivalent circuit parameters listed in Table 4.1. The numerical calculations were 
performed for oscillation frequency 4 GHz with bias voltages Vj = 0 V and V. = —2 V, 
collector supply voltage Vec = 9 V, self-bias resistor Re = 100 Q, maximum dc collector 
current [.gmax = 50 mA and reverse saturation current Isa = 10 uA. 

Figure 4.13 shows the amplitude dependencies of the large-signal transconductance gm1, 
de collector current Zo and fundamental collector voltage amplitude V.. From Figure 4.13 it 
follows that, with the increase of the base-emitter amplitude V , the large-signal transconduc- 
tance gmı decreases significantly, whereas the values of V, and J. increase practically linearly, 
beginning with sufficiently small values. 

Figure 4.14 shows the amplitude dependencies of the optimum feedback parameters X? and 
X5, real and imaginary parts of the output resistance Rut and X Sut and output power Poy. As 


out out? 


the negative resistance R6,, reduces with the increase of the amplitude V , the stable oscillations 
are established in the oscillator. In that case, the value of the large-signal transconductance 
8m 1S Significantly reduced. From Figure 4.14 it follows that the output power Pout increases 


monotonically with increase of amplitude V. Consequently, the maximum output power in the 


Pout E (4.73) 
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Figure 4.13 Amplitude dependencies of gm1, Zoo and Ve 


bipolar self-bias oscillator is realized under some compression condition due to the saturation 
effect when the collector—base junction is forward-biased. Therefore, to realize maximum 
output power in a linear operation region without saturation effect, it is necessary to choose the 
proper load resistance or use a diode. This microwave bipolar transistor model does not include 
a collector—base diode because such an operation region is inappropriate for the oscillator 
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Pou, MW X, X, Q 














Figure 4.14 Amplitude dependencies of output power and feedback elements 
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because of the significant deterioration of its noise properties. The amplitude restriction at the 
numerical calculations is taken into consideration by means of the condition Ve < Vec- 

Numerical calculations show that the values of V, and Ko increase linearly with increase of 
the base-emitter junction amplitude V , beginning with sufficiently small values. Let us consider 
the influence of the emitter self-bias resistor Re on the character of amplitude dependence of 
the fundamental collector current amplitude /,, which can be written as 


Vo — Ve — Ieo Re V 
le=2lexy exp ( b V : ) l z ) (4.74) 
T T 


dl (=) 
TES 
m of ¥ 
Ea =n(%) (4.75) 
al — 
Vr 


Equation (4.68) can be rewritten, being differentiated as 





In view of 








dleo — Too + Isat : Vr (4 76) 
dV Vr + (o + Tsat) Re (7 ) ` 
Io | — 
Vr 


From the definition of the first-order modified Bessel functions it follows that, for 
(V/Vr) = 5, the following inequality is satisfied: 


V 
i o 
0.9 < SONA ao (4.77) 


Hence, from Equation (4.76) it follows that the value of the dc collector current /,9 varies 
practically linearly with increase in V under the condition V > 5Vr. The slope of the depen- 
dence J,o(V ) is determined by the value of Re. Substituting Equation (4.68) into Equation (4.74) 


yields 
( : ) 
L { — 
Vr 


From Equations (4.76) and (4.78) it follows that, in the bipolar oscillator with emitter 
self-bias resistor, the collector constant bias current Zso and the fundamental output current 
amplitude /, depend linearly on the base-emitter voltage amplitude V , beginning from V / Vr > 
5. As a result, the linearizing influence of the emitter self-bias resistor is similar to the effect of 
the negative feedback resistor on linearization of the power amplifier transfer characteristics, 
contributing to phase noise improvement. 

In addition, sufficiently high output power levels can be achieved without use of special load 
matching circuit, when a standard load Ry = 50 Q is directly connected. Furthermore, on the 
basis of optimum bipolar oscillator, it is easy to realize wideband varactor-tuned microwave 
oscillator when the varactors are placed both in the base and emitter circuits. 


IV) =2 [eo (V) + Isa] (4.78) 
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Figure 4.15 Simulated series feedback bipolar oscillator equivalent circuit 


4.4.4 Computer-aided design [24] 


One of the most popular approaches to nonlinear free-running oscillator analysis is to use 
the harmonic balance equations and to consider the oscillation frequency as an additional 
optimization variable. Such an algorithm is used in a Microwave Harmonica that is a part of 
the computer circuit simulator Serenade 7.5 [25]. Let us verify the accuracy of an analytic 
approach for the series feedback microwave bipolar oscillator shown in Figure 4.15. For a pre- 
liminary chosen oscillation frequency f = 4 GHz, the optimum oscillator feedback parameters 
according to the theoretical predictions given by Equations (4.61) and (4.62) must be equal 
to L = 1.2 nH and C = 0.8 pF, respectively, for the transistor equivalent circuit parameters 
listed in Table 4.1. 

The starting oscillation conditions were determined by sweeping the frequency f of the 
external test source injecting signal into the oscillator circuit from 3.5 to 4.5 GHz. The curves 
satisfy the starting oscillation conditions under linear small-signal operation where Re(/;) < 0 
and Im(/,) = 0 at 4.24 GHz, as shown in Figure 4.16. 

Figures 4.17 and 4.18 show the oscillation frequency and output power in a steady- 
state mode for various values of the emitter bias resistor Re, load resistance Rg and 





Figure 4.16 Simulated start-up oscillation conditions 
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Figure 4.17 Output power and oscillation frequency versus emitter bias resistance 


feedback elements L and C. Despite preliminary simplification, the experimental results 
indicate minimal discrepancy between the chosen oscillation frequency and simulated os- 
cillation frequency using an analytic calculation of the oscillator feedback parameters (taking 
into account the standard load resistance Ry = 50 Q). The exact value of the oscillation fre- 
quency f = 4 GHz in a steady-state mode is realized at Re = 28 Q when the output power 
Pout is close to the maximum value, as shown in Figure 4.17. Moreover, the output power 
Pout = 21.5 dBm is very close to a maximum value of 21.9 dBm at optimal load RP = 45 Q 
(Figure 4.18). 

To verify the validity of the analytically calculated feedback parameters L = 1.2 nH and 
C = 0.8 pF, circuit simulations with other sets of feedback parameters that satisfy the oscil- 
lation conditions at the resonant frequency f = 4 GHz were performed. From the simulation 
results it follows that a deviation of the feedback parameters from an optimal set leads first 
to a deterioration of the phase conditions and then to oscillation failure (the broken lines in 
Figure 4.19 define the borders of the oscillation region). The de collector current did not exceed 
the value of 32 mA under the simulation procedure. Hence, the theoretical small-signal pre- 
dictions for the oscillator feedback elements based on an analytic optimum approach provide 





Figure 4.18 Output power versus load resistance 
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Figure 4.19 Output power versus oscillator feedback parameters 


values of the oscillation frequency and maximum output power very close to their simulated 
values under large-signal operation, thus simplifying and significantly shortening the entire 
oscillator design procedure. 


4.5 SERIES FEEDBACK MESFET OSCILLATORS 


4.5.1 Optimum common gate oscillator 


A common gate MESFET oscillator configuration with series feedback between the gate and 
the ground is shown in Figure 4.20. Such a circuit configuration was selected because of its 
inherent broadband negative resistance. If the correct feedback reactance is added, oscillations 
can occur from very low frequencies to approximately maximum oscillation frequency fmax- 





aN) 











Figure 4.20 Series feedback MESFET oscillator equivalent circuit 
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Figure 4.20 also shows the small-signal MESFET equivalent circuit, which characterizes with 
good accuracy the device performance up to 50 GHz [26]. 

The internal GaAs MESFET device (without taking into account the lead inductances and 
parasitic series resistances) in a common source small-signal operation is characterized by the 
following admittance Y -parameters: 


_ JOC gs 
~ L+ FOC gsRes 
_ g&mexp jot) _ 


1 
Ya, = = iC Yon = — + jæ(Cas + C 
21 L C aRa JOC ga 2= Re JoCas ed) 


Yu + joCga Yi2 = —j@C ga 


(4.79) 


where T is the transit time in the MESFET channel. 

For analytical calculation of the series feedback FET oscillator parameters, it is more 
convenient to use the impedance Z-parameters in a common source configuration by applying 
a standard Y - to Z -parameters transformations given by Table 2.1 (Chapter 2). As a result, the 
optimum values of the imaginary parts of the feedback elements and output impedance X?, 
X5 and X? į expressed through the parameters of the MESFET equivalent circuit with t = 0, 


out? 


can be obtained by [15] 














b ae 1 Em 
X? = Rp RA +- Sil oR Cy ai 4.80 
P= -Ri + Ry) + E a (© mor 5) (4.80) 
X? = (Ry + Ry) + B® (oR eC Sm (4.81) 
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Z 4 a a a 20C gs 
b Ras 8m 

Xe = —R? 4.82 
out out q + a 20C os ( ) 


where 
C m 

a = 1+ EA 0 Ra RaC pCa) + RasCea 
gs gs 
Coa 
Ces 








b = wRas(Cas + Cea) +o (RasCas + RgsC gs). 


The obtained analytic expression to calculate the optimum value of the output resistance 
Rout is rather bulky. However, in some cases and in particular when neglecting the capacitance 
Cga, it becomes simpler and can be written as 


R s R s m A 
Rout = R; JE Ry T a i ss ( Š ) | (4.83) 





1+ (@RasCas)” Rg + Rs + Ri + Rot Res \2@X pgs 


For a GaAs MESFET oscillator with the gate length of less than 1 um, such a simplification 
allows us to calculate the oscillation frequency and output power in a frequency range up to 
18 GHz with good accuracy compared with the experimental results [14, 15]. 
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4.5.2 Quasilinear approach [15] 


The theoretical and experimental results show that, to develop a sufficiently accurate nonlinear 
model of the MESFET device, it is enough to be limited to the nonlinear behaviour of four 
major elements. They are the gate capacitance Ces, the gate charging resistance Rgs, the drain— 
source differential resistance Rg, and the transconductance g,,. In a simplified case, such a 
MESFET model does not represent the effect of the forward-rectified current across the gate— 
source junction and the voltage—breakdown phenomenon in the gate—drain region under the 
assumption of low gate-source bias value and moderate gate—drain voltage when the gate 
forward current is negligibly small. From Equations (4.80-4.83) it follows that the part of the 
MESFET equivalent circuit elements represents some combinations that significantly simplifies 
the design procedure. For example, the charging time constant tg = RgsCgs can be considered 
to be a constant parameter. For modern GaAs MESFETs with gate length of the order of 1 um 
or less, it is possible to assume the drift carrier velocity to be equal to the saturated velocity, 
resulting in a practically constant ratio gm/C4s. 
The gate-source capacitance C,, can be found from Schottky barrier theory as 


Ug 

Cys = Cgs0 1-— (4.84) 
p 

where Cs is a zero-bias gate-source capacitance, is the built-in potential of the Schot- 

tky barrier. If our interest is restricted to the fundamental frequency only when vg = 

Va + V sin (œt + @), then the effective averaged large-signal gate-source capacitance C gs1 

can be written as 








dy (4.85) 





where Y = œt + ¢. 
To approximate the family of experimental GaAs MESFET output /—V curves, it is advis- 
able to use the popular Materka model: 


2 
. v Q Va 
= las | 1— | tanh 4.86 
ia = lass ( z) (=) (4.86) 


where Tass is the drain saturation current, Vp = Vpo + y va is the gate pinch-off voltage, œ, y, Vpo 
are the model parameters [27]. Further analytical calculations are significantly simplified for 
the case of y = 0. 

Assuming vg = Vaa + Va sin wt and applying a Taylor series expansion of Equation (4.86) 
in the vicinity of Vaq equating the fundamental frequency component terms, the large-signal 
differential drain—source resistance Rası as a function of the fundamental drain voltage ampli- 
tude V4 can be obtained by 





(4.87) 
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where 














Equation (4.87) implies that the large-signal value of Rası is maximal in the absence of 
the oscillation signal near Va = 0, becoming equal to its small-signal value of Ras and re- 
ducing as the oscillation signal amplitude Vy increases. Consequently, according to such a 
simplified analytic approach, the values of the feedback elements, output impedance and out- 
put power are functions of the varying drain—source differential resistance under large-signal 
operation. 

The relationship between the complex drain voltage Vq and output current I expressed 
through the MESFET device Z-parameters and oscillator feedback parameters can be written 
as 


I Zu +Zıi+ Z yv 
= a 
Za (Zii + Zi + Z2) — Za (Zn + Z2) 





(4.88) 


Consequently, the output power of the oscillator Pou = /*ReZ,/2 in a steady-state opera- 
tion mode, taking into account the drain series resistance Ra, can be calculated from 


Rai Rie \? 
1+( 21 2) , 
Xa — X12 V 
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a E a (raa 





Pout = 


where 
Pa X21 (X12 + X9) — Ra (R2 + Ro + Rs) — X2 (X11 + X? + X5) 
= Rii + Ri + Ro + Rg + Rs 


E Roi (X11 + X? + X9) — Ra (X12 + X9) — X21 (R2 + Ro + Rs) 
7 Rii + Ri + Ro + Rg + Rs 








The given analytic approach in a quasilinear approximation was applied to the microwave 
12 GHz series feedback oscillator design using a GaAs MESFET device with the gate geometry 
of 0.8 x 300 um. 

The amplitude dependencies of the optimum feedback parameters X? and X3, large-signal 
drain-source differential resistance Rası, real and imaginary parts of the output resistance R¢,, 
and XS; and output power Pout are shown in Figures 4.21 and 4.22, respectively. Numerical 
calculations show that, under maximum output power, complete phase compensation with no 
need to use an additional external reactive element is realized. For optimum feedback elements 


156 OPTIMUM DESIGN AND CIRCUIT TECHNIQUE 


Rasi, X°1, X, Q 


300 


200 


Va, V 





Figure 4.21 Amplitude dependencies of drain-source resistance and feedback parameters 


L = X?/œ = 1.3nH and C = —1/X5 = 0.2 pF, the maximum output power level of 14 mW 
is achieved. It should be noted that, in contrast to the series feedback bipolar oscillator, the 
maximum output power of the series feedback MESFET oscillator is obtained in the active 
operation region without influence of the saturation effect, due to the different active device 
nonlinear model. 
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Figure 4.22 Amplitude dependencies of output power and output impedance components 
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4.5.3 Computer-aided design [28] 


The results of microwave bipolar oscillator analytic design based on a quasilinear approach 
show the attractiveness and high effectiveness of preliminary analytical calculations of the 
oscillator feedback parameters according to the simple optimum analytical expressions. There- 
fore, one can assume that, to speed up the design process for microwave MESFET oscillators, 
a simplification of the analytical expressions for feedback elements is required. For example, 
influence of the parasitic series resistances, gate—drain capacitance C gq and transit time t can 
be ignored. Then, the optimum values of imaginary parts of the lossless feedback elements 
X{, X5 and output reactance X$, can be obtained from Equations (4.80-4.82) as 


out 











1 gm 
X°= Ras | —-@Cas(Ros + R 4.90 
1 OC os + Ras | @ ds( gs F gF | ( ) 
X? = Ras ( oCasR, + < (4.91) 
i ` 20C gs 
X? = —Ra | ee R? + L (4.92) 
out S S out 2wC gs 


As a result, for an optimum series feedback MESFET oscillator, according to Equa- 
tions (4.90) and (4.91), the optimum values of the reactances X? and X5 should be inductive 
and capacitive, respectively. An analytical equation to calculate the optimum output resistance 
R° , in a small-signal operation mode can be written as 


out 
Ras Ras T 
Rou = R+ a |! 5 ( ; (4.93) 
1 + (@Cas Ras) Rg + R; + Rgs 20C gs 


To determine the differential drain—source resistance Rg, as a function of the optimum 
output resistance R it is enough to solve the quadratic equation for Ras obtained from 
Equation (4.93). As a result, 








1+,/1 — 4 (Rou — Rs) Gaso 








Ras = 4.94 
ds Gao (4.94) 
where 
1 g 2 
G so = ~ oat Rs C s 7 
d RFR, FR; (5) + (Roa — Rs) (Cas) 


Let us verify the accuracy of the analytic approach using the power microwave MESFET 
(l = 1 um, w = 4 x 200 um). To determine a large-signal value of the output resistance Rut 
for a certain value of the load resistance RL, it is necessary to use the amplitude balance equa- 
tion R + Ra + Ri = 0. In such a situation, Ras is considered as a fundamentally averaged 
drain—source resistance Rası under large-signal operation. For preliminary defined oscillation 
frequency f = 4 GHz, the optimum oscillator feedback parameters — according to theoret- 
ical calculations — must be L = 5.0 nH and C = 0.4 pF, respectively (for load resistance 
Ry = 50 Q). In this case, the value of 50 Q is not strictly an exact optimum load resistance 
corresponding to a maximum available output power; to define an optimum value, it can be 
considered as a parameter under computer optimization. To satisfy the phase balance condi- 
tion X? + @La + Xz, = 0, where Lg is the drain lead inductance, the value of X; should be 


out 


158 OPTIMUM DESIGN AND CIRCUIT TECHNIQUE 


Table 4.2 Small-signal parameters of GaAs MESFET equivalent circuit 


Ly L; La Ry Ros R; Ra Cos Coa Cas Em T 
(PH) PD PÐ @ @ @ Q) PFP FP (PF) (mS) (ps) 


50.4 0.1 60.1 2.0 2.0 0.93 1.1 1.2 0.087 0.199 97.4 4.8 





inductive with L = 4.0 nH. The small-signal parameters of the GaAs MESFET equivalent 
circuit are listed in Table 4.2 [26]. 

Using the circuit simulator Serenade 7.5, the nonlinear circuit simulation was performed 
for a microwave series feedback MESFET oscillator, whose equivalent circuit is shown in 
Figure 4.23. 

The starting oscillation conditions were found by sweeping the frequency f of the external 
test source from 2 to 6 GHz. The curves satisfy starting oscillation conditions under linear 
small-signal operation where Re(/,) < 0 and Im(/;) = 0 at 4.4 GHz, as shown in Figure 4.24. 
In a steady-state operation mode, the value of the oscillation frequency becomes equal to 
3.85 GHz. This is in a good agreement with the predicted theoretical value of 4 GHz. Neglecting 
the gate—drain capacitance C gq and transit time t leads to the inductive value of load reactance. 
In optimum oscillator, the maximum output power is realized under the conditions of complete 
phase compensation with zero load reactance. 

For a 12 GHz MESFET oscillator which circuit schematic is shown in Figure 4.25, the 
optimum oscillator feedback parameters — according to the theoretical predictions — must be 
equal to L = 0.35 nH and C = 0.5 pF (Figure 4.25). In this case, to satisfy the phase balance 
condition, the value of the load reactance X; should be capacitive of CL = 1 pF. A simulated 
value of the oscillation frequency is 10.72 GHz, which differs from the theoretical value by 
only 11%. 

Figure 4.26 shows the dependencies of the oscillation frequency f and output power Pou 
on the load resistance Ry. From this it follows that maximum output power Pox = 22.9 dBm 
can be realized for load values in limits of 20-30 Q. The dc drain current did not exceed the 
value of 96 mA under the simulation procedure. 
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Figure 4.23 Simulated series feedback 4 GHz MESFET oscillator 
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Figure 4.25 Simulated series feedback 12 GHz MESFET oscillator 
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Figure 4.26 Output power and oscillation frequency versus load resistance 
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Figure 4.27 Oscillation frequency versus feedback capacitance 


Further computer simulation shows that the large-signal oscillation conditions for different 
values of the feedback elements L and C are fulfilled in a very wide frequency range. Figure 4.27 
shows the dependence of the oscillation frequency f on the source feedback capacitance C 
when Ry = 25 Q and L = 0.35 nH. Capacitance tuning from 0.15 to 2.0 pF leads to the 
appropriate frequency tuning of 8.3—13.6 GHz with approximately constant level of the output 
power of 23-24 dBm. 

Improved frequency tuning characteristics can be achieved by inductance tuning. Figure 4.28 
shows the dependence of the oscillation frequency f on the gate feedback inductance L when 
Ry = 25 Q and C = 0.5 pF. In this case, the inductance tuning from 7.0 to 0.2 nH leads to the 
appropriate frequency tuning from 3.9 to 13.3 GHz with output power level of 19-23 dBm. 
Moreover, the oscillation conditions are satisfied under the further increase of the gate feedback 





Figure 4.28 Oscillation frequency versus feedback inductance 
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Figure 4.29 Simulated series feedback-tuned MESFET oscillator 


inductance up to the value of 100 nH with the appropriate decrease of the oscillation frequency 
to 2.8 GHz. 

A series feedback MESFET oscillator can be successfully used as an octave-band voltage- 
controlled oscillator in the frequency range 6—18 GHz [29]. In the case of the given power 
GaAs MESFET, both the upper bandwidth frequency and output power of the oscillator can 
be increased significantly. Figure 4.29 shows an example of the equivalent oscillator circuit 
for wideband frequency tuning. 

The sufficiently small values of the source and gate bias inductances were initially chosen 
to maximize the frequency tuning bandwidth. An additional capacitor of 1 pF in parallel to 
the load resistor was used to provide stable oscillation conditions across the entire tuning 
range when Ry = 50 Q. As a result, a simultaneous gate and source capacitance tuning from 
2.0 to 0.09 pF with overlap factor of 22.2 leads to a wide frequency tuning bandwidth of 
10.1—26.0 GHz with high value of the output power, as shown in Figure 4.30. 


f GHz Pouts dBm 





Figure 4.30 Output power and oscillation frequency versus tuned capacitances 
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Figure 4.31 Basic circuits of Class E power amplifier with shunt capacitance 


4.6 HIGH-EFFICIENCY DESIGN TECHNIQUE 


4.6.1 Class C operation mode 


Achieving high efficiency in oscillators is very important in order to increase battery lifetime, 
output power with minimum requirements for heat dissipation and reliability of measurement 
equipment and radio transmitters including active antennas and space power combiners. The 
popular design approach is based on the method of equivalent two-port networks representing 
the active device and parallel feedback circuit. The oscillator can be designed in a Class C 
operation mode so that the phase oscillation condition is fulfilled at the resonant frequency of 
the output matching circuit [30]. Therefore, the output power and collector efficiency of the 
oscillator is close to their high values in the corresponding tuned power amplifiers when high 
operating power gain is provided. 

Figure 4.3la shows a block diagram of the tuned power oscillator where the feedback 
network is connected in between output and input matching circuits providing the amplitude 
and phase conditions for steady-state oscillations. However, the feedback network elements can 
be simultaneously a part of the output and input matching networks. In this case, the oscillator 
block diagram can be simplified to the form shown in Figure 4.31b. The resulting feedback 
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Figure 4.32 Schematic of high-efficiency bipolar oscillator with parallel feedback (© 1972 IEEE) 


and matching three-port network should fulfil the amplitude and phase oscillation conditions 
for optimum oscillator operation when loop gain is equal to unity and ga + gg= 27n, where 
n = 0, 1, 2,....The phase oscillation condition should result in an oscillation frequency equal 
to the resonant frequency of the output matching circuit. 

According to Figure 4.31, the output power of the oscillator is written as 


Pout = PL + Pin (4.95) 


where Py is the power delivered to the load and Pin is the power at the input of the active 
device. The operating power gain is defined by 





gpa (4.96) 
Pp P; % 
Hence, the output power and output resistance can be obtained as 
PL 
Pou = = (4.97) 
1+ 
Gp 
R Z (Vec = Vea)? (4 98) 
out — 2Pout id 


where Vec is the supply voltage and Vsat is the saturation voltage determined from the output 
volt-ampere characteristic of the active device. It is assumed that the collector voltage is 
sinusoidal. To calculate the values of the circuit elements, the method of equivalent two- 
terminal networks connected in parallel and in series is used. 

Figure 4.32 shows the circuit schematic of the Class C tuned power oscillator operating at 
resonant frequency of 60 MHz and providing load power of 5 W [30]. The input of the active 
device is connected to the output matching circuit of the tuned power amplifier through the 
series capacitance of 1.5 nF and capacitive divider formed by the capacitances of 160 pF and 
1.3 nF. At higher frequencies, it is convenient to use a directional coupler with proper coupling 
to provide the amplitude oscillation condition and a transmission line with electrical length 
required to satisfy the phase balance condition. 
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Figure 4.33 Schematic of high-efficiency MOSFET oscillator with parallel feedback 


The circuit schematic of such a high-efficiency MOSFET power oscillator is shown in 
Figure 4.33, where the input and output matching circuits represent T -type lumped transform- 
ers, both matched to the source and load impedances of 50 Q of the corresponding power 
amplifier. The directional coupler and feedback transmission line can easily be implemented 
using microstrip lines with the characteristic impedance of 50 &2. Such a design method has 
an important advantage because the same transistor parameters and operating frequency as 
well as the same parameters of the input and output matching circuits are used to design both 
high-efficiency tuned power amplifier and oscillator. The additional transistor parameter is 
its phase shift between the fundamental-frequency components of the collector-emitter and 
base-emitter voltages, which should be compensated by a proper choice of the electrical length 
of the feedback microstrip line. 

It was experimentally found long ago that by applying a biharmonic driving signal contain- 
ing the fundamental and second harmonic components produces the dc-to-RF signal transfor- 
mation more efficiently because of the much steeper driving waveform resulting in a lower 
power loss in the active device [31]. In this case, the resultant driving waveform shown in 
Figure 4.34a consists of the fundamental and second harmonic components being in phase at 
their maximum amplitudes, and the amplitude of the second harmonic is preferably chosen 
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Figure 4.34 Oscillator with fundamental-frequency and second-harmonic resonators 
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to have approximately one-quarter the amplitude of the fundamental. Figure 4.34b shows a 
simplified circuit of a vacuum tube power oscillator containing the fundamental-frequency (fo) 
and second-harmonic (2 fọ) LC resonators in the anode circuit inductively coupled with the 
grid circuit. As a result, the driving feedback voltage vj, represents a sum of the fundamental- 
frequency and second-harmonic voltages, while the only fundamental-frequency output signal 
flows to the load resistance Ri. 


4.6.2 Class E power oscillators 


The switched-mode tuned Class E power amplifiers are widely used in different frequency 
ranges and output power levels, ranging from several kilowatts at low RF frequencies up to 
about one watt at microwaves. In the Class E power amplifier, the transistor operates as an 
on-off switch and the shapes of the current and voltage waveforms provide a condition where 
the high current and high voltage do not overlap simultaneously. This minimizes the power 
dissipation and maximizes the power amplifier efficiency. The possibility of increasing the 
efficiency of the single-ended power amplifier by mistuning the output matching circuit was 
found quite long ago [32]. However, the single-ended switched-mode power amplifier with 
shunt capacitance as a Class E power amplifier was first introduced in 1975 [33]. 

The characteristics of a Class E power amplifier can be determined by finding its steady- 
state collector voltage and current waveforms. The load network consists of a capacitance C 
shunting the transistor, a series inductance L, a series fundamentally tuned LoCo circuit and a 
load resistance R. In a common case, a shunt capacitance C can represent the intrinsic device 
output capacitance and external circuit capacitance added by the load network. The collector 
of the transistor is connected to the supply voltage by RF choke with high reactance at the 
fundamental frequency. The active device is considered to be an ideal switch that is driven in 
such a way in order to provide the device switching between its on-state and off-state operation 
conditions. As a result, the collector voltage waveform is determined by the switch when it 
is turned on and by the transient response of the load network when the switch is turned off. 
To minimize the collector power losses, the following optimum conditions for voltage across 
the switch just prior to the start of switch on at the moment wt = 277, when the transistor is 
saturated, should be provided: 





vot) o= = 0 (4.99) 
dulot) 
=0 (4.100) 
dot ot=20 


where v is the voltage across the switch. 

To achieve Class E operation for a power oscillator based on the corresponding Class E 
power amplifier, it is necessary to design a three-port matching and feedback reactive network 
satisfying the following conditions [34, 35]: 


e the collector-emitter voltage should be the same as in the corresponding Class E power 
amplifier; 

e the energy transmission from collector to load should be provided in the same way as in the 
corresponding Class E power amplifier, taking into account the driving power; 


e the energy stored in the load network should be high enough to ensure the required frequency 
stability; 
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e the feedback voltage should have the same amplitude and phase (with respect to the 
phase of the collector voltage) as the input voltage of the corresponding Class E power 
amplifier. 


One of the important requirements to the output spectrum of the oscillator is a sufficiently 
small level of harmonics. The loaded quality factor of the resonant circuit must be not less 
than 5.1 to obtain the second harmonic level below —20 dBc without additional filtering 
[36]. Therefore, the almost sinusoidal output voltage is the input voltage of the feedback 
network or driving voltage of the oscillator. This means that the active device cannot operate 
either in pinch-off or saturation regions, and there is a time period when it is operated in the 
active region, which is characterized by power losses. However, the effect of finite switching 
time is not so significant compared with losses provided by the finite value of the saturation 
resistance [18]. 

The design of Class E power oscillator is divided into two parts. The first step is to design the 
load network of the corresponding Class E power amplifier. Then, the second step is to provide 
the proper phase shift between input and output of the feedback network. A part of the power 
amplifier output power is transmitted to the input, which means that the load resistance R of the 
power amplifier will be equal to a parallel combination of the load resistance R, and the input 
resistance of the feedback network Rin. Figure 4.35a shows an example of the MOSFET Class E 
power oscillator with series inductance 48 uH in the feedback network having efficiency of 
86% and output power of | W at oscillation frequency 800 kHz and supply voltage 4.5 V [35]. 
Similar results with the description of a complete design procedure of a Class E MOSFET 
tuned power oscillator have been reported [37]. To simplify the analysis of such an oscillator, 
let us represent its equivalent circuit using a switch instead of the active device, as shown in 
Figure 4.35b. The input resistance Rin and capacitance Cin represent a parallel equivalent of 
the input circuit of the MOSFET device equivalent circuit consisting of the gate resistance R gs 
and gate-source capacitance C,, connected in series. The optimum parameters of the Class E 
load network with shunt capacitance C, series inductance L and load resistance R are given 
by [38] 





1.1525R 
L = ——— (4.101) 
(02) 
0.1836 
C= (4.102) 
@R 
v2 
R = 0.5768 — (4.103) 


out 
Thus, the phase angle of the load network (between the fundamental voltage and current 
phasors) seen from the device collector and required for idealized optimum Class E with shunt 
capacitance can be determined through the load network parameters using Equations (4.101) 
and (4.102) as 


L 
$ = tan”! (=) — tan! | —“=" | =35.945° (4.104) 
1 


which means that the load network is slightly mistuned with respect to the fundamental fre- 
quency. The values of the load network parameters should be chosen to create an inductive reac- 
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Figure 4.35 Basic circuits of Class E power oscillators (© 2002 IEEE) 


tance at the fundamental frequency and the capacitive reactances at other harmonic components. 
The feedback inductance Lẹ is necessary to provide greater than 180° phase shift between the 
fundamental components of the gate and drain voltages. 

Figure 4.36 shows the normalized (a) load current, (b) collector voltage and (c) current and 
(d) input sinusoidal voltage waveforms for idealized optimum Class E with shunt capacitance. 
From the collector voltage and current waveforms it follows that, when the transistor is turned 
on, there is no voltage across the switch and the current 7, consisting of the load sinusoidal 
current and dc current, flows through the active device. However, when the transistor is turned 
off, this current now flows through the parallel capacitance C. When the feedback driving 
voltage vin is larger than the device threshold voltage Vn, the active device is turned on. Other- 
wise, when Vin < Vin, the MOSFET device is turned off, corresponding to off-state operation 
mode. 
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Figure 4.36 Normalized (a) load current, collector (b) voltage and (c) current and (d) input voltage 
waveforms for the idealized optimum Class E oscillator 


In practical design, it is impossible to realize choke inductance Len with infinite impedance 
at the fundamental and any harmonics. Moreover, using a finite dc feed inductance has the 
advantage of minimizing size, cost and complexity of the overall circuit. When H = L/L is 
small corresponding to only dc current flowing through the choke inductance Len, the optimum 
load network parameters defined by Equations (4.101—4.103) are almost constant. However, in 
the range of large H , the optimum load network parameters vary since inductance Len no longer 
works as a finite dc feed inductance [39]. The experimental results for the MOSFET Class E 
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Figure 4.37 Schematic of a Class E power oscillator with impedance transformation 


power oscillator show the efficiency of 90.7% and output power of 6.8 W at the oscillation 
frequency of 2.02 MHz for high quality factor Q = wL /R and low H. For the case of low Q 
and high H, the efficiency was 89.7% with the output power 2.8 W at oscillation frequency 
1.97 MHz. By using the same topology for the bipolar Class E power oscillator, the collector 
efficiency over 95% with the output power of 3 W at 2 MHz was measured [34]. 

If a theoretical value of the resistance R for the optimum Class E load network given by 
Equation (4.103) is too small or differs significantly from the required load impedance (typically 
50 2), it is necessary to use a matching circuit instead of a series LoCo resonant circuit to 
deliver maximum output power to the load, as shown in Figure 4.37. In a practical oscillator, 
the inductors L and L; are combined together and considered as a single inductor. To provide a 
sufficient level of harmonic suppression, the loaded quality factor of such a transformer must be 
high enough. In addition, the first series element of the matching circuit should be an inductor 
with sufficiently large inductance value to realize high impedance conditions for harmonics. 

The simple L-type output matching circuit with the shunt capacitance C4 and series in- 
ductance L4, the input impedance of which should be sufficiently high at second- and higher- 
order harmonics, can be used. The output matching circuit can also be designed using any 
combination of the lumped capacitors and inductors with a series inductor as the first element. 
To determine the circuit parameters of the L-type matching circuit, we first calculate the loaded 
quality factor from 


r= Ruy a 4.105 
a: 4.09 


Then, the matching circuit parameters can be obtained by 


_ QLR 
— @ 


-2 


oR, 





Li (4.106) 


Ci (4.107) 

At microwave frequencies, to minimize the insertion losses, the transmission lines should 
replace any lumped inductors in output matching circuit. For example, any type of transmission 
line, including open-circuited or short-circuited stubs to provide the required matching and 
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Figure 4.38 High-efficiency microwave MESFET oscillator topology 


harmonic suppression conditions can compose the matching circuit. As a result, to approximate 
the idealized Class E with shunt capacitance, it is necessary to design the transmission-line 
load network satisfying the required idealized optimum impedance Znet at the fundamental 
frequency given by 


Znet! = R(1 + j tan49.052°) (4.108) 


which can be obtained from Equations (4.101) and (4.102). At the same time, the open- 
circuited conditions should be realized for all higher-order harmonics. However, as shown 
from the Fourier analysis, a good approximation to Class E mode may be obtained with only 
two harmonics (fundamental and second) of the voltage waveform across the switch [40]. 

The parallel feedback can be used to design Class E microwave oscillators when the load 
network has impedance at the fundamental frequency of 


0.28015 





Zii = exp(j49.052°) (4.109) 


out 

where Cout is the transistor switch output capacitance [41]. Equation (4.109) establishes a 
relationship between the load network impedance seen by the device collector and transistor 
switch capacitance, and is similar to Equation (4.108). Here, the output device capacitance fully 
represents the shunt capacitance required for optimum switched-mode Class E operation. Such 
a Class E oscillator with a Fujitsu FLKO52WG MESFET device shown in Figure 4.38 achieved 
a maximum efficiency of 59% with output power of 300 mW at the operating frequency of 
5.0 GHz and supply voltage of 6.5 V. The matching circuits and variable feedback microstrip 
lines of 50 Q (1.6 mm wide) were fabricated on the 0.508-mm-thick substrate with dielectric 
permittivity €r = 2.2, when lı = 9 mm, l = 1.8 mm, /3 = 5.3 mm and /4 = 6.2 mm. An 
asymmetric microstrip branch-line coupler is used to provide the feedback through a microstrip 
line of the appropriate length. 


4.6.3 Class DE power oscillators 


Figure 4.39 shows the circuit schematic of Class DE RF power oscillator representing a Class D 
inverter with Class E switching conditions [42]. A Class D inverter is composed of two switch 
devices conducting alternate half cycles and a series resonant circuit tuned to the fundamental 
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Figure 4.39 Circuit schematic of a Class DE power oscillator 


frequency, converting the square collector (drain) voltage waveforms into a sinusoidal load 
current. At high frequencies, its efficiency reduces because of the power losses due to the 
device internal parasitic capacitance (collector capacitance in the case of the bipolar transistor 
or drain—source capacitance in the case of MOSFET device). Thus, applying Class E switching 
conditions can improve efficiency since the output device capacitance can be added to the 
required shunt capacitance of the Class E load network. The necessary modification of the 
Class DE power amplifier to the corresponding Class DE power oscillator can be accomplished 
by providing an additional phase-shifting feedback circuit, consisting of the capacitive divider 
and series inductance, and a centre-tapped transformer at the input. 

The two switches are driven by the sinusoidal signal, which generates a dead time between 
the instants when one switch has turned off and another switch will turn on. The gate sinusoidal 
voltages are out of phase by 180°. Consequently, one device will be turning off if the gate 
voltage decreases below the threshold value and remaining off until the gate voltage exceeds 
the threshold level. At the same time, another device will also be turned off when the gate 
voltage is below the threshold level. Hence, during this period, the two devices are turned 
off, resulting in a dead time. During the dead time, the sinusoidal output current charges one 
shunt capacitor and discharges the other shunt capacitor, and the midpoint voltage between 
two switching conditions becomes Vag or zero at the end of the dead time. The load network 
parameters with a dead time duty ratio of 0.25 can be calculated as 
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Figure 4.40 Fourier voltage and current waveforms with third and second harmonics 


where Q, is the loaded quality factor [43]. The feedback reactive elements C34, C3p and L3 
together with the gate-source capacitance Ces provide the required phase shift. As a result, 
the drain efficiency of 93.3% with output power of 2.3 W was measured at the oscillation 
frequency of 1.0 MHz. 


4.6.4 Class F mode and harmonic tuning 


Another way to design a high-efficiency oscillator, based on the active device common source 
(emitter) configuration, is to use a corresponding high-efficiency power amplifier with Class F 
harmonic conditions. To understand the basic approach, let us evaluate the contribution of 
each harmonic component to an ideal half-sinusoidal current waveform and a square voltage 
waveform. In this case, it is useful to calculate the partial Fourier series of current i (œt) and 
voltage v(wt) in normalized form according to 
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where 7o and Vo are the dc current and voltage components, respectively. 

Figure 4.40 shows that the shapes of the voltage and current waveforms can be significantly 
changed with increasing fundamental voltage amplitude by adding even one additional har- 
monic component if properly phased. For example, the combination of the fundamental and 
third harmonic components being out of phase at centre point results in a flattened voltage 
waveform with depression in its centre. It is clearly seen from Figure 4.40a that the proper 
ratio between the amplitudes of the fundamental-frequency and third-harmonic components 
can provide the flattened voltage waveform with minimum depression and maximum differ- 
ence between its peak amplitude and amplitude of the fundamental harmonic. Similarly, the 
combination of the fundamental-frequency and second-harmonic components being in phase 
at the centre point flattens the current waveform corresponding to the maximum values of the 
voltage waveform and sharpens the current waveform corresponding to the minimum values of 
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Figure 4.41 Fourier voltage and current voltage waveforms with three harmonics 


the voltage waveform, as shown in Figure 4.40b. The optimum ratio between the amplitudes of 
the fundamental-frequency and second-harmonic current components can maximize the peak 
value of the current waveform with its minimized value determined by the device saturation 
resistance in a practical circuit. Thus, power loss due to the active device can be minimized 
since the results of the integration over the period when minimum voltage corresponds to 
maximum current will give a small value compared with the power delivered to the load. 

Ideally, the half-sinusoidal current waveform does not contain the third harmonic component 
because its third-harmonic Fourier current coefficient is equal to zero, i.e., v3(9) = 0. However, 
a load line analysis of a Class B power amplifier with sinusoidal output voltage waveform under 
overdriven condition when device operates in pinch-off, active and saturation modes during one 
oscillation period shows that operation in the saturation mode is characterized by a depression 
in the output current waveform. From Fourier analysis it follows that such a current waveform 
includes the third harmonic component, which is out of phase with the fundamental component 
at the point of symmetry of wt = 2/2. Therefore, when an additional resonant circuit tuned 
to the third harmonic is included into the anode circuit operating in a saturation mode, the 
voltage drop with opposite phase will appear across this resonant circuit, resulting in a similar 
depressed voltage waveform shown in Figure 4.40a by a solid line. Hence, for the increased 
fundamental voltage amplitude, the output power at the fundamental frequency and anode 
efficiency can be increased for the same input drive. Physically, an efficiency improvement 
can be explained by the fact that fundamental voltage or fundamental current have negative 
values during some part of the period corresponding to the negative power as an integration of 
a product of the instantaneous fundamental voltage and current. This means that the power loss 
for the active device is partly compensated by the reactive power provided by the harmonic 
resonator. Adding one or more high-order harmonic components can further improve the 
voltage or current waveform. Figure 4.41a shows the voltage waveform with third and fifth 
harmonic peaking, which is close to an ideal rectangular waveform. Figure 4.42b shows the 
current waveform with second and fourth harmonic peaking resulting in a close-to-ideal half- 
sinusoidal waveform. 

The possibility of improving efficiency by approximation of the anode voltage waveform 
to a square wave in order to minimize the values of the saturation voltage compared with the 
supply voltage over the entire interval 0 < wt < 27 has been known for a long time [44]. In 
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Figure 4.42 Polyharmonic power oscillator 


this case, it was suggested to use the additional resonators tuned to the third and fifth harmonic 
components in order to maximize efficiency of the vacuum tube power oscillator. Figure 4.42 
shows a simplified circuit of a vacuum tube power oscillator containing the fundamental- 
frequency (fo), third-harmonic (3 fo) and fifth-harmonic (5 fo) LC resonators in the anode 
circuit. The anode fundamental-frequency resonator is inductively coupled with the tank grid 
circuit. As a result, the anode voltage v(wf) represents a sum of the fundamental-frequency, 
third-harmonic and fifth-harmonic voltages, while the only fundamental-frequency output 
signal flows to the load resistance Ri. 

In an ideal Class F power amplifiers, the fundamental and harmonic load impedances 
are optimized by short-circuit termination and open-circuit peaking in order to control the 
voltage and current waveforms at the collector (drain) of the active device to obtain maximum 
efficiency. To provide 100% idealized collector efficiency, the required impedance conditions 
at the device collector must be 


Zn =0 forevenn 


Zn =œ foroddn 


where J/g is the de current, Vec is the dc supply voltage and n is the harmonic number [18]. 
Figure 4.43 shows the ideal voltage and current waveforms corresponding to a Class F operation 
mode. Here, a sum of odd harmonics gives a square voltage waveform, a sum of fundamental- 
frequency and even harmonics approximates a half-sinusoidal current shape and sinusoidal 
current flowing to the load resistance RL. 

In practical implementation at microwave frequencies, the matching circuit with a series 
lumped inductance is replaced by the matching circuit with a series transmission line, as shown 
in Figure 4.44a. The directional coupler at the output of the oscillator with coupling coefficient 
less than the operating power gain of the equivalent power amplifier and the transmission line 
with proper electrical length in the feedback circuit provide the necessary phase shift. By using 
an additional third harmonic impedance peaking circuit, the total oscillator efficiency can be 
increased. The ideal class F power amplifier with all even harmonic short-circuit termination 
due to the quarter-wave transmission line and third harmonic peaking achieves a maximum 
drain efficiency of 88.4% [18]. 

It is easy to realize such impedance conditions using the series transmission line with 
electrical length of 0; and open-ended stub with electrical length of 02, as shown in Figure 4.44b. 
An appropriate control of short-circuit termination at the second harmonic and open-circuit 
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Figure 4.43 Ideal Class F collector current and voltage waveforms 


termination at the third harmonic results in a drain (collector) voltage waveform close to a 
square wave, thus approximating an ideal Class F operation. In this case, it is necessary to 
provide the following electrical lengths of the transmission lines at the fundamental frequency: 


Lins 2g 1 

6; = -tan 
3 3Z0@C out 
T 


== 





where Cout is the device output capacitance, Zo is the characteristic impedance of the microstrip 
line [18]. The Class F load network then must be followed by the output matching circuit to 
match the realized fundamental-frequency output impedance to a standard 50-Q load. 

At very high frequencies, it is necessary to take into account the parasitic elements of the 
device equivalent circuit since their effect on the impedance conditions becomes significant at 
higher-order harmonics. In this case, it is not enough to consider the drain—source capacitance 
Cas as the only element contributing to the device output reactance, unlike at lower frequencies 
where it can be considered as the output device capacitance Coy. Figure 4.45 shows the 
equivalent circuit of the HEMT device with series parasitic gate, drain and source inductances 
(Ls, Lg and L,) and pad gate and drain capacitances (C gp and Cap). The device output admittance 
(assuming negligible value of the feedback gate—drain capacitance C4) to compensate for the 
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Figure 4.44 High-efficiency Class F MOSFET oscillator circuits 











Figure 4.45 HEMT equivalent circuit with parasitic elements 
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parasitic elements can be written as 





You(n@) = jnoC pa (4.116) 





Gout = jnoCas jnoCas 
where Gout = 1/Rout and n is a harmonic number. 

By providing a short-circuit impedance condition at the second harmonic, a drain efficiency 
of 61% with output power 14.46 dBm at operating frequency 1.86 GHz for low supply voltage 
of 2 V was obtained for a HEMT power oscillator [45]. Such an approach was based on the 
measurement and optimization of the input incident-wave power and load reflection coefficients 
at the fundamental frequency and second harmonic using an active load measurement system 
with input and output reflectometers [46]. To design a high-efficiency Class F MESFET power 
oscillator with second and third harmonic control, a parallel feedback topology, similar to 
that shown in Figure 4.44, was chosen [47]. The attenuation of the entire feedback loop was 
adjusted to 10.5 dB. The measured efficiency was found to be 67% for supply voltage of 5.5 V 
and output power of 24 dBm at the operating frequency of 1.6 GHz. 


4.7 PRACTICAL OSCILLATOR SCHEMATICS 


Figure 4.46a shows a common source GaAs MESFET oscillator circuit configuration with a 
parallel feedback circuit between the drain and the gate using lumped elements. This feedback 





Figure 4.46 Parallel feedback common source oscillator circuit configurations 
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circuit represents a series connection of an inductor L; and a capacitor C, [48]. The capacitance 
C3, which is required to satisfy the amplitude and phase oscillation conditions for the oscillator 
large-signal operation, is connected between the gate and the source. The drain terminal is 
connected to the load through the blocking capacitor C4 and load capacitor C5. This connection 
compensates for the inductive reactance at the device output. To provide the start-up oscillation 
conditions at 5.96 GHz, the external circuit feedback parameters were chosen as Lı = 1.1 nH, 
Cı = 1.05 pF, C3 = 0.63 pF, and Cs = 1.28 pF. The series circuit consisting of an inductor 
L» and a capacitor C2 is connected to the gate terminal to maintain a self-bias voltage. The 
circuit resonant frequency fı = 1/27 ./L1C, is low enough for it to be considered as an open 
circuit at the oscillation frequency. 

The operational principle of such a self-bias circuit is as follows. At the first moment 
when the drain supply voltage Vaq is switched on, the gate-source voltage and the voltage 
across the capacitance C3 are zero. Due to the Shottky barrier rectifying property, the RF 
gate-source voltage generates a dc gate current component that discharges capacitance C3 
to a negative voltage. This leads to a decrease of the device effective output resistance and 
transconductance which, in turn, contributes to a decrease of the negative conductance and 
the fulfilment of the large-signal steady-state oscillation conditions. For a given oscillator, the 
oscillation build-up is established at around 25 ns. 

For a MOSFET oscillator, stable oscillations are provided by using an external gate biasing. 
This procedure is required because the gate leakage current is too small to provide the self- 
bias mode oscillation conditions. For such an operation mode, it is possible to use a self-bias 
series resistor between the source and the ground. In addition, for high-efficiency operation, the 
quarter-wave transmission line can be connected to the drain (instead of the RF choke) together 
with the series lumped inductor L2, as shown in Figure 4.46b. This creates high impedance at 
the third and higher odd harmonics. The series inductor L2 can be considered as an element 
of a T-type output matching circuit. 

A GaAs MESFET self-bias mode oscillator, which was implemented in a microwave inte- 
grated circuit using alumina substrate, is shown in Figure 4.47 [48]. In this case, the parallel 
lumped feedback circuit between the drain and gate terminals is realized using the two short 
microstrip lines, whose total length is less than a quarter-wavelength, to create an inductive 
feedback impedance. An open-ended microstrip line replaces the feedback capacitance C3 con- 
nected to the gate terminal. The matching circuit, which is necessary to convert the optimum 
device impedance to the 50-Q load, is realized with a quarter-wave microstrip transformer 
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Figure 4.47 Microwave self-bias mode GaAs MESFET oscillator 
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Figure 4.48 Common gate MESFET oscillator circuit configuration (© 1978 IEEE) 


as a replacement for the capacitance C5. As a result, using an active device with gate width 
2500 um and gate length 1.5 um, under supply voltage of 4.5 V, the oscillation frequency was 
5.51 GHz with output power 110 mW and efficiency 17%. 

Figure 4.48 shows a common gate oscillator circuit configuration. By using a DXL-4640- 
P100 MESFET device, such an oscillator produced 1.2 W output power at 8 GHz operating 
frequency [49]. The transition from self-oscillating small-signal conditions to large-signal 
steady-state operation mode is provided by a self-bias resistor of 5.6 Q connected to the source 
circuit in parallel with a bypass capacitor. Both RF short-circuited quarter-wave microstrip lines 
connected to the source and drain, respectively, eliminate an influence of device bias circuits 
on the electrical properties of the resonant circuit. An open-ended microstrip line provides the 
capacitive reactance seen by the source terminal. Since the output resonator is a quarter-wave 
microstrip stub, a simple adjacent line coupling section was chosen and adjusted for required 
coupling with maximum output power. A quarter-wave microstrip line connected to the drain 
improves the oscillator efficiency and spectral characteristics attributable to the short-circuit 
conditions for the even voltage harmonics. 

Generally, it is easy to achieve the negative resistance start-up conditions by using an 
inductive feedback element located between the gate and the ground, like the inductance L in 
Figure 4.49a [50]. In this case, the imaginary part of the impedance Z, provided by the feedback 
circuit, which is connected between the source terminal and ground, should be capacitive, with 
minimum real part. A matching circuit connected to the drain terminal is used to maximize the 
output power delivered to a 50-9 load. Experimental results show that microwave MESFET 
oscillators having such a configuration can produce 50—60 mW output powers at efficiencies 
of more than 20%. These oscillators have soft build-up of the oscillations without showing 
any frequency jumping or spurious outputs. Low sensitivity of output power and oscillation 
frequency to drain bias variation is observed. 

The series feedback common gate MMIC oscillator configuration operating at 75 GHz is 
shown in Figure 4.49b. Transmission lines of different length were used to provide inductive 
impedance in the gate circuit and capacitive impedance in the source circuit [51]. All transmis- 
sion lines are realized in the form of the coplanar lines with the characteristic impedance of 
50 Q. The gate length of the active device is 0.16 um and the gate width is 2 x 25 um. Because 
of the geometry of an active device, the source is grounded through two symmetric coplanar 
lines. The drain bias is supplied by a coplanar line, which also serves as the oscillator output. 
Output power 8 mW with drain bias 3 V was achieved. The similar common gate oscillator 
topology using a power HEMT device with gate width 1.5 mm based on coplanar transmission 
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Figure 4.49 Series feedback common gate oscillator circuits 


lines could provide a delivery of 1.7 W at 9.556 GHz into 50-Q load with drain bias 30 V 
[52]. The output matching circuit was realized in the form of an L-transformer with series 
transmission line and open-circuited stub. 

Figure 4.50 shows the circuit layout of the microstrip pHEMT Ku-band oscillator having 
a series feedback topology [53]. The oscillator circuit uses a packaged GaAs pHEMT device 
(model KH1032-C02) where one source lead is connected to an open-ended microstrip line 
and the second source lead is removed. S-parameters measurements with one source lead 
removed and another source lead connected to the ground revealed the device to be highly 
unstable around 16.2 GHz. Two open-circuited microstrip lines are placed on the gate and 
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Figure 4.51 Series inductive feedback microwave HBT oscillator schematic (© 1998 IEEE) 


source, and the drain is connected to the microstrip output impedance matching circuit. The 
source open-ended microstrip provides capacitive series feedback, and the gate open-ended 
microstrip is used to control the oscillation frequency. The substrate used for the oscillator 
circuit implementation was Rogers RO4350 (thickness = 0.254 mm, £; = 3.48, loss tangent 
= 0.004). Using the small-signal S-parameters of pHEMT with one source lead removed, 
measured near device pinch-off, the initial design predicted the oscillation frequency around 
16.7 GHz. The highest efficiency of 41% was achieved at 17.1 GHz with output power 13.4 mW 
at supply voltage 2 V. 

An example of a common base series inductive feedback microwave HBT oscillator using 
microstrip lines is shown in Figure 4.51 [54]. Optimizing the oscillator for maximum output 
power at an oscillation frequency of 20 GHz yields the base inductive reactance with an 
inductance of 1.4 nH and the emitter capacitive reactance with a capacitance of 40 fF. The 
AlGaAs/GaAs HBT device with geometry of 2.0 x 10 um exhibits de current gain B = 30, 
transconductance gm = 80 mS and transition frequency fr = 54 GHz. Changing the value 
of the emitter capacitance in the range 20-40 fF provides the oscillation conditions within a 
20-28 GHz frequency range. The inductive base and capacitive emitter reactances are easy to 
realize using short-circuited microstrip lines with an electrical length of less than a quarter- 
wavelength and with an electrical length of more than a quarter-wavelength, respectively. The 
output matching circuit represents a T-type network consisting of the series inductive and 
parallel capacitive elements. All feedback elements, as well as the matching network, were 
realized using microstrip lines with characteristic impedance of 70 Q. Oscillations started at a 
collector voltage around 2.6 V. For a 5.2 V collector voltage, an output power as high as 9 dBm 
with 19% efficiency at oscillation frequency 20.9 GHz was achieved. To provide base-emitter 
biasing, it is necessary to apply the positive voltage to the base terminal or the negative voltage 
to the emitter terminal with the appropriate short-circuited condition for the microstrip line 
using a bypass capacitor. 

In order to enhance the negative resistance at higher frequencies, the oscillator circuit 
configuration can include both the parallel feedback circuit and the series feedback element. For 
example, each of two oscillators with acommon source configuration shown in Figure 4.52 uses 
a dual feedback scheme consisting of a series feedback element from the source terminal to the 
ground and a parallel feedback circuit from the drain terminal to the gate terminal. The MESFET 
oscillator configuration shown in Figure 4.52a is composed of an input open-ended microstrip 
line connected to the gate terminal, a parallel feedback circuit with two series microstrip lines 
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Figure 4.52 Microstrip parallel feedback MESFET oscillator circuit schematics 


and blocking capacitor, and a short-circuited microstrip line connected to the source terminal 
[55]. The output matching circuit consists of the series microstrip line connected between the 
drain terminal and the load. With the device gate geometry of 1 x 1500 um, an output power 
of 350 mW with 26% efficiency can be achieved at 6.5 GHz. The parallel feedback circuit can 
be designed as a combination of the phase-delay microstrip lines and edge-coupled microstrip 
lines shown in Figure 4.52b [56]. The edge-coupled lines are used for dc blocking instead 
of a metal—insulator—metal capacitor having high losses at high frequencies, above 100 GHz. 
The output matching circuit, consisting of two series microstrip lines and two microstrip 
stubs, provides the optimum impedance conditions at the drain terminal. The open-ended 
microstrip line connected to the gate terminal determines the oscillation frequency as a main 
frequency-tuning element. This monolithic fundamental HEMT oscillator with the device 
geometry of 0.1 x 90 um can operate at 130.7 GHz with an output power of —7.9 dBm at a 
drain voltage of 1.3 V. 
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5 


Noise in oscillators 


It is very important for the oscillator noise model to express a clear relationship between the 
resonant circuit and active device noise model parameters. The simple Leeson linear model 
for a feedback oscillator, which was derived empirically, is based on the expectation that 
the contribution to real oscillator output spectrum is provided by two basic processes. The 
first process is a result of the phase fluctuations due to the additive white noise at frequency 
offsets close to the carrier. The second process is a result of the low-frequency fluctuations or 
flicker noise up-converted to the carrier region because of the active device nonlinear effects. 
The nonlinear Kurokawa analysis based on the sinusoidal representation of the current in the 
negative-resistance oscillator extends the oscillator noise model by introducing relationships 
between the noise power, stability conditions and amplitude-to-phase conversion. However, 
such a noise generation mechanism does not consider the mixing effect from the inherent 
nonlinear behaviour of the active device when the current at the output of the active device 
must be represented by a Fourier series expansion. Thus, the phase noise generated around the 
fundamental frequency of the oscillation is generally an equal contribution of two simultaneous 
and correlated phenomena: additive phase noise due to phase modulation process and converted 
phase noise due to conversion from one sideband to another. 


5.1 NOISE FIGURE 


There are several primary noise sources in the oscillator circuit. Thermal or white noise is 
created by random motion of charge carriers due to thermal excitation, being always found 
in any conducting medium whose temperature is above absolute zero whatever the nature of 
the conduction process or the nature of the mobile charge carriers [1]. This random motion of 
carriers creates a fluctuating voltage on the terminals of each resistive element which increases 
with temperature. However, if the average value of such a voltage is zero, then the noise power 
on its terminal is not zero being proportional to the resistance of the conductor and to its 
absolute temperature. The resistor as a thermal noise source can be represented by either of 
the noise sources shown in Figure 5.1. The noise voltage source and noise current source can 
be respectively described by Nyquist equations through their mean-square noise voltage and 
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Figure 5.1 Equivalent circuits to represent thermal noise sources 


noise current values as 


e? = 4kT RAS (5.1) 
=. ART A 


where k = 1.38 x 107? J/K is the Boltzmann constant, T is the absolute temperature, and 
kT = 4 x 10-2! W/Hz = —174 dBm/Hz at ambient temperature T = 290 K. The thermal 
noise is proportional to the frequency bandwidth Af. It can be represented by the voltage 
source in series with resistor R, or by the current source in parallel to the resistor R. The 
maximum noise power can be delivered to the load when R = R, where R, is the load 
resistance, being equal to kT Af. Hence, the noise power density when the noise power is 
normalized by Af is independent of frequency and is considered as white noise. The root- 
mean-square noise voltage and current are proportional to the square root of the frequency 
bandwidth Af. 

Shot noise is associated with the carrier injection through the device p—n junction, being 
generated by the movement of individual electrons within the current flow. In each forward- 
biased junction, there is a potential barrier that can be overcome by the carriers with higher 
thermal energy. Such a process is random and mean-square noise current can be given by 


i2 = QI Af (5.3) 


where q is the electron charge and / is the direct current flowing through the p-n junction. 
The shot noise depends on the thermal energy of the carriers near the potential barrier and its 
power density is independent of frequency. It has essentially a flat spectral distribution and can 
be treated as the thermal or white type of noise with current source i2 connected in parallel to 
the small-signal junction resistance. In a voltage noise representation, when the noise voltage 
source is connected in series with such a resistor, it can be written as 


e2 = 2kTrAf (5.4) 


where r = kT /q1 is the junction resistance. 

Circuits containing more than one resistor can be analysed by reducing their number to the 
only one (Thevenin) equivalent resistance to obtain the mean-square noise voltage in the form 
of Equation (5.1) [2]. As an example, the noise equivalent of a circuit shown in Figure 5.2a, 
where a signal source Vs is driving a hypothetical noise-free load resistor Rin (which can be 
considered an input of the power amplifier) through three noise resistors R1, R2, and R3, is 
a noise voltage source e = 2kT RrAf connected in series with an ideal (noise-free) resistor 
equal to the Thevenin resistance Rr, as shown in Figure 5.2b. 
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Figure 5.2 Circuit with three resistors and its equivalent with a noise voltage source 
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Figure 5.3 Noise characterization of a two-port RC network 


Consider now a simple parallel RC circuit shown in Figure 5.3a, where the thermal noise 
due to the parallel resistor is represented by a parallel noise current source in. Nyquist has 
determined the thermal noise output of a two-port network containing both resistive and reactive 
elements, as shown in Figure 5.3b. In this case, the mean-square thermal noise voltage is given 
by 


a= air | RMAs (5.5) 
Af 


where integration is performed over the frequency bandwidth of interest Af and 


Rf)= (5.6) 


14+ (2x fCRP 

is the real part of the output circuit impedance at frequency f. 
Hence, the parallel current noise source can be equivalently transformed to the series noise 

voltage source by integration over infinite frequency bandwidth with the total mean square 

noise voltage given by 





Sh) ART T Rd TR f do kT 
Be z= 32 (5.7) 
ax | 1+@CRY x J 1+@cRY C 
0 0 


where the resistance R has no effect on the noise voltage which depends on the value of the 
capacitance C and temperature T only [2, 3]. 

It is well known that any linear noisy two-port network can be represented as a noise-free 
two-port part with noise sources at the input and the output connected in different way [4, 5]. 
For example, the noisy linear two-port network with internal noise sources shown in Figure 5.4a 
can be redrawn, either in the impedance form with external series voltage noise sources shown 
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Figure 5.4 Linear two-port network with noise sources 


in Figure 5.4b, or in the admittance form with external parallel current noise sources shown in 
Figure 5.4c. 

However, to fully describe the noise properties of the two-port network at fixed frequency, 
sometimes it is convenient to represent it through the noise-free two-port part and the noise 
sources equivalently located at the input. Such a circuit is equivalent to the configurations with 
noise sources located at the input and the output [6]. In this case, it is enough to use four 
parameters: the noise spectral densities of both noise sources and the real and imaginary parts 
of its correlation spectral density. These four parameters can be defined by measurements at the 
two-port network terminals. The two-port network current and voltage amplitudes are related 
to each other through a system of two linear algebraic equations. By taking into account the 
noise sources at the input and the output, these equations in the impedance and admittance 
forms can be respectively written as 


Vi = Zh + Zh — Vm (5.8) 

V2 = Zali + Z2h — Vm (5.9) 
and 

li = Ya Vi + Yi2V2 — Ín (5.10) 


h = Ya Vi + Yo2V2 — Im (5.11) 
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Figure 5.5 Linear two-port network with noise sources at input 


where the voltage and current noise amplitudes represent the Fourier transforms of noise 
fluctuations. 

The equivalent two-port network with voltage and current noise sources located at its input is 
shown in Figure 5.5a, where [Y ] is the two-port network admittance matrix and ratios between 
current and voltage amplitudes can be written as 


lh = Yu (Vi + Vai) + Y12V2 — Iri (5.12) 
h = Yz (Vi + Vai) + Y22V2 (5.13) 


From comparison of Equations (5.10) and (5.11) with Equations (5.12) and (5.13) it follows 
that 


Ty 
va (5.14) 
Yo) 
Y 
Ini = Im — “Lho (5.15) 
Yai 


representing the relationships between the current noise sources at the input and the output 
corresponding to the circuit shown in Figure 5.4c and voltage and current noise sources at the 
input only corresponding to the circuit shown in Figure 5.5a. In this case, Equations (5.14) 
and (5.15) are valid only if Y2; 4 0 that always takes place in practice. Similar equations can 
be written for the circuit with the series noise voltage source followed by a parallel noise 
current source shown in Figure 5.5b in terms of impedance Z-parameters to represent the 
relationships between the voltage noise sources at the input and the output corresponding to 
the circuit shown in Figure 5.4b. The use of voltage and current noise sources at the input 
enables the combination of all internal two-port network noise sources. 

To evaluate a quality of the two-port network, it is important to know the amount of noise 
added to a signal passing through it. Usually this can be done by introducing such an important 
parameter as the noise figure or noise factor. The noise figure of the two-port network is intended 
as an indication of its noisiness. The lower the noise figure, the less noise is contributed by the 
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two-port network. The noise figure is defined as 


_ G/N din 


F = 
(S/N Jout 


(5.16) 


where (S/N )in is the signal-to-noise ratio available at the input and (S/N )out is the signal-to- 
noise ratio available at the output. 

For a two-port network characterized by the power gain G, the noise figure can be rewritten 
as 


a Sin/Nin = Nint 
~ GSin/GNin + Nin) Nin 





(5.17) 


where Nint is the additional noise power added by the two-port network referred to the input. 
From Equation (5.17) it follows that the noise figure depends on the source impedance Zs 
shown in Figure 5.6a, but not on the circuit connected to the output of the two-port network. 
Hence, if the two-port network is driven from the source with impedance Zs = Rs + jXs, 
the noise figure F of this two-port network in terms of the model shown in Figure 5.6b with 
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Figure 5.6 Linear two-port networks to calculate the noise figure 
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input voltage and current noise sources and noise-free two-port network can be obtained by 








n + Zsinl? 
F=14 len + Zsin| 
AKT Rs Af 
Ra + |Zs|? Gn + 2V/RaGnRe(C Z 
Say Rats Gar (CZs) (5.18) 
Rs 
where 
_ i (5.19) 
"” 4kT Af f 


is the equivalent input-referred noise resistance corresponding to the noise voltage source, 


T 
lic: 

ioe a 5.20 
AKT Af O20) 





is the equivalent input-referred noise conductance corresponding to the noise current source, 
and 





ni (5.21) 





is the correlation coefficient representing a complex number less than or equal to 1 in magnitude 
[5]. 

Here, Gn and R, generally do not represent the particular circuit immitances, but depend 
on the bias level, resulting in a dependence of the noise figure on the operating bias point of 
the active device. 

As the source impedance Zs is varied over all values with positive Rs, the noise figure F 
has a minimum value of 


Fin =1+2/RaGn [vi — (mC)? + rec | (5.22) 


which occurs for the optimum source impedance Zsop = Rsopt + JX Sopt given by 


2 Ry 
F= G. (5.23) 


Rn 
Xsopt = ,| z mC (5.24) 


As a result, the noise figure F for nonoptimum input impedance Zs can be expressed in 
terms of F min as 


|Zsopt 


2 Gn 
F = Fmin + |Zs — Zsopt| Re 
S 


G 


= Fmin + [(Rs — Rsopt)” + (Xs n X sop) J (5.25) 
S 
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Similarly, the noise figure F can be equivalently expressed using a model shown in Fig- 
ure 5.6c with source admittance Ys = Gs + j Bs as 


2 Rn 
F = Fmin + [Ys — Ysopi| Ge 
2 2 Rn 
= Fmin + [(Gs = G sopt) + (Bs = Bsopt) le (5.26) 
S 


where Fin is the minimum noise figure of the two-port network which can be realized with 
respect to the source admittance Ys, Ysopt = G sopt + j Bsopt is the optimal source admittance, 
and R, is the equivalent noise resistance which measures how rapidly the noise figure degrades 
when the source admittance Ys deviates from its optimum value Ysopt [7]. Since the admittance 
Ys is generally complex, then its active and imaginary parts can be controlled independently. 
To obtain the minimum value of the noise figure, the two matching conditions of Gs = G sopt 
and Bs = Bgop must be satisfied. 

The physical interpretation of the noise sources which are assumed to be stationary random 
processes is given by their self- and cross-power spectral densities which are defined as the 
Fourier transform of their auto- and cross-correlation functions. These spectral densities in two- 
port matrix form leads to the so-called correlation matrices with their admittance, impedance, 
or chain representations [8]. The correlation matrix C belonging to the noise sources s„ı and 
Sn2 can be written as 





1 | Sns Sn Shy 


C-z (5.26) 





* * 
Sn25n1 Sn2Sp2 


where the asterisk denotes the complex conjugate. For example, the admittance correlation 
matrix for the circuit shown in Figure 5.4c with two parallel current noise sources is obtained 
as 





1 Inlay Init yo 


Cy = — 
Y Af 


(5.27) 





In2l nt In2ln2 
Determination of the noise correlation matrix is based on the following procedure: 


e each element in the diagonal matrix is equal to the sum of the noise current of each ele- 
ment connected to the corresponding node: the first diagonal element is the sum of noise 
currents connected to the node 1, while the second diagonal element is the sum of noise 
currents connected to node 2; 


e the off-diagonal elements are the negative noise current of the element connected to the pair 
of the corresponding node: therefore, a noise current source between nodes 1 and 2 goes into 
the matrix at locations (1, 2) and (2, 1); 


e ifanoise current source is grounded, it will only contribute to one entry in the noise correlation 
matrix — at the appropriate location on the diagonal: if it is not grounded, it will contribute 
to four entries in the matrix — two diagonal entries corresponding to the two nodes and two 
off-diagonal entries. 
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Figure 5.7 Circuit with two noise current sources 


By applying these rules for the circuit with two current noise sources shown in Figure 5.7, 
the admittance noise correlation matrix Cy can be defined as 
PH 72 
= 1 lal in 
Af | 32° 


nl 


Cy (5.28) 


2 4 72 
Int + ay) 


To form the impedance noise correlation matrix with voltage noise sources, we can write 


Cz 





* * 
1 ener) 


oe = T 
FA l = [Z] [Cy] [Z] (5.29) 


eneh, Emei 


where [Z] is the impedance Z-matrix of the two-port network and T denotes the Hermitian or 
transposed conjugation. 

In the case where the correlation matrix cannot be theoretically derived, the measurements 
can be used for its determination. Such measurements are usually done by defining the equiv- 
alent noise resistance R,, the optimal source admittance Ysopt and the minimum noise figure 
F nin. AS a result, the chain representation of the noise correlation matrix is obtained as 

Ry Lo = RY. Sopt 
Ca DARE | po a4 2 1 (5.30) 
a = RaYsopt Ra [Ysopt| 
where T is the absolute temperature [8]. However, if the correlation matrix has been determined, 
the noise parameters can be calculated analytically from 











cA 
eae (5.31) 
cA Cc cA 
Yom = | 2 in? ( È) jim( 2) (5.32) 
SONON Ch Ch 
CA 4 CAY 5, 
Fin = 1+ a (5.33) 


where C T C e C A and C F are the elements of the chain correlation matrix C4. 
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5.2 FLICKER NOISE 


The flicker or 1/f noise is a low-frequency noise associated with a fluctuation in the con- 
ductance with a power spectral density proportional to f~”, where y = 1.0+0.1 in a wide 
frequency range, usually measured from 1 Hz to 10 kHz [9]. Its spectrum cannot be exactly 
f~! at offset frequencies from f = 0 to f —> ox, since neither the integral over the power 
density nor the Fourier transform would be able to have finite values. Unlike the thermal or 
shot noise sources, the origin of the 1/f noise is not exactly clear and open to debate despite 
its predictable behaviour. Generally, it is a result of both surface and bulk effects in the semi- 
conductor material and is not generated by the current. In series experiments it was shown that 
there is a type of 1/f noise that is a fluctuation in the carrier mobility due to lattice scattering. 

A significant contribution to the low-frequency noise is made by the generation— 
recombination and burst noises [10]. The generation—recombination noise associated with 
the fluctuations in the number of the carriers rather than their mobility is due to trap centres 
within the bandgap of a semiconductor. It may have any frequency behaviour between f° 
and f~. If not masked by thermal noise, the low-frequency noise generated from these trap 
centres becomes f~? at very high frequencies. However, if the lifetime of the carriers in the 
semiconductor is finite, the noise spectral density reaches a plateau at very low frequencies. 
Burst noise (random telegraph noise) is a special kind of generation—recombination noise due 
to a single trap in the active device region. It is often observed in submicrometre devices or in 
devices with very poor crystalline quality. In such devices, a trap level with a certain energy 
and at a specific location in the active device region (a single localized trap) traps and detraps 
the carriers causing an on-off time-dependent signal similar to a telegraph signal [11]. 

Flicker noise in bipolar transistors is associated mainly with generation—recombination 
centres which contribute to random trapping and release of free carriers [12, 13]. This relatively 
slow process is always associated with flowing current the mean-square value of which i2 as 
a function of the offset frequency f can be approximated by 


= A 
i2 = Kerr At (5.34) 


f 

where Kr is the flicker noise coefficient and k is the flicker noise exponent. Both these co- 
efficients are device dependent. In conventional high-quality silicon bipolar devices, the low- 
frequency noise is determined by 1/f noise in the base current due to carriers injected from 
the base into the emitter, since the emitter series resistance can be neglected, the base series 
resistance is low and the collector current has an ideality factor of 1. In downscaled polysilicon 
bipolar transistors with lower emitter area, at low bias currents the 1/f noise in the base current 
is dominant, while at higher bias currents the influence of the series resistances on the noise 
becomes noticeable. In GaAs/AlGaAs HBT devices, the 1/f noise in the base current can be 
described by Equation (5.34) with Kp ~ 10~!°A?-* and k ~ 1.6, whereas, for the 1/f noise 
in the collector current, Kp ~ 107!?A?~ and k ~ 1.3 [14]. The contribution of the extrinsic 
base resistance noise becomes more important with scaling, especially for devices with very 
high transition frequency fr [15]. 

There are two major theories to explain the physical origin of 1/f noise in MOSFET devices, 
one is based on the carrier number fluctuation theory when the flicker noise is attributed to the 
random trapping and detrapping processes of charges near the Si—SiO> interface, the other is 
based on mobility fluctuation theory considering the flicker noise as a result of the fluctuations 
in bulk mobility [3, 16, 17]. Assuming that the channel can exchange charges with the oxide 
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traps through tunnelling, the charge fluctuation results in fluctuation of the surface potential, 
which in turn modulates the channel carrier density. At the same time, it is considered that the 
fluctuation of bulk mobility is induced by fluctuations in phonon population through phonon 
scattering. Generally, the measured noise power in MOSFET devices has a more complicated 
dependence on the gate bias and oxide thickness than predictions based on the number or bulk 
mobility fluctuation theory only. Also, the surface mobility fluctuation mechanism should be 
taken into account, attributed to the scattering effect of fluctuating oxide charge [18]. The 
implementation of oxide and interface trapping noise into a partial differential equation-based 
semiconductor device simulator shows the correct prediction of 1/f noise spectral densities for 
submicrometre MOSFET devices operating at subthreshold and strong inversion in saturation 
[19]. 

The dependence of flicker noise power on gate bias and oxide thickness for an n-channel 
MOSFET in terms of the equivalent gate noise power e, can be modelled by the following 
empirical expression: 


ee le Cl ve (5.35) 
"= LW 1 Cox gs th 2 Ca i 


where V,, is the gate-source voltage, Vin is the threshold voltage, L is the channel length, W 
is the channel width, Cox is the gate—oxide capacitance per unit area, q is the electron charge, 
Kı and K» are empirical constants, and m = 0.7—1.2 [17]. In this case, it was proposed that 
the term with Kı represents the contribution from the mobility fluctuation whereas the term 
with K> represents the contribution from the number fluctuation. 

Based on the experimental results for different n-channel MOSFET devices, Equation (5.34) 
for relative fluctuations of the drain current can be rewritten as 











a ra ee 
<= 5.36 
Af Krlj 22) 
5/2 Ves = Vas 
U f 


where Vps and /; are the gate-source voltage and drain current, respectively, at which the device 
transconductance gm begins to drop, i.e., 02m/0/a < 0, and Kp = 3.1-6.6 x 107!44?/ [20]. 
It should be noted that, for constant Vps, the relative fluctuations of the drain current remain 
almost constant. Using the negative feedback resistor R, connected between the device source 
terminal and the ground results in flicker noise reduction according to 1/(1 + gmR,)?. To 
determine the parameters of the equivalent noise voltage source at the gate of the device, we 
can write 

-y iala 

eig = he (5.37) 
whose dependence on the drain current becomes significant only at high values when the device 
transconductance reduces. 

Generally, the noise behaviour of the n-channel and p-channel MOSFET devices is different, 
since the pMOS transistor, being less noisy, usually has a channel at a larger distance from the 
interface [21]. Unlike MOSFET device, the flicker noise of its JFET counterpart is negligible. 
At low temperatures the noise spectrum of the JFET indicates the presence of several types 
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of generation—recombination process, but the 1/f noise component is absent [22]. However, 
the component related to 1/f noise can appear at high temperatures, above 200 K [23]. Such 
a situation can be explained by the fact that the noise behaviour of a JFET device having a 
p-n junction cannot be characterized by semiconductor—oxide surface effects since its channel 
is separated by the depletion region localized along the device channel. On the contrary, the 
GaAs MESFET devices are characterized by a significant value of flicker noise. This is a 
combined result of the gate leakage current, fluctuations of the Schottky barrier space charge 
region, carrier number fluctuations in the channel and at the interface between the channel and 
substrate due to trapping phenomena [24]. The trapping mechanism is especially pronounced 
in GaAs material where the trapping centres can arise from a variety of causes such as trace 
impurities and crystal defects [25]. It is shown that the low-frequency noise in GaAs MESFET 
devices on InP substrate is directly related to the structural quality of GaAs active layers when 
increasing the buffer layer thickness for GaAs lattice mismatched on InP substrate improves 
the noise performance [26]. 


5.3 ACTIVE DEVICE NOISE MODELLING 
5.3.1 MOSFET devices 


The noise behaviour of the MOSFET device can be described based on its equivalent circuit 
representation which includes the main elements responsible for the device electrical behaviour 
and noise sources. The noise generated by a circuit element can be modelled as a result of a 
small-signal electrical excitation. Each noise source is considered as statistically uncorrelated 
to the other noise sources in the circuit and the contribution of each noise source to the total 
noise is determined on an individual basis. The total noise represents the root-mean-square 
sum of these individual noise contributions. Since a device channel material is resistive, it 


exhibits thermal noise as a major source of noise, which can be represented by a noise current 
source cm connected between the drain and the source in the MOSFET small-signal equivalent 
circuit shown in Figure 5.8a, where the flicker noise is also included too. The induced gate 
current noise is modelled by the gate noise current source P connected across the gate-source 
capacitance Ces. 


The noise voltage and current sources can be given through their mean-square values as 








e2, = 4kTR,Af (5.38) 
— 4kT (@C gs A 

A = 1e gs) Af (5.39) 
— ARTA 

i2 = 7 f (5.40) 
e2 = AKT RaAf (5.41) 
Pi pe Is" Af (5.42) 
l = 2. Ae . 

ng Raso Š Ogle 


where ņ is the induced gate noise coefficient, gm is the device transconductance, I4 is the drain 
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Figure 5.8 MOSFET equivalent circuits with noise sources 


bias current, Ap is the flicker noise exponent, Krp is the flicker noise coefficient, Cox is the 
oxide capacitance per unit area, Lr is the effective channel length, Raso is the differential 
drain—source resistance at Vg, = 0, y is the channel noise coefficient [27, 28]. 

In the long-channel devices Raso = 1/gm and y = 2/3, while both Raso and y are compli- 
cated functions of the device parameters in the short-channel MOSFETs [29]. The equation 
for i2 (with excluded flicker noise) valid for both short-channel and long-channel devices 
expressed through the device parameters can be written in a simple form as 


i2, = 4kTBIaAf (5.43) 


where 


1 a? Vasat 


p=—+ 
Vasat 3(Vos = Vin)? 





Vasat is the saturation drain-source voltage and « is the bulk-charge effect coefficient [30]. 
The required minimum noise figure Fmin, noise resistance R, and optimum source admit- 
tance Ysopt using the noise correlation C Ęa-matrix parameters as functions of the input referred 


noise voltage Oa and noise current iż as well as Y -parameters of the simplified noise-free 
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two-port network shown in Figure 5.8b can be approximately estimated as 


I 
Rn = Ry + pa > (5.44) 
g? 


m 





YSopt = 


vBlaRs (4) (: iz Pla (5.45) 


Ry fr Rg 


ani (mpg) ot 
T a 


where f is the operation frequency and fr = gm/27 (Ces + Cga) [30]. 


5.3.2 MESFET devices 


The noise properties of a MESFET device can be described based on both its physical and 
equivalent circuit models. The dominant intrinsic noise of a microwave GaAs MESFET device 
is the diffusion noise introduced by electrons experiencing velocity saturation. In a device 
two-zone model, a portion of the channel near the source end is assumed to be in the constant 
mobility operation mode (zone I), while the remaining portion near the drain end is postulated 
to be in velocity saturation (zone II). The position of the boundary between these zones is 
a strong function of the source—drain bias with weak dependence on the gate-source bias. 
It is assumed that the noise in zone I is thermally enhanced by hot electron effects [31, 32]. 
However, zone II cannot be treated as an ohmic conductor. Its contribution must be represented 
as a high-field diffusion noise, being dominant in microwave devices [33]. This diffusion noise 
is proportional to the high-field diffusion coefficient and is linearly dependent on drain current. 
On the other hand, the thermal noise of zone I decreases with increasing drain current. As a 
result, a strong correlation exists between the drain noise and induced gate noise which leads 
to a high degree of cancellation in the noise output of the GaAs MESFET [34]. 

The noise equivalent equivalent circuit of the MESFET device with both intrinsic and 
extrinsic noise sources is shown in Figure 5.9a [31, 34]. The noise source i2 represents the 
noise induced on the gate electrode by the passing thermal fluctuations in the drain current. The 
intrinsic drain noise source iZi has a flat spectrum. The resistance Rgs represents the resistive 
charging path for the gate-source capacitance Cs, and noise associated with this resistor is 
imbedded in the gate noise source. The series gate, source and drain resistances are represented 





by the voltage thermal noise sources 2, eZ and eĉ}, respectively. 


The noise voltage and current sources can be given through their mean-square values as 


e2, = 4kT RA f (5.47) 

== 4kT(@Cgs} RA 

i= AKT (OC gs) RAF (5.48) 
&m 

e2, = 4kT R,Af (5.49) 

e2, = 4kT RaAf (5.50) 


i2 = 4kT 8mP Af (5.51) 


ACTIVE DEVICE NOISE MODELLING 201 








g O | 4- Od 


&m Vos» 
T 














a). O 


Noise-free two-port network 


Coa 


Em gs» 





b). 


Figure 5.9 MESFET equivalent circuits with noise sources 


where R and P are the gate and drain noise model parameters depending upon the implemen- 
tation technology and biasing conditions [35, 36]. 

The cross-correlation between the gate drain noise current sources i fe and iĉ; can be written 
as 


inding = 4kT OC g CV PRAF (5.52) 


where C is the correlation coefficient. The quantities P, R and C are bias-dependent empirical 
correction factors, which may be obtained by noise de-embedding techniques [37]. Their 
typical values based on measurement and calculation of the noise figure for different devices 


can be chosen as P = 1, R = 0.5 and C = 0.9 [38]. It should be noted that i2 and C increase 


in the ohmic region and tend to saturate at high drain voltage, while ih increases with a near 
constant slope versus drain voltage. 

The noise current source ina is responsible for the effect of the gate leakage current which 
should be taken into account when using a submicrometre gate-length HEMT device. It can 
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be written as a shot noise source in the form 
iza = aqla Af (5.53) 


where 7a is the gate leakage current and æ is the fitting parameter [39, 40]. 
The admittance Y -parameters of the MESFET intrinsic small-signal equivalent circuit can 
be written in matrix form 
JOC gs 
1+ j@RgsC gs 
8m €XP(—J@T) _ 
1+ j@RgsC gs 


+ joC ga —joCea 
Y= (5.54) 


1 
JOC ga ae jo(Cas T Cga) 
Ras 


The corresponding admittance noise correlation matrix to calculate the equivalent noise 
resistance Rp, the optimal source admittance Ysopt and the minimum noise figure Fin is given 
by 


ala (@C gs) R . 
Zial y res CCPR 
Cy =4kT | 2Vr pa JON es (5.55) 


—joCgCVPR &mP 
where Vr = kT /q is the thermal voltage. However, if the correlation matrix has been deter- 


mined, the noise parameters can be analytically calculated by substituting the elements of the 
chain correlation matrix 








A Cù 
Ci = TAE (5.56) 
Y*cXy CY 
p= 2 _ (5.57) 
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Yal? Yo Yz% 
into Equations (5.31-5.33) [41]. 


In a first approximation, the gate noise source is feedback capacitance C'yq and series 
drain resistance Ra can be neglected. As a result, the simple approximate expressions based 
on measurements can be obtained in terms of the device equivalent circuit elements 








Ry + Rs 

Fmin = 1 + 0.016 fC gs (5.59) 
0.8 

pa (5.60) 
Em 
1 

Rsopt = 2.2 Agm + Rg + Rg (5.61) 
160 

X sopt = (5.62) 
F Ces 


provided that Ry, Rsopt, X sopt: Rg and R, are in ohms, transconductance gm in mhos, capacitance 
Cys in picofarads, and operating frequency f is in gigahertz [42, 43]. 
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The minimum noise figure Fmin given by Equation (5.59) can also be expressed in terms of 
the device geometric parameters as 


Frin = 1 + 0.27Lf \/8m(Re + Ro) (5.63) 


where the effective gate length L is in micrometres [44]. 

A comparison of the noise performance of both HEMT and conventional MESFET devices 
demonstrates the HEMT superiority, mainly related to its higher transition frequency and 
correlation coefficient [38]. The transition frequency of HEMT device is greater for two main 
reasons: the higher carrier mobility results in a higher average velocity and, therefore, a higher 
transconductance; the small epilayer thickness yields higher transconductance and less effect 
of the parasitic capacitances. In addition, the correlation coefficient C is close to 0.7—0.8 for 
short-gate-length MESFETs, but becomes close to 0.8-0.95 for HEMTs. 


5.3.3 Bipolar transistors 


The noise in a bipolar transistor is assumed to arise from three basic sources: diffusion fluctu- 
ations, recombination fluctuations in the base region, and thermal noise in the base resistance 
[45]. The noise behaviour of the bipolar transistor can be described based on its equivalent 
circuit representation shown in Figure 5.10a, which includes the main elements responsible for 
the device electrical behaviour and noise sources. Since the process of the carrier drifting into 
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Figure 5.10 Bipolar equivalent circuits with noise sources 
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the collector—base depletion region is a random process, the collector current J, demonstrates 


shot noise and is represented by a shot-noise collector current source i2,. The base current Jy is 
aresult of the carrier injection from the base to the emitter and generation—recombination effect 
in the base and base-emitter depletion regions. Because all these components are independent, 
representing a random process, the base current also demonstrates a shot-noise behaviour and 


is represented by a shot-noise base current source ie Flicker noise is represented by a current 


source across the internal base-emitter junction combined with the base current source ale 


The series base, emitter and collector resistances are represented by the voltage and current 
thermal noise sources efb» lfe and efe, respectively. 


The noise voltage and current sources can be given through their mean-square values as 





e2, = 4kT rp Af (5.64) 
— AkTA 

iZ = f (5.65) 

Fe 

i2, = 2gI,Af (5.66) 
e2, = 4kTr. Af (5.67) 
ee [AF 

i2 = 2ghAf + Kr Af (5.68) 


where q is the electron charge, Ap is the flicker noise exponent, Kp is the flicker noise coefficient 
calculated as 2q fc, fc is the flicker noise corner frequency [28, 46]. 

The required minimum noise figure Fmin, noise resistance Rn and optimum source admit- 
tance Ysopt using the noise correlation C a-matrix parametres as functions of the input referred 
noise voltage v and noise current ie as well as Y -parametres of the simplified noise-free 


two-port network shown in Figure 5.10b can be calculated for a sufficiently high value of the 
low-frequency current gain 8 = 2m” from 
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where f is the operation frequency and fr = g,/27C, is the bipolar transition frequency 
(the effect of the feedback collector capacitance Ce is not taken into account) [47]. It should 
be noted that if the optimum noise conductance G sopt is insensitive to the collector capacitance 
Ce, then it can severely affect the other noise parametres at microwave frequencies, mostly due 
to the reduction of the device gain capability. 


A noise model for a HBT device operated at very high frequencies should include the 
contribution of both space-charge layers (at the emitter—base junction and the base—collector 
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junction) to the shot noise. These two noise sources related to the collector current Z. are the 
result of the same electrons, which are injected from the emitter into the base, cross this layer, 
and then reach the collector. Therefore, their correlation can be given by a time delay function 
exp(—jq@t), where t is the transit time through the base and the collector—base junction 
[48-50]. Thus, to extend the HBT noise model valid up to its transition frequency, the base 
and collector noise current sources are rewritten as 


i2, = 2g (Ip + |1 — exp(—jot) PIAS (5.72) 
i2, = 2qI-Af (5.73) 
inpix, = 2g[exp(—jot) — 1]LAf. (5.74) 


5.4 OSCILLATOR NOISE SPECTRUM: LINEAR MODEL 


The instantaneous output signal of an oscillator can be represented by 


AA(t) 
Ao 





v(t) = Ao [i + | cos[27 fot + do + AG(t)] (5.75) 
where Ag is the voltage amplitude of the steady-state oscillations, fo is the oscillation frequency, 
Qo is the initial phase of the oscillations att = 0, A A(t) and A@(t) are the amplitude and phase 
deviations of the corresponding amplitude and phase fluctuations, respectively. Generally, the 
nature of the fluctuations may be discrete or random where the discrete signals are called 
spurious, appearing as distinct spectral components, while the random fluctuations are called 
phase noise. 
The instantaneous frequency as a function of time can be written as 





ld 
fO= oe a [27 fot + do + ApH] = fo + AF) (5.76) 
m dt 
where 
_ 1 dAdg(t) 
rama 


Since the process associated with frequency fluctuations A f(t) is stationary, then 


t 


Ad(t) = an f afte) dt (5.77) 
0 


which is in general a nonstationary process. However, as the phase fluctuation process is 
sufficiently slow during the natural period of the oscillations, the stationary model to describe 
the phase noise performance of free-running oscillators can be used. It should be noted that an 
autonomous free-running oscillator does not have a reference plane and the initial phase @o in 
an autonomous system can be chosen arbitrarily, for example, of zero value. 


5.4.1 Parallel feedback oscillator 


It is very important for the oscillator noise model to express a clear relationship between the 
oscillator spectral noise power density and resonant circuit and active device parametres. The 
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Figure 5.11 Simplified feedback oscillator noise model 


simple Leeson linear model for a feedback oscillator, which was derived empirically, is based 
on the expectation that the real oscillator has two basic components [51]. The first component 
is caused by the phase fluctuations due to the additive white noise at frequency offsets close 
to the carrier, as well as due to the noise having a mixing nature resulting from the circuit 
nonlinearities. The second component is a result of the low-frequency fluctuations or flicker 
noise up-converted to the carrier region because of the active device nonlinear effects. 

The phase noise at the input of the power amplifier is added to a signal as the sum of every 
bandwidth Af = 1 Hz, each producing an available noise power at the input of the noise-free 
amplifier. Maximum power delivery can be achieved when the source internal impedance is 
conjugate-matched to the input impedance of the amplifier. As a result, only one-half of the 
root-mean-square noise voltage appears across the amplifier input and is equal to 


e VA4FKTR 
ein = 5 naa VFkTR (5.78) 
where R is the equivalent resistance, which can be represented as the input resistance for the 
input root-mean-square noise voltage [52]. The input phase noise produces a root-mean-square 
phase deviation Ads = A¢@/V2 at each offset frequency + fm from the carrier fo, as shown 


in Figure 5.11, for which a total power-wise sum can be written for a small phase perturbation as 





ein 2 = FkT 


Ag = AdrmsV2 = 
a á Vi Pin 








(5.79) 


where Vin = /2P;,R is the signal voltage amplitude at the power amplifier input. 
As a result, the double sideband spectral power density of the thermal phase noise in a 
frequency bandwidth Af = 1 Hz can be written as 
>  FkT 
Sag = Af’ = —— (5.80) 
Pi 
The Leeson model consists of an amplifier with a noise figure F and a resonator (or filter) 
in the feedback loop, as shown in Figure 5.12 [52]. The oscillator phase noise is modelled by 
assuming a noise-free power amplifier and adding a phase modulator to its input. Based on 
empirical predictions, the phase noise level of the oscillator at an offset frequency fm from the 
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Figure 5.12 Equivalent model of parallel feedback oscillator 


carrier fo can be described by 


Ss fm) = Sagl fm) (| for fa < (5.81) 
2QL fm 201 
So(fm) = Sag (fm) for fm > fo (5.82) 
201 
where Sag( fm) is determined, using Equation (5.80), as 
S yy (rece 5.83 
seta) = ( +4) (5.83) 


taking into account the effect of the signal purity degradation due to the low-frequency flicker 
noise close to the carrier, described empirically by the corner frequency fe. It should be noted 
that the empirical Leeson equation for S,¢(fm) contains a multiplication factor of two in the 
numerator. Moreover, accurate agreement was achieved between the model and experimental 
results when the power density Sag( fm) was expressed in terms of the compressed (or large- 
signal) power gain G and output power Pout as Sag(fm) = 2G FT / Pou [53]. 

The parameter F in Equation (5.83) is associated with the active device noise figure and can 
be called an effective noise factor because, generally, it should represent the effects of the active 
device noise sources and the cyclostationary noise resulting from periodically varying processes 
in practical oscillators. Due to the inherent nonlinear nature of the active device, the effects 
of intermodulation between the wideband white noise and various harmonics of fundamental 
frequency (for example, nonlinear transformation of the noise near the third harmonic down- 
converted to the near carrier region due to mixing effect with second harmonic) must be 
included [51]. Also, the effect of low-frequency noise modulation of the current, resulting in 
the reactance modulation of the input impedance of the circuit (for example, variation of the 
phase angle of the device forward transfer function versus emitter current), cannot be neglected 
[54]. Hence, it is impossible to calculate F accurately without taking into account the effect 
of the oscillator resonant circuit. Therefore, for such a linear model, the effective noise factor 
F as well as the corner frequency fe can be considered more like fitting parametres, based on 
measured data. 

The corresponding combined expression to calculate the normalized double-sideband phase 
noise power spectral density or the double-sideband noise-to-carrier ratio at the input of the 
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feedback oscillator can be obtained from 


2 
seo E (E) [+ (sata) | 


which gives an asymptotic model showing generally the noise reduction of 9 dB/octave in the 
offset region with predominant low-frequency 1/f noise, 6 dB/octave in the offset region due 
to feedback loop and 0 dB/octave representing the thermal or white noise spectrum. 

The single sideband noise-to-carrier ratio at the input of the feedback oscillator can be 


described by 
_ L FT i fr \? 
t= 35 (+)! Gate) | ie 


whose idealized sideband spectral behaviour for different values of the loaded quality factors 
is illustrated in Figure 5.13. For the low-Qy case, there are regions with 1/f and 1/f2 
dependencies for spectral power density close to carrier, as shown in Figure 5.13a. For the 
moderate-Q, case, Figure 5.13b demonstrates only 1/f dependence as far as intersection 
with thermal noise floor. For the high-Q, case, the regions with 1/ pee and 1/f,, dependencies 
are observed near the carrier, as shown in Figure 5.13c. Closest to the carrier, 1/f2 phase noise 
behaviour is a result of random frequency modulation of the oscillator by low-frequency 1/f 
noise. In the region of 1/f2 phase noise behaviour, the white noise causes random frequency 
modulation. The 1/f,, dependence is due to the mixing up of the 1/f noise with the oscillation 
frequency. Finally, the phase noise becomes constant, which is a result of the mixing up of 
white noise around the oscillation frequency. 

To calculate the same phase noise power spectral density at the oscillator output, it is 
necessary to replace the input power Pi, by the power available at the output Pout and to 
multiply the numerator of Equation (5.85) by the power gain G. As a result, neglecting the 
effect of flicker noise and considering the case of fm « fo, one can obtain 














_ GFKT (pN 
SI Gt be, (2) oe) 
where 
G= eee coer (5.87) 


is considered the transducer power gain and Qo is the unloaded quality factor [55]. From 
Equations (5.85) and (5.86) it follows that, to minimize the oscillator phase noise, it is necessary 
to reduce the noise figure F and to increase the input power Pin (or the output power Pout for 
a fixed power gain G of the amplifier) as much as possible. In addition, for frequency offsets 
inside the resonator bandwidth, it is desirable to maximize the oscillator loaded quality factor 
Q. However, the resonator insertion loss and loaded Q, are interrelated, and one cannot 
arbitrarily increase Q; without increasing the insertion loss, otherwise a larger power gain 
G is needed. The two competing effects result in an optimum loaded Q, of approximately 
one-half the unloaded Qo and insertion loss of about 6 dB [56, 57]. Thus, the minimum noise 
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Figure 5.13 Single sideband oscillator phase noise behaviour 


occurs when QL/Qo = 0.5 resulting in 


LO )- = ( fo ) (5.88) 
Pout 201 fm : 


Note that the difference in the optimum noise performance predicted by different definitions 
of the output power (power dissipated in the resonant circuit or power available at the amplifier 
output) is small [55]. 
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Figure 5.14 Equivalent models of feedback oscillator 


Now let us represents a parallel feedback oscillator model using the circuit schematic, with 
an active device and a parallel resonant circuit, shown Figure 5.14a. Here, the active device 
is an ideal voltage-control current source with transconductance g,,. At operating frequencies 
f <« fr, where fr is the transition frequency, such a simplified transistor model can describe 
the behaviour of a FET device with the input gate-source capacitance C's, (it can be included 
in the resonant circuit capacitance C), the gate—drain capacitance Cga (its value is typically 
sufficiently small) and the drain—source resistance Ras (its value is assumed to be infinite). 
The impedance of the parallel resonant circuit for Aw K wo, where Aw is the offset from the 
carrier, can be calculated from 


R 
ZL (jo) = = a (5.89) 
1+ j2— QL 
wo 


where wp = 1/7 LC is the resonant frequency and QL = wC R is the loaded quality factor. 
For a given open-loop voltage transfer function H(j@) = 8mZL(jæ), the closed-loop volt- 
age transfer function T (jæ) can be written as 


Vou j mZ 
T (jo) = (JO) —— 8mZ1 


= — = (5.90) 
Vino) 1— &mZL 





By substituting Equation (5.89) into Equation (5.90) and using the steady-state oscillation 
condition corresponding to the Bakhausen criterion as gm Ri = 1, the magnitude T (fm) of the 
complex transfer function T(j@) can be obtained 


Vout fm) os fo 
Vin( fm) 201 fm 





T (fm) = (5.91) 


where fm = Aw. 
Since noise current i, is produced by the resistor R only, it can be transformed to the 
equivalent voltage noise with amplitude Vin = /8kT RAF at the device input. In this case, 
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Equation (5.91) can be rewritten as 





h Y 
V2 (fm) = 8kT RAS ( (5.92) 
i 2QL fm 

As a result, the single sideband spectral noise power density in a frequency bandwidth 
Af = 1 Hz, normalized to the total power dissipated in the oscillator P = Ve /2R, can be 
calculated from 





L( fm) = 


2 2 
1 Vout fm) =, 2kT ( fo ) (5.93) 


2. F Oh 


where the factor !/2 arises from neglecting the contribution of amplitude noise since, for a 
totally uncorrelated noise, one-half of the total noise power contributes to AM sidebands and 
the other half of the total noise power is converted into PM sidebands. Equation (5.93) is similar 
to Equation (5.88) with only the difference in power definitions. Since P represents the total or 
dc power dissipated in the oscillator with an ideal lossless active device (for example, a device 
operating in switching Class E mode), the power delivered to the load is PL = nP, where n is 
the efficiency of the oscillator. The load resistance can represent a part of the resonant circuit 
resistance R. Thus, Equation (5.93) can be given in the form 


__ 2nkT t5 OY" 
PE GE) ere 


Figure 5.14b shows another representation of the Leeson model with a phase feedback 
loop. Suppose that the phase noise modulation occurs in the oscillator active element as Ag(t), 
and it is necessary to define how the oscillator reacts to this internal noise. As is known 
from transmission theory, the transfer function of a modulated high-frequency signal, passing 
through a bandpass filter, equals the transfer function of the modulating signal passing through 
an equivalent low-pass filter prototype. Thus, the phase relationship resulting from the null- 
phase condition upon the loop and from the filtering of (t) by the selective filter can be written 
as 





w(t) + Ad) = 6) (5.95) 
where 
+00 
w(t) = f o(t)h (t — t)dt = P(t) * h(t) (5.96) 


h(t) is the impulse response of the equivalent low-pass filter and the asterisk denotes a convolu- 
tion product. The integral in Equation (5.96) converges for nearly all samples of (t) provided 
that the filter is linear and time invariant, and that the stationary random process $(t) possesses 
a finite second-order moment. 

In this case, the Leeson formula for the double-sideband phase noise power spectral density 
of the feedback oscillator given by Equation (5.84) can be expressed in a more general form 


S(@m = Sag (Om) {LH Gom) — H * Gom) — UY (5.97) 


where H(j@m) is the equivalent low-pass transfer function and the asterisk denotes the 
complex-conjugate value [58]. 
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Thus, by representing the transfer function of the first order low-pass filter as 
HUn = < (5.98) 


a+ jon 


where œ = wo/2Q_ is the half-bandwidth of the resonator and wm = 27 fm, Equation (5.97) 


can be rewritten as 
a \2 
Sg(@m = Sag (Wm) i + (=) l (5.99) 


m 


which is similar to Equation (5.84). 
Now consider the second-order low-pass filter case based on two coupled resonators having 
the transfer function 
H (jom) = = : (5.100) 
J Om = . . = FA > 
X1 + JOm A2 F J Om 1- (=) + j2@md 








where œ = ,/ajaz and ô = (a; + a2) /2,/a;a2 [59]. In this case, Equation (5.97) can be 


rewritten as 
On\2 
f= 9 (=) 
a 


2 
Spm) = Sag (Om) | 1+ —— (=) (5.101) 
(=) +452 \em 





which shows substantially better phase noise performance in the near vicinity of the carrier 
frequency for the case of loosely coupled resonators when ô > 1. However, since the available 
output power becomes low, it is necessary to provide post-low-noise output signal amplification. 

Let us quantitatively compare both cases of the Leeson phase noise models using the first- 
order and second-order low-pass filters in the oscillator feedback loop for the same arbitrary 
chosen technical data: 


oscillation (carrier) frequency fo = 2 GHz; 


offset frequency fm = 10 kHz; 


oscillator resonant circuit loaded quality factor Q = 10; 


noise figure of the active device F = 6 dB; 


input power delivered to the device Pin = 10 mW; 


corner frequency for flicker noise fe = 3 kHz. 


Substituting these parametres into Equation (5.85) for a single-sideband phase noise spectral 
density of the oscillator with the first-order low-pass filter results in 


L( fm) = 10 log(1.05128 x 10-!°) = —99.78 dBc/Hz 


For the case of the oscillator with two coupled resonators, let us assume that the loaded QL 
of the second resonator is five times as much as the first one, that is a, = 6.283 x 108 and 
œ = 1.2566 x 108. Then, 


L( fm) = 10 log(2.918 x 10712) = —115.35 dBc/Hz 
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Figure 5.15 Oscillator output power spectrum 


which clearly shows the significant phase noise improvement compared with the oscillator 
having a first-order low-pass filter in a feedback loop. 

The typical oscillator output power spectrum is shown in Figure 5.15. The noise distribution 
on each side of the oscillator signal is subdivided into a large number of strips of width Af 
located at the distance fm away from the signal. It should be noted that, generally, the spectrum 
of the output signal consists of the amplitude and phase noise components. Hence, to measure 
the phase noise close to the carrier frequency, one needs to make sure that any contributions of 
parasitic amplitude modulation to the oscillator output noise spectrum are negligible compared 
with those from frequency modulation. The single-sideband phase noise L( fm) usually given 
logarithmically is defined as the ratio of signal power Psat in one phase modulation sideband 
per bandwidth Af = 1 Hz, at an offset fm away from the carrier, to the total signal power P.. 

Despite some limitations of the linear Leeson model when a device is operated in a con- 
duction angle large-signal mode and the output signal is not purely sinusoidal, which have an 
effect on the active device noise factor and low-frequency flicker noise up-conversion, such an 
approach gives a sense of the phase noise performance for oscillators with different resonant 
circuits. This applies especially, if the theoretical results can be supported by sufficiently accu- 
rate measurements of the oscillator resonant circuit loaded quality factor and simulations of the 
effective noise figure based on the modeled active device parametres and operation conditions. 

In addition, such a simple model indicates the basic factors and provides the design rules 
which are necessary to follow in order to minimize the oscillator phase noise: 


e choose the resonator with maximum unloaded quality factor Qo and optimize the loaded 
quality factor Q, of the oscillator resonant circuit by proper load coupling; 


e maximize the output power P, delivered to the load by maximizing the RF voltage amplitude 
across the resonant circuit with limitations due to active device breakdown voltage and 
operation in the saturation mode; 


e choose a device with the lowest noise figure F and corner frequency f, for low-frequency 
flicker noise. 
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Figure 5.16 Simplified negative resistance oscillator noise model 


5.4.2 Negative resistance oscillator 


Now consider the equivalent circuit of a simple single-resonant negative resistance oscillator 
shown in Figure 5.16, where the available noise power is assumed to be totally from the 
active device. Here, Rn is the equivalent noise resistance associated with active device noise 
sources, the negative resistance Rou and the equivalent output capacitance Cou represent 
the device negative output impedance, L is the tank inductance and œR; is the load resistance. 
The derivation of the power spectral density will be based on the fact that the available noise 
power in the active device is amplified in a frequency-selective way, resulting at resonance 
in the output power P, being dissipated in the load resistance Ry [60]. This will happen in a 
steady-state condition when the values of the negative resistance and the load resistance are 
close to each other. 

Then, assuming that R + AR = —Roy and defining the magnitude of the mean-square 
noise current flowing into load from the mean-square noise voltage source, we can write 











= e2 
R= 2 ; 5 (5.102) 
ARY} L — 
i ro (» x) 
Equation (5.102) can be rewritten in the common form 
— 1 e2 
P= fn (5.103) 


where wo is the resonant frequency and Q, is the oscillator loaded quality factor at the resonant 
frequency. 

By normalizing to the power P, dissipated in the load resistor RL, Equation (5.102) can be 
rewritten through the spectral power densities as 





Sg = (5.104) 


where Sag = 4kT Ra/RLPL, Sg = IZR, / Pi is the power spectral density of the noise current 
across the load resistor RL and Af = 1 Hz. 
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Since at small offset frequencies wm = w — wo close to the resonant frequency, 


w wo ~ 20m 


Wo w Wo 
Equation (5.104) can be rewritten as 


Sag 
Gs) 
RL Wo 


which is similar to the power spectral density at frequency offsets close to the resonant fre- 

quency for the parallel feedback oscillator. Equation (5.105) represents a Lorentz function 

corresponding to an exponential decay of the autocorrelation function in the time domain [61]. 
Since the total output power delivered to the load is equal to PL, 





Sen (5.105) 








LF 2 5 
az | Solo) do = at py (5.106) 
7x 201) 2o 
0 
where 
AR Wo 
he er E A 
Ry 2QL 


is the Lorentzian linewidth (half-width at half-maximum) which is an oscillator spectrum 
linewidth characterized by the natural phase fluctuations, due to the thermal and shot noises 
of the oscillator. However, in a common case, due to the variation of the oscillator resonant 
circuit parametres, flicker noise, pushing or pulling effects, the effective spectrum linewidth 
widens, especially close to the resonant frequency. 

By using a widely used definition of the loaded quality factor of the passive resonator in 
the form 





wo 
QL = (5.107) 
A@3aB 
where Aw3gp is the full linewidth at half-maximum level, one can write 
Sag 2 Ry Ao, 


As a result, there is a complete analogy between Lorentzian linewidth defined by Equa- 
tion (5.108) and the expression for semiconductor laser homogeneous linewidth [62]. The 
characteristic energy kT corresponds to the photon energy, the oscillator output power P, cor- 
responds to the laser output power and the oscillator noise—gain ratio R,/R_ corresponds to 
the inversion factor representing the ratio between spontaneous emission rate and the optical 
gain rate. The widening of the oscillator spectral line due to the low-frequency fluctuations is 
similar to an inhomogeneous laser line broadening due to the Doppler effect. 

The normalized power spectral density can be expressed through the Lorentzian linewidth 
as 





(5.109) 
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showing a simple linear relationship between Lorentzian linewidth and oscillator phase noise 
spectrum at offset frequencies wmn >> Aw. Substituting Equation (5.108) into Equation (5.109) 
and taking into account that F = R/R result in the single-sideband noise-to-carrier ratio 


eee pe 5.110 
(fm) = 5p, (4) (5.110) 








which is similar to the Edson noise formula [60, 63]. 


5.4.3 Colpitts oscillator 


As an example, let us define the linear phase noise model for a popular Colpitts oscillator, the 
simplified circuit schematic of which is shown in Figure 5.17a. The power loss in the tank 
inductor L is included in the load resistance Ri. The transistor equivalent circuit with voltage 
and current noise sources in shown in Figure 5.17b, where the resonator noise is modeled by 
noise current ing. The noise voltage and current sources can be given through their mean-square 
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Figure 5.17 Equivalent circuits of the Colpitts oscillator 
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values as 
— AkTA 
iR = f (5.111) 
v2, = 4kT Af (5.112) 
— 2 gIA 
eset ; f (5.113) 
i2, = 2qI.Af (5.114) 


where the input noise current source i is related to shot noise at the emitter—base junction 


due to electrons which recombine with holes inside the neutral base and i2 represents the shot 
noise generated at the collector—base junction due to collector electrons. The mean-square 
values of these noise sources in a bandwidth Af are given as 


i2, = 2ghAf = RT igr Af (5.115) 

iZ = 2 hAf = 2kTnegmAf (5.116) 
where g, = 1/rz, i and J, are the dc base and collector currents, np and ne are the ideality 
factors of the emitter—base and collector—base junctions, respectively [64]. 


The admittance Y -parametres of the internal transistor excluding the base resistance r, can 
be obtained as 


1 
8m — JC joce 


(Y]= (5.117) 


where gm = £/r;z is the device transconductance. 

For a Colpitts oscillator with parallel feedback capacitors Cı and C2, it is convenient to 
represent all noise sources in a parallel configuration with input and output noise current 
sources. Figure 5.18 shows the transformation of the device noise model with the series thermal 
voltage noise source due to the base resistance into the equivalent device noise model with 
two parallel current noise sources at the input and output only, using the transmission ABCD- 
parametres. By using formulas of the transformation from the admittance Y -parametres to the 
transmission ABCD-parametres, one can write 





= —Yn1 = — (gm — JOC.) (5.118) 


1 
= Yı = — + jo(Ca + Cc) (5.119) 


Vy 


Let us simplify the analytical calculations by taking into account that, from Equa- 
tions (5.118) and (5.119), the contribution of the collector capacitance Ce is not significant. 


As a result, the mean-square input current source iZ and output current source i2, can be 
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Figure 5.18 Transformation of base resistance thermal voltage noise 


written as 





Z Af | ST AS a (: Beet ) a 
B Fb Fr fe 

-\2 

AKT Af (=) (5.121) 


i2, = 2qI-Af + 
Fb 


Fr 
where f is the operating frequency, fr = 8m/27 C» is the transition frequency, and it is 
assumed that the dc and small-signal values of the current gain 6 are a 

To calculate the noise pee of the oscillator, the noise current sources i? ; and i2, should be 
transformed in parallel with i la By using Equations (5.115) and (5.116) fie the case of ideal 


junctions when np = n. = 1, the total equivalent noise source ie connected in parallel to the 


resonator and load can now be obtained as 


= _4kKTAf | 4kTA 2r > 
Ba MOL (14) (oe) 
RL rn ne I Ci +C 


AKT BAF 26r, Q \ 
1 5.122 
ii rz ( 4 Fr ) =x) ( ) 











The noise figure of the oscillator F is defined as the ratio of the total noise power due to all 
noise current sources and the noise power from the loaded resonator due to the noise source 


2 
iir AS a result, 


Rt 2r, 7 A ( Ci OP a 2) C2 ) 
Fee ee Oo hG ats 1+ 
T OF | i Vn ( we 2 Ci +Co Diz Ke Ci, +C2 


(5.123) 
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In most cases, the contribution of the collector shot noise dominates the contribution of the 
shot noise caused by the base current. Consequently, for rp <r, and f « fr, the expression 
for the oscillator noise figure is simplified to 


RL 26r, Go Ne 
F=1 1 5.124 
= rz ( j Fr ) (= + =) ( ) 





Finally, the single sideband noise-to-carrier ratio at the output of the Colpitts oscillator in 
a linear consideration, using Equation (5.110), can be defined by 


ef he RL 26r» Ci 7 
uw e | one 
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5.5.1 Kurokawa approach 


The one-port negative resistance oscillator can generally be represented by the circuit shown 
in Figure 5.19a. The active device represented by its output impedance Zou = Rout + JXout 
and the load R, are coupled through a multiple-resonant reciprocal circuit. Looking from the 
active device, the circuit can be equivalently expressed through series connection of the active 
device impedance Zou and the load impedance Z shown in Figure 5.19b, where e,(f) is the 
noise voltage. A similar representation of an oscillator circuit can be obtained in terms of 
admittances. For a particular case of a single series resonant circuit, R = RL. 


Zii(@) = Z2(@) 
Zout(A) = Rout(A) + jXou(A) 


Z\(@) Zy2(@) 











a). 
i(0) 
O 
Zou(A) = Rou(A) + JXou(A) 
vó) | Z(@) = R(@) + jX(@) 
end) 
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Figure 5.19 Equivalent negative resistance oscillator noise models 
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Consider the equivalent negative resistance oscillator circuit shown in Figure 5.19b, where 
the active device output impedance Zout(A) with negative real part is a function of the oscillation 
amplitude and the load impedance Z ,(w) is a frequency-dependent function [65]. Let the 
current flowing through the active device be 


i(t) = A(t) cos[wt + P(t)] (5.126) 


where A(t) and ¢(t) are assumed to be slowly varying functions of time. The voltage drop 
across the active device is given by 


v(t) = RoyA cos(wt + $) — Xon A sin(wt + Q) (5.127) 


where Rout and X out are functions of the current amplitude. 

By calculating the first- and higher-order time derivatives of i (t) and assuming dø /dt K wo 
and (1/A)(dA/dt) X w, the two equations for slowly varying amplitude and phase can be 
obtained in the form 


OR(w)d@_ AX(@) 1 dA _ 








R(@) + Row (A) + aan dE a Adr ra (5.128) 
Be (œ) — Xou(A) + Xo) “ RO . “ = 70 (5.129) 
where 
t 
e(t) = = / elt) cos(wt + b)dt (5.130) 
t—To 
t 
a= 7 f ealt) sin(ot + )dt (5.131) 
t—To 


where Tọ is the oscillation period, ef (t) and e§(t) represent the cosine and sine components of 
the noise voltage e,(t). 

Equations (5.128) and (5.129) both contain the derivatives dø /dt and dA/dt. However, by 
multiplying Equation (5.128) by 0X /dq@ and Equation (5.129) by ƏR /dw and adding, as well 
as by multiplying Equation (5.128) by ƏR /ðw and Equation (5.129) by —0X/dm and adding, 
we obtain the basic equations for the amplitude and phase of the oscillating current 








us ƏR  |dZi(w)|? 1 dA 
ROT Bowl A NS = XO) Noel Ale | Jo | Aa 
_ Ly} oax cq ƏR ‘ er 
TA Fo en) t Fo on’? ( s ) 
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IRCO) + Row AI + [X(0) + Xa ANI + | 
0w Jw aw dt 
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For the deviation of the current amplitude A from its steady-state value Ao by a small value 
AA, we can write 


ð Rour(Ao) AA 


R Rou(A) = A 134 

(wo) + Row(A) EA (5.134) 
OX out(Ao) AA 

X Xa A = Ap aN 5.135 

(wo) + X our(A) O A A ( ) 


where all derivatives are evaluated in a steady-state mode characterized by the oscillation 
frequency wo and oscillation amplitude Ao. 

By substituting Equations (5.134) and (5.135) into Equations (5.132) and (5.133), respec- 
tively, and assuming the deviation of the phase ¢ from its initial value 9 by a small value Ad, 
the frequency spectra of AA and A¢ can be obtained as 



































3 | êZ) a 2 
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„2 ZLO) $ 4 ag | 2Rout(Ao) 3X (woo) _ AXour(Ao) IR (0) 
Jw 0 aA Jw aA Jw 
a |OZi@o) |? a f 3RoulAo)]? 3 f 3XoulA0) T 
2 ———| A MME a —S 
Agi? = 2 len| dw aA aA 
AG |OZi(@o) |" y ad | 2Rou(Ao) AX (0) _ AXout(Ao) AR (wo) 4 
Jw o 3A Jw aA Jw 
(5.137) 


By defining e,(t) = AgAR and e, = AgAX, where AR and AX are the fluctuating parts of 
R(@) + Rout(A) and X (w) + X our(A), respectively, the contribution from 1/f noise can also be 
introduced into Equations (5.128) and (5.129) [66]. In this case, their power spectral densities 
le; Gok and |ex CHIP are both proportional to 1/f. 

To analyse the stability conditions of the negative resistance oscillator, the right-hand sides 
of the denominators in Equations (5.136) and (5.137) can be rewritten as 

ORour OX AXou OR 3 Rou OR a Rout OR sin(® — ¢) 


= (tan ® — tang) = 
dA Jw dA ðw dA ðw dA dw cos® cosh 


Ə Rout : AX out 2 OZ. 
Ga) Ne 
where ® = tan™! [3X (wo)/3R(wo)] is the load line angle and @ = tan~![0X(Ao)/9R(Ag)] is 
the active device line angle at the steady-state point. This can be illustrated graphically on the 
complex plane with lines representing output device impedance Zout(A) and load impedance 
Z,(@), as shown in Figure 5.20. The arrows indicate the directions of increasing parametres 
A and w. The intersection of these two curves gives a steady-state operation point with the 
oscillation amplitude Ap and frequency wo. 
From Equation (5.138) it follows that the stability condition is proportional to the sine of the 
angle between the device line and the load line, having maximum value when the two lines are 
perpendicular. This denotes a situation of maximum stability when the normalized dynamic 
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Figure 5.20 Device and load lines on the complex plane 
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has a maximum value of 1.0 which would characterize a free-running oscillator dynamically 
stabilized in an optimum way [67]. The normalized dynamic stability is a measure of the 
relative stability that appears in calculations of the oscillator amplitude and phase noise [65]. 
Equations (5.136) and (5.137) obtained by Kurokawa for a particular case of the negative 
resistance oscillator, where the device impedance is a function of only the oscillation amplitude 
and the load impedance depends only on the oscillation frequency, can be extended for the 
negative conductance oscillator. In a generalized case, the device and load immitances both 


depend on the oscillation frequency and amplitude. As a result, the double-sideband power 
spectral densities for the amplitude and phase fluctuations can be rewritten as 


AA Sag(fm) 
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is the oscillator loaded quality factor, Sag is the spectral power density of the noise voltage 
source e, normalized to the output power delivered to the load PL, W = Wout + Wi is the 
overall circuit immitance, fo is the oscillation or carrier frequency, fm is the offset frequency 
from the carrier, fe is the corner frequency where the level of the low-frequency noise becomes 
equal to the level of the noise floor [68]. 

The parameter p is a function of the oscillator stability conditions, given in parentheses, char- 
acterizing the velocity of the establishment of the steady-state self-sustained oscillations under 
small perturbations. The parameter q illustrates the dependence of the oscillation frequency 
on the oscillation amplitude in a large-signal mode of operation. From Equations (5.140) and 
(5.141) it follows that the oscillation becomes very noisy as one approaches the boundary of 
the stable region, that is, as the parameter p becomes close to zero. In addition, the greater 
value of the parameter q, the higher the phase noise level is expected in the oscillator spectrum 
due to amplitude-to-phase conversion. 

The linear dependences of the oscillator amplitude and phase noise on the noise power 
spectral density for voltage e, in Equations (5.136) and (5.137) indicate that the specifics of 
the noise generation mechanism and its translation to the oscillator frequency spectrum are not 
considered. Therefore, the mixing effect from the nonlinear behaviour of the active device is not 
inherent in this theory and must be included explicitly in the evaluation of e(t). For a general 
case of the active device described by a two-port network equivalent circuit, in order to eval- 
uate the output port noise voltage generator, it is necessary to provide a transformation of the 
noise source from the input port to the output port of the device. An example of the procedure 
for the phase noise calculation of a microwave GaAs MESFET oscillator where the nonlinear 
transistor equivalent circuit contains two basic nonlinear elements (the device transconduc- 
tance and the drain—source conductance) is presented in [68]. The noise analysis based on the 
extended MESFET model with dominant nonlinear elements, including also the gate-source 
capacitance, shows that the gate-source capacitance is responsible for the conversion of the low- 
frequency noise into the phase noise, whereas the amplitude noise is primarily determined by 
the nonlinear transconductance [57, 69]. Compared with the transconductance and gate-source 
capacitance, the nonlinear drain—source conductance is of minor importance for the noise up- 
conversion process. As a result, using an improved structure of the MESFET device with the 
substantially reduced value of d@o/dV.;, where Vgs is the gate-source voltage amplitude, can 
lead to a 15-dB reduction in the phase noise compared with a typical structure of the MESFET 
device [70]. 

The theoretical approaches to calculate the oscillator amplitude and phase noise spectra 
derived from the system of equations describing deterministic and stochastic behaviour based 
on numerical solutions are given in [71, 72]. These methods are neither limited to a certain 
circuit topology nor to certain types of oscillator noise sources. The general noise analysis 
of nonlinear microwave circuits by the piecewise harmonic balance technique is discussed 
elsewhere [73]. Here, the noise generation in autonomous systems such as free-running os- 
cillators is shown to be originated by two different mechanisms: direct frequency modulation 
of the oscillator, dominant at low-frequency offsets, and conventional frequency conversion, 
dominant at high-frequency offsets. Noise analysis based on a frequency conversion theory 
alone are shown to be insufficient for predicting the near-carrier noise in general oscillators at 
very-low-frequency offsets, and should be complemented by modulation noise analysis. Being 
implemented in a simulator, the noise model including frequency modulation and frequency 
conversion mechanisms shows accurate correspondence for all regions when compared with 
the experimental data [74]. In this case, the phase noise spectral behaviour due to frequency 
modulation is more accurately predicted at smaller offsets, while the mixing data (noise in 
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oscillator mixes the carrier and its harmonics to produce noise on either side of the carrier) 
give more accurate results at larger offsets corresponding to a noise floor. 


5.5.2 Impulse response model 


The behaviour of autonomous second-order weakly nonlinear oscillation systems with low 
damping factor close to linear conservative systems and small time-varying external force f(t) 
can be described by 

dx 

qe +x =n(t) (5.142) 
where x is the time-dependent variable, voltage or current, and tT = wof is the time normalized 
by the angular resonant frequency wo. 

The phase plane method is one of the theoretical approaches that allows one to analyse 
qualitatively and quantitatively the dynamics of the oscillation systems described by second- 
order differential equations such as Equation (5.142) [75]. By setting the small external force 
equal to zero, the solution of the linear second-order differential equation takes the form 


x = Acos(t + @) = Acos Yy (5.143) 
> = —Asin(t + ¢) = —A sin y (5.144) 


where A is the amplitude of the oscillations, ¢ is the phase of the oscillation. The phase portrait 
shown in Figure 5.2 1a, being similar to that of shown in Figure 3.12b (Chapter 3), represents the 
family of circular trajectories enclosing each other with radii r = A (limit cycles) depending 
on the energy stored in the system. 

Let us define the variations of the amplitude A(t) and phase (t) under the effect of the 
external force applied to the oscillation system [76]. Assuming that the effect of the external 
force is small and these variations are slow, the amplitude and phase can be considered constant 
during a natural period of the oscillation. Then, Equation (5.142) can be rewritten in the form 





Figure 5.21 Phase portrait of second-order oscillation system and effect of injected impulse 
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of two first-order equations by 


is (5.145) 
dr y i 

dy 

Sedat a hp. (5.146) 
dt 


From Equations (5.145) and (5.146) it follows that the instantaneous change of the ordinate 
y by a value of d y = ndt will occur, due to the small external force injected to the oscillation 
system. This corresponds to a step change of the representative point Mo from the position 
K to the position L, resulting in the amplitude and phase changes, as shown in Figure 5.2 1b. 
These changes can be determined from consideration of a triangle KLN as 





dA = —d,y sin Yy = —nsiny dt (5.147) 
Gal Sm d (5.148) 
pae cosy = -7008Y T : 


Thus, separate first-order differential equations for the time-varying amplitude and phase 
can be obtained from Equations (5.147) and (5.148) as 


dA ; 
— =-—nsinw (5.149) 
dt 
fot (5.150) 
ae = Ei cos Y X 


Since the right-hand sides of Equations (5.149) and (5.150) are small, time-averaged differ- 
ential equations can be used instead of the differential equations for the instantaneous values 
of the amplitude and phase. Hence, the changes of the amplitude and phase for a time period 
t < T are defined as 


wot 


AA(t) = - fro sin t dt (5.151) 
0 
Tho 

Adg(t) = — BE cost dt (5.152) 


0 


Figure 5.22a shows the equivalent circuit of the negative resistance oscillator with injected 
small perturbation current i(t). In a steady-state oscillation mode, when the losses in the 
resonant circuit are compensated by the energy inserted into the circuit by the active device, 
the second-order differential equation of the oscillator is written as 

dv 2 1 di 

dr + Wjv = C T 
where wọ = 1/+/LC is the resonant frequency and v(t) is the voltage across the resonant circuit. 
If a current impulse i(t) is injected, the amplitude and phase of the oscillator will have time- 
dependent responses. According to Equations (5.151) and (5.152), the resultant amplitude and 
phase changes have quadrature dependence with respect to each other. When an impulse is 
applied at the peak of the voltage across the capacitor, there will be a maximum amplitude 
deviation with no phase shift, as shown in Figure 5.22b. On the other hand, if the current 


(5.153) 
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Figure 5.22 Second-order LC oscillator and effect of injected impulse 


impulse is applied at the zero crossing, it will result in a maximum phase deviation with no 
amplitude response, as shown in Figure 5.22c. 

Suppose that a perturbation current i(t), injected into the oscillation circuit, is a periodic 
function that can generally be expanded into a Fourier series 


i(t) = Ip cos Awt + Y` {re cos[(ka + Aw)t] + Is sinf koo + Aw)t]} (5.154) 
k=1 


where Zo is the de current, /;, is the kth cosine current harmonic amplitude, J;, is the kth 
sinusoidal current harmonic amplitude, and Aw < wo. In this case, the small external force 
can be redefined as 
1 di di 
n= —-— =L—. (5.155) 
C dt dt 
Consequently, substituting Equation (5.154) into Equations (5.151) and (5.152) and taking 
into account that wo + Aw = ap result in 


Iis cos(A@t) — 1 








AV(t) = 5C os (5.156) 
X _ Ii, sin(Awt) 
p(t) = -3V ^o (5.157) 


where V is the voltage amplitude across the capacitor C. In this case, only the fundamental 
components in the injected current i(t) can contribute to the amplitude (sine amplitude) and 
phase (cosine amplitude) fluctuations given by Equations (5.156) and (5.157), because for the 
de and kth-order current components, the arguments for all their integrals in Equations (5.151) 
and (5.152) are significantly attenuated by the averaging over the integration period. 

The output voltage of an ideal cosine oscillator with constant amplitude V and phase 
fluctuations A@ can be written as 


v(t) = V cos [wot + Ad(t)] 
= V cos[Ag(t)] cos wot — V sin[A@(t)] sin wot (5.158) 


resulting in an output spectrum of the oscillator with sidebands close to the oscillation frequency 
wo. Since, for a narrowband phase modulation with small phase fluctuations, sin[A¢(t)] = 
Adg(t) and cos[A@¢(t)] = 1, the phase modulation spectrum given by Equation (5.158) can be 
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rewritten using Equation (5.157) as 


Tic 


cos[(wpt + Aw)t] (5.159) 
Aw 


Tic 
C Aw 


which is similar to the single-tone amplitude modulation spectrum containing the spectral 
components corresponding to the carrier frequency wo and two close sideband frequencies 
wg — Aw and wo + Aw. 

The injection of the current 








v(t) = V cos wot + 7 cos[(wot — Aa)t] 


[o0] 
i(t) = Io cos Awot + yo {Ike cos[(kwo — Aw)t] + Irs sin[(koo — Aw)t]} (5.160) 
k=1 
has similar effect, resulting in twice the noise power at the sidebands. Therefore, an injected 


total current i(t) results in a pair of equal sidebands at wp + Aw with a sideband power Ps» 
relative to the carrier power P, given by 


Poy (wy + Aw) f_n _\" 
P.(w)  — MCV Aow 


Now let us assume that a stationary thermal noise current with a white power spectral density 
i2 is injected into the oscillator circuit close to carrier. Then, by making a replacement between 











(5.161) 


the amplitude and root-mean-square current values when [ o /2 = i2, the single-sideband power 
spectral density for the phase fluctuations at Aw offset from the carrier wọ in 1/f? region can 
be written using Equation (5.161) as 
i2 
L(fm) = SS > 5.162 
(fm) 4C2V2Aa? ( ) 
Taking into account that i? = 4FkT/R, for Af = 1 Hz, QL = œC R and PL = V?/2R,, 
where R_ is the tank parallel or load resistance, Equation (5.162) can be rewritten as 


re een or.) (5.163) 
cca PL 20, Aw í 


which is similar to Equation (5.110) for the negative resistance oscillator. 

Consideration of both cosine current and cosine voltage across the device output terminals 
implies the device operation in a linear active region only when the establishment of the 
oscillations can be achieved by using a separate diode as a nonlinear element. Therefore, the 
mixing effect from the nonlinear behaviour of the active device is not taken into account. For 
a general case of the active device described by a two-port network equivalent circuit, in order 
to evaluate the output port noise voltage generator, it is necessary to provide a transformation 
of the noise source from the input port to the output port of the device. 

As an example, consider an oscillator with a nonlinear output resistance dependent on 
the applied dc bias voltage and on the amplitude of the self-sustained oscillations. The basic 
oscillator circuit with the nonlinear negative output resistance Rout, capacitance C, inductance 
L, load resistance R; and noise current in(t) is shown in Figure 5.23a. The electrical behaviour 
of such an oscillator, in terms of voltage v(t) across the capacitance, can be represented by a 
second-order nonlinear differential equation 

dv L dv di 


OF ay Ae E, (5.164) 


LC—+— 
dt? Ridt dt 
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Figure 5.23 Second-order nonlinear oscillation systems 








where 
Ry ed ese (5.165) 
dt 
is the equivalent noise voltage and 
Pee, eae Gyvt 5.166 
pt TA kU (5.166) 


represents a power series expansion where Jo is the dc current and G; are the small coefficients. 
In a steady-state operation mode, when the active device compensates for the losses in the 
load resistance, that is, Rou + RL = 0, Equation (5.164) can be rewritten as 


re ana OS oa eai (5.167) 
T = ae a 


Seeking the general solution of the inhomogeneous differential equation as the superposi- 
tion of the general solution of the homogeneous (noise-free) and specific solutions of Equa- 
tion (5.167) as 


u(t) = V(t) cos[wot + O(t)] + en(t) (5.168) 


and applying a van der Pol approach for the slowly time-varying amplitude V (t) and phase 
@(t), allow us to rewrite Equation (5.167) in the form 


eae t 2V 2 t = aew 5.169 
woy Soo +) + 2a ap Coston +4) = => KU (5.169) 


where wọ = 1//LC. It is assumed that e,(t) is a small slowly time-varying low-frequency 
noise voltage, for which 
den(t) 
dt? 
As a result, substituting Equation (5.168) into the right-hand side of Equation (5.169) and 
using trigonometric identities yields 


LC 





X elt) 


do 

in 
which means that the nonlinear output resistance has no impact on the phase fluctua- 
tions. However, the amplitude fluctuations are not equal to zero because all factors on the 


0 (5.170) 
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right-hand side of Equation (5.169) have first-order sine components. Thus, the resistive type 
of nonlinearities alone would cause amplitude noise only, since the reactive elements determin- 
ing the oscillation frequency remain constant. However, if the high-frequency noise current is 
injected close to the carrier frequency wọ (for example, at small offset Aw), it will cause phase 
fluctuations according to Equations (5.157) and (5.169). 

Now consider a varactor-controlled oscillator with the varactor as a nonlinear element, 
whose capacitance depends not only on the applied dc bias voltage, but also on the amplitude of 
the self-sustained oscillations. The basic VCO circuit consists of the varactor with a nonlinear 
capacitance C, an inductance L, and a noise voltage e,(t), as shown in Figure 5.23b [77]. 
The voltage e(t) can represent all the noise coming from both inside and outside the circuit, 
including any thermal noise from the resistors, flicker noise from the active device and noise 
from the power supply. The electrical behaviour of the oscillator can be described by 


di 
L— =e,(t 5.171 
v+ J en(t) ( ) 
dc \ du 
i =(C+v—)— 5.172 
GEF Gaa 


where the nonlinear term vdC /dv is included in Equation (5.172). 
By expanding a nonlinear capacitance C into a power series 


ioe) 
C=Cot Cot (5.173) 
k=1 
with the small coefficients Cx, substituting Equation (5.172) into Equation (5.171) and applying 
an asymptotic perturbation procedure with decomposition of the perturbed and unperturbed 
equations, the first-order differential equation for phase fluctuations with the slowly time- 
varying noise voltage e, can be derived as 


d ro) 3 
SO hee Beh | + Cen (3V? + 4e?) +... (5.174) 
dt Co 4 
where V is the voltage amplitude across the varactor [77]. Note that nonlinear capacitance has 
no impact on the amplitude noise of the oscillator. 

From Equation (5.174) it follows that 


the first order capacitance nonlinearity described by the coefficient Cı contributes to the 
up-conversion of the low-frequency noise en(t) to the sideband noise near carrier wọ; 


the second-order nonlinearity described by the coefficient C2 generates a phase noise, due 
to both amplitude-to-phase conversion and low-frequency noise up-conversion; 


the higher-order nonlinearities described by the coefficients Cy, k = 3,4,5,..., cause a 
more complicated noise behaviour of the oscillator based on hybrid up-conversion and 
amplitude-to-phase conversion due to cross-terms of V and e,. 


In the case of a single-frequency LC oscillator, the main contributor to the phase noise is 
the nonlinear collector capacitance of the bipolar device or the gate-source capacitance of the 
FET device. 

In a general case, the equivalent circuit of the active device is very complicated, including 
both nonlinear intrinsic and linear parasitic external elements. This means that it is difficult to 
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Figure 5.24 Equivalent circuit of MESFET device including noise sources 


evaluate analytically the impact of each nonlinear element on the up-conversion mechanism. 
Moreover, the joint effect of different nonlinear circuit elements will result in both amplitude 
and phase fluctuations. Figure 5.24 shows the nonlinear MESFET equivalent circuit with input 
and output current noise sources. As can be determined from numerical calculations, the phase 
noise can be significantly reduced by linearizing both the transconductance gm and the gate— 
source capacitance Ces; in other words, both nonlinearities are important contributors to the 
phase noise [78]. 

The amplitude noise also depends on the capacitance and transconductance nonlinearities. 
However, the capacitance nonlinearity will not affect the output current if the series gate 
resistance R, is set to zero. The nonlinearities of the gate—drain capacitance Cyq and drain— 
source resistance Ras have negligible effect on the amplitude and phase noise. 

Generally, the transition from soft start-up oscillation conditions to steady-state self- 
sustained oscillations is provided as a result of the degradation of the device transconductance 
in a large-signal mode, when the active device is operated in both pinch-off and active regions. 
As a result, for the cosine voltage across the resonant circuit, the output collector (or drain) 
current i (t) represents a Fourier series expansion 


i(0) = In + In cos(naot) (5.175) 


n=1 


where Jo is the dc current and /, is the amplitude of the nth harmonic component. 

If the oscillation frequency is equal to the resonant circuit frequency, which means that the 
active device has no effect on the oscillation frequency, then the fundamental component of 
the collector voltage will be in phase with the fundamental component of the collector current. 
However, for all higher-order voltage harmonics, the impedance of the resonant circuit will 
be capacitive since the collector current harmonics are mostly flowing through the shunt 
capacitance. Therefore, for the Meissner oscillator circuit shown in Figure 5.25, the voltage at 
the input of the active device can be approximately represented as 


oo 
Vin(t) = Vini COS wot + 5 Ving COS (koot = 5) (5.176) 
k=2 


where Ving < Vini for a high value of the oscillator loaded quality factor. 

As a result, when the active device transfer characteristic is approximated by a polynomial, 
the presence of higher-order voltage harmonic contributes, first, to changes in the fundamental 
amplitude and, second, to the appearance of the phase shift between the fundamental voltage 
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Figure 5.25 Schematic of parallel feedback oscillator 


and the fundamental current given by Equations (2.17) in Chapter 2. In a general form, the 
frequency deviation Aw caused by the presence of the second- and higher-order harmonic 
components of the voltage v on the resonant circuit can be obtained from 


2e LIY e- m (5.177) 


where k is the order of the harmonic component and m = V;/V; is the ratio of the harmonic 
voltage component to the fundamental voltage amplitude [79]. 

In view of the multiharmonic representation of the oscillator output spectrum due to the 
device and resonant circuit nonlinearities, the total phase fluctuations can be represented by a 
superposition integral as a result of each harmonic contribution. This is similar to the Fourier 
harmonic expansion in a frequency domain of the voltage waveform, when the phase trajectory 
on the phase plane is a result of the phase trajectories with different radii and velocities 
corresponding to the dc shift and harmonic amplitudes. In this case, Equation (5.152) can take 
a general form 


wot 


Ad(t) = -4 f n(t) T(t) dt (5.178) 


0 


where 


ra) = 5 + X cn cos(noot + bn) (5.179) 


n=1 


is a dimensionless periodic function characterizing the shape of the limit cycle or phase trajec- 
tory corresponding to the oscillation waveform and depending on the oscillator topology. It is 
called the impulse sensitivity function (ISF) for an approximate model for the oscillator phase 
behaviour [80] and serves a similar role as the perturbation projection vector (PPV) for the 
exact model [81]. The initial phase ¢, in Equation (5.179) is not important for random noise 
sources and can be neglected. For an ideal case of a purely sinusoidal oscillator, cı = 1 and 
T(t) = cos wot. E 

Now if any stationary noise current with a white power spectral density i2/Af is injected 
into the oscillator circuit close to any harmonic nwọ + Aw or nwo — Aq, it will result in a pair 
of equal sidebands at wo + Aw. Then, the total single-sideband power spectral density for the 
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Figure 5.26 Voltage waveforms for n harmonic peaking 


phase fluctuations in a bandwidth Af = 1 Hz can be written, based on Equation (5.162), as 


_ œ 
FODA r2 
n=0 Lat rms 
Lm) = TONA 2C VAa (180) 





where I";ms is the root-mean-square value of I(t) [82]. Thus, the total noise power near the 
carrier frequency of the oscillator is a result of the up-converted 1/f noise near dc, weighted 
by coefficient co, noise near the carrier weighted by coefficient cı, and down-converted white 
noise near the second- and higher-order harmonics weighted by coefficients cn, n = 2,3,.... 
The converted phase noise due to the conversion from one sideband to another can be of the 
order of 6 dB higher than the additive noise in the oscillator [83]. 

From Equation (5.180) it follows that the effect of the converted phase noise can be reduced 
by minimizing the dc coefficient co and the higher-order harmonic coefficients cn of the I(t) 
approximating the cosine waveform of the injected node voltage. Figure 5.26 shows the voltage 
waveforms corresponding to (a) Class F with optimum flattened waveform consisting of the 
fundamental and third harmonics only and (b) inverse Class F consisting of the fundamental 
and second harmonics only [84]. To realize the symmetric flattened voltage waveform shown in 
Figure 5.26a, the ratio between the fundamental and third harmonic should be equal to V1 / V3 = 
9, while the ratio between the fundamental and second harmonic is equal to V;/V2 = 4 for 
the symmetric waveform close to the half-cosine shown in Figure 5.26b. Hence, the level of 
higher-order harmonics is significantly smaller for the symmetric flattened voltage waveforms. 
It should be noted that, in Class E operation with nonsymmetric voltage waveform, the effect 
of the second- and higher-order harmonics is significant, resulting in a high value of the voltage 
peak factor. The importance of the symmetry is also necessary to minimize the coefficient co 
responsible for the low noise up-conversion and amplitude-to-phase conversion [80]. As is seen 
from Equation (5.174), the phase noise improvement can be achieved by reducing the effect 
of the device and circuit nonlinear capacitances. Due to the amplitude-to-phase conversion, 
the phase for each higher-order harmonic component changes with amplitude, resulting in a 
generally asymmetric voltage waveform. 

Equation (5.178) describes an approximate phase noise behaviour, compared with the ac- 
curate equation [81], where the phase ¢(t) also appears in its right-hand side. Such a simpli- 
fied phase noise model is valid for the case of stationary noise sources such as white noise. 
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Figure 5.27 Simplified Colpitts oscillator schematic 


However, when the noise sources are no longer stationary, it can be accurate only in the limits 
of an assumption of the small phase shifts for which cos A@ is close to unity. This implies 
that the approximate model is not accurate enough to analyse neither the injection-locking 
phenomenon nor related issues such as behaviour of phase differences of coupled oscillators 
[85]. 

The response of the oscillation system to an impulsive noise can be provided by its direct 
measurement with a SPICE simulator, when an impulse is injected into the node of interest of the 
oscillator circuit and the oscillator is simulated for a few cycles afterwards [80]. By substituting 
the equivalent current noise source of each individual node in Equation (5.178), the phase 
contribution of each node can be calculated [86]. However, any further analytical simplification 
based on the orthogonal decomposition of noise into amplitude and phase components may 
not yield the correct result [87]. 

The noise sources in an oscillator generally cannot be modelled as purely stationary since 
the statistical properties of some of them may change with time in a periodic manner. Such 
types of noise sources are referred to as cyclostationary. If the thermal noise of the resistor 
has a stationary nature, then the collector (or drain) shot noise of the transistor is an example 
of cyclostationary noise due to the time-varying nature of the collector current. The most 
important issue is that the collector shot noise is dominant, compared with the noise from base 
resistance or tank losses, and can achieve about 70% of the total phase noise of the oscillator 
[86]. 

Figure 5.27 shows a simplified single-ended common gate CMOS Colpitts oscillator confi g- 
uration where the required regeneration factor for the start-up oscillation conditions is chosen 
using a proper ratio of the feedback capacitances Cı and C2. The idealized voltage and current 
waveforms corresponding to the large-signal operation in idealized Class B with zero saturation 
voltage are shown in Figure 5.28. 

Equation (5.175) for the drain time-varying current can be rewritten in the form 


i(t) = Imax [e +) o, cio (5.181) 


n=1 
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Figure 5.28 Ideal Class B drain voltage and current waveforms 


where œ, is the ratio of the mth current harmonic amplitude to the peak output current Imax, 
expressed through half the conduction angle 0 as 


In A, Yn (8) 
Imax 1 — cos 0 





Qn = 


(5.182) 


where y,,(@) are the current coefficients introduced in Equations (1.25—1.27) in Chapter 1. 
To account for the cyclostationary drain noise source as a result of total noise sources 
injected at frequencies nwo + Aw, Equation (5.180), in general form, can be rewritten as 





TS 2 
ifa 2o (@nCn) 
n=0 


Sm) = OVER? 


(5.183) 


where iZi = 2q Imax is the drain current noise power density in a frequency bandwidth Af = 
1 Hz. The Fourier components for the current waveform close to half-cosinusoidal show that 
the drain shot noise is mixed mostly with the fundamental and second harmonics to contribute 
to the total phase noise of the oscillator. 

To minimize the oscillator phase noise, it is very important to choose the optimum value 
of feedback ratio k = C2/C, for the same total capacitance C = CiC2/(C; + C2). This is 
because different values of the conduction angle correspond to different harmonic contributions 
to the output spectrum. In the case of Class B with 6 = 90°, the third-, fifth- and higher-order 
harmonics can be eliminated since their current coefficients y, (for n = 3,5,...) become equal 
to zero. As a rule-of-thumb, the optimum feedback ratio for a Colpitts oscillator can be chosen 
to be approximately k = 3.5 ~ 4 [80, 86]. 
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5.6 LOADED QUALITY FACTOR 


The loaded quality factor Q; of the oscillator resonant circuit is an important factor of circuit 
behaviour, being a key parameter of the complete resonant system. Several definitions of QL 
are in general use. All definitions are valid when correctly applied. The classical definition 
applicable to any simple oscillatory system is 


total energy stored in the system 
QL =2n (5.184) 
energy lost per cycle from the system 





where the numerator is taken as the average of the energy stored during the period of one full 
cycle [88]. 

In a steady-state operation mode, the energy loss is supplied by the external source, and 
Equation (5.184) is applicable, provided the denominator is interpreted as the energy supplied. 
For a negative resistance oscillator with a series LC resonant circuit, by applying this definition, 
we can write 


LI? wL 


= 27. ——— = — 
Q "RUF R, 


(5.185) 


where J is the root-mean-square amplitude of the current flowing into the load resistance. This 
expression is the dual of the familiar wC R, of the parallel resonant circuit. In the oscillator 
with a multi-resonant circuit, each distinct mode of oscillations has a distinct value of QL. 
However, when coupling is present, there is an interchange of energy accompanied by beats 
which make it difficult or impossible to apply any concept of QL. Normal modes are free from 
this difficulty and therefore have uniquely defined values of QL. 

Now let us understand an applicability of the conventional definition of the loaded quality 
factor obtained by Equation (5.184) to the feedback oscillator circuit shown in Figure 5.29a 
by following the derivation procedure given by Razavi [89]. The closed-loop voltage transfer 
function of such an oscillation system T (jæ) = Vour(j@)/Vin(j@) can be written as 


Aja) 
T(j@)= LHe) (5.186) 


where H (jw) is the open-loop voltage transfer function. 
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Figure 5.29 Equivalent models of oscillator circuit 
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For offset frequencies close to the carrier, œm = œ — wo, the open-loop transfer function 
H (jo) can be represented by a linear Taylor series expansion around wọ as 


Pa aes . dH 
H(jw) = H(jwo) + — om (5.187) 
dw 
the substitution of which into Equation (5.186) results in 


. dH 
H(j@o) + = On 
daw 


T (jo) = (5.188) 





. dH 
1 — H(jao) —- —On 
dw 
According to the steady-state oscillation condition known as a Nyquist criterion, if in a 
feedback system the open-loop gain has a total phase shift of 180° at some frequency wọ, 
such a system will oscillate at that frequency provided that the open-loop gain is unity, i.e., 
H(j@o) = 1 at the oscillation frequency wo. Since |(dH /dw)wm| K 1 for most practical cases, 
Equation (5.188) reduces to 


1 
T (jo) S-F (5.189) 


Wm 


do 
By representing the open-loop transfer function as H (jœ) = A(@) exp[j@(@)] in differen- 
tial form 





+ jA 
dw daw J 


dH (dA 
dw 


d 
4 ) exp(j o) (5.190) 


and taking into account that A ~ 1 for w ~ wo, the oscillator noise power spectral density can 
be written as 











1 1 
Tjo)? = 5.191 
Ine’ = ST [ib (5.191) 
dw dw 
By introducing the definition of the oscillator loaded quality factor Q, as 

0, = 2 dA z do \? (5.192) 

“2 V \do dæ 

Equation (5.191) can be rewritten as 
2 

TGD = ( (5.193) 

20L0m Í 


representing a similar form of the Leeson model given by Equation (5.81). 

Similarly, consider the negative resistance oscillator circuit shown in Figure 5.29b where 
X = Xou + XL isthe total circuit reactance. The voltage transfer function of such an oscillation 
system T (jæ) = Vou(jæ@)/Vin( jæ), where Vou(j@) = Ioul jæ@)R, can be written as 





fy (5.194) 
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where Z(j@) = R(w) + jX(@), R = Rou + RL. The steady-state oscillation conditions are 
established at w = wọ when X = 0 and Z(jap) = 0. 
The noise shaping function of such an oscillation system can be written as 
R2 
T (jo)? = —+, 5.195 
IT (jo)| Zar ( ) 
For offset frequencies close to the carrier, am = œ — wo, the total circuit impedance Z(jw) 
can be represented by a linear Taylor series expansion around wọ as 


dZ 
Z(jo) = Z( jw) + —On (5.196) 
dw 
Since at the oscillation frequency Z(j@o) = 0, substituting of Equation (5.196) into Equa- 
tion (5.195) results in 


ITO)? = (5.197) 


Iz 





By representing the total circuit impedance Z(jw) through its real and imaginary parts, 
Equation (5.197) can be rewritten as 


Rọ 


1 
ow, (dR\* (dX \? 
aya) 


where both derivatives are evaluated at the oscillation frequency wo. 
As a result, introducing the definition of the oscillator loaded quality factor Q, as 


= œ |(dR\* (axy er 
o= Fy (as) + (a) ah 


leads to exactly the same expression for the oscillator noise shaping function obtained by 
Equation (5.193). Similar expressions for the loaded quality factor of the negative resistance 
oscillator circuit are described elsewhere [68, 90]. 

The oscillator power spectral density can be generally rewritten using the noise shaping 
function ITa)? as 


IT (ja)? = (5.198) 








So = Sag IT Vo)’ (5.200) 


where T (jæ) is the closed-loop transfer function of the oscillation system. Should 1/ |T |? not 
be parabolically shaped, it can be expanded to second order with respect to œm around the 
oscillation frequency wo. This corresponds to an oscillator power spectral density reduction of 
approximately —6 dB/octave, which is usually the case. Such an expansion results in another 
general definition of the oscillator loaded quality factor in the form 


_ @ 1d? (1/|T|’) 
Di Als age (5.201) 


where the derivative is evaluated at the oscillation frequency wọ [61]. 
As a simple example, let us derive a relationship between the oscillator loaded quality factor 
QL and the phase slope of the circuit impedance d¢/dw for the case of a negative resistance 
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Figure 5.30 Negative resistance oscillators with different resonant circuits 


oscillator with a series LC resonant circuit and frequency-independent load resistance Ry 
shown in Figure 5.30a. The loaded resonant circuit impedance Z and phase ¢ can be written, 
respectively, as 








œ LC —1 
Zi = R + j ——— (5.202) 
wC 
ee} A (5.203) 
= tan rT ee . 
wC RL 
The derivative of Equation (5.203) with respect to frequency w results in 
do 1+ LC 
— = CR 5.204 
dw “(@C RL)? + (LC — 1} ae 
At the resonant frequency wọ = 1/V LC , Equation (5.204) can be rewritten as 
d 2 
Tan (5.205) 
dw CRL 


Since the loaded quality factor of this series single-resonant circuit at the resonant frequency 
is also can be defined as 


1 
= — 5.206 
QL DCR. ( ) 
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then Equation (5.205) can finally be rewritten as 
QL = ~—— (5.207) 


A similar expression can be applied to a feedback oscillator with parallel or series tuned 
nature of the feedback tank [91, 92]. Comparison of Equations (5.206) and (5.207) shows that 
in the case of a single-resonant circuit both definitions of Q, are equivalent. 

The double-resonant circuit consisting of a parallel resonant circuit connected in series to a 
series resonant circuit is shown in Figure 5.30b. Such a resonant circuit provides susceptance 
compensation when the susceptance slope of the series-tuned circuit compensates for the 
susceptance slope of the parallel-tuned circuit. At the resonant frequency wọ when 


OC = oL Cp = 1 
these two basic definitions of the oscillator loaded quality factors can be represented by 


wo(Ls + CpR7) 





a 5.208 

OL R, ( ) 
wo dp _ w (C RÈ — Ls) EI 
2 dw RL i 


that are not identical. This means that the classical definition of Q; based on average stored 
energy is not appropriate to characterize the dynamic behaviour of this circuit and correctly 
calculate the phase noise spectrum. 

Figure 5.30c shows the oscillator resonant circuit with distributed parametres consisting 
of a transmission line of electrical length 0 loaded by a parallel resonant circuit. In this case, 
when Zo = R_, at the resonant frequency wo corresponding to the electrical length 69, we can 
write 





6 
Oy = wR (c fine ) (5.210) 
woRL 
wo do 
2P = oC Ri lcos(20)| (5.211) 
2 dw 


that are also not identical [91]. Thus, the classical definition of Q, based on average stored 
energy is not able to properly characterize the distributed resonant circuit having a periodic 
nature of its spectral performance. 


5.7 AMPLITUDE-TO-PHASE CONVERSION 


Substituting Equation (5.140) into Equation (5.141) allows us to rewrite the oscillator normal- 
ized double-sideband phase noise spectral power density in the form 





2 
TRR ee (eee RC eck ane (5.212) 
201 fm í Ao 


which shows the direct relationship between the amplitude and phase noise in the oscillator. 
In this case, the coefficient q is responsible for the conversion of the amplitude noise into the 
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phase fluctuations (AM/PM conversion). Equation (5.212) can be rewritten as 
0 200 (AA 
Sp(AQ, fm) = SoA, fm) + 9°S, ae fm (5.213) 
where S9 is the phase noise of the isochronous oscillator when q = 0 and S° is the amplitude 
noise of isochronous oscillator [93]. It should be noted that p = 1 when the oscillator circuit 


is adjusted to maximum power [60, 65]. 
Equation (5.212) can be represented for a range of offset frequencies fm < fo in the form 








fo . 2 
So(fm) = Sag(fm) Gar + (5.214) 
oh aglh | 201 fa do 
where gg is the AM/PM conversion coefficient defined as 
fo ) 
= (5.215) 
oe Cae 
Then, assuming that 
yee (ae (5.216) 
ey PL fm ` 
the single-sideband noise-to-carrier ratio can be rewritten as 
2FkT fe fye a 
L(fm) = (1+ ) ( ) + (5.217) 
ae RAINO ye 


where, for the simplified case when the active immitances do not depend on the frequency, 
that is DReW/df = 0, the AM/PM conversion coefficient gy can be defined by 


_ Aodf 
> fmdA 


For a particular case of voltage-controlled oscillator (VCO), when it is assumed that the 
amplitude noise is mainly caused by the thermal noise of the varactor, the following expression 
can be written 


_2FKT (_ fe\ (_fo_\* , 2kTReK ico 
L( fm) = P. (1+#) (4) + A (5.219) 


where Re is the equivalent noise resistance of the varactor, Kvyco is the oscillator voltage gain 
in Hz/V [94, 95]. 

Consider a simple negative conductance oscillator with a parallel resonant circuit shown in 
Figure 5.31, where Cy; is the large-signal fundamentally averaged capacitance. To calculate 
the oscillator phase noise degradation, it is best to introduce a ratio of the large-signal single- 


sideband noise-to-carrier ratio Lı( fm) to the corresponding small-signal one L (fm) by using 
Equation (5.217) as 


dé (5.218) 











Li(fm) _ QL eo) 5.220 
L( fm) Qui +4 fo Daan 


where Qı = œC, Ri is the loaded quality factor of the circuit with the variable capacitance 
under large-signal operation. 
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Rout 








Figure 5.31 Negative conductance oscillator with a parallel resonant circuit 


Let us assume that the tank capacitance represents the device abrupt junction collector 
capacitance or varactor capacitance which can generally be approximated under large-signal 
operation by Equation (6.13) given in Chapter 6 as Cy; = Cy(1 + æa V”), where C, is the 
small-signal capacitance and V is the sinusoidal voltage amplitude across the load. Then, 

















Vo d Vo d Vo dC, 
R O AP es (5.221) 
fm dV f dV Cy dV 
Since 
df = df dCy 
dv dCy, dV 
and, for a single-resonant oscillator circuit, 
df f 
=— 5:222 
dCyı 2Cy1 : 


then the AM/PM conversion coefficient as a function of the voltage amplitude across the 
varactor can be obtained as 


f ave 
fm 1+ 2a,V? 


As a result, Equation (5.220) can be rewritten as 


Lif 1 2OLF\? / ave ) 
EGY. ~ eat ( fo ) (34 eam 


which allows the optimization of the oscillator phase noise performance with a nonlinear 
capacitance. For example, for a fixed Q; and output voltage across the load, the optimum 
value of a, can be calculated, minimizing the ratio of L1(fm)/L(fm). Similarly, for a fixed QL 
and ay, the optimum oscillator output power can be defined. 


de = (5.223) 





5.8 OSCILLATOR PULLING FIGURE 


The term ‘pulling’ is most widely used to express the frequency change produced in oscillators 
by a variation in the load impedance. In particular, the pulling figure of the microwave oscillator 
is defined as the maximum frequency excursion produced by a voltage standing wave ratio 
(VSWR) of 1.5, which is varied arbitrarily in phase angle [88]. Pulling is closely related to 
frequency stability and to the possibility of multiple frequencies. At the boundary between 
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Figure 5.32 Pulling in a lumped resonant system 


single and multiple responses, the frequency stability is zero and the pulling figure becomes 
infinite. This is the desired condition in locked oscillators, but otherwise very undesirable. 

Consider the simple case of a resonant system represented by lumped elements, as shown 
in Figure 5.32. The resonant circuit consists of a parallel inductor L and a shunt capacitor C, 
while a parallel inductance L; and shunt capacitance Cı are assumed to be part of the load. 
Assuming that the load is tuned to the operating frequency, we can write 





1 1 
Por E (5.225) 
Joa JIC 
Rı 
QO; = CR = —— (5.226) 
aol, 
Ri 
Öre nR a (5.227) 
woL 


In this case, an increment dC, in the load capacitance produces a frequency increment dw 
given by 








dw dC 1 
= (5.228) 
wo 2(C +C) 
Equation (5.228) can be rewritten in the form 
d dC 
Sa Qı ! (5.229) 
wo 2(QL+ Q1) Ci 
Similarly, a variation in the load inductance L; produces a frequency deviation 
d dL 
c= 2i : (5.230) 





wo 2(QL + Qı) Lı 


From Equations (5.229) and (5.230) it follows that a small value of Q; and a large value of 
QL are desirable in order to minimize the oscillator pulling. 

To derive the pulling figure by taking into account the nonlinearity of the oscillator output 
admittance, let us consider the steady-state oscillation condition for a negative conductance 
oscillator circuit 


Y =Y + S0 (5.231) 


where Y is the overall circuit admittance, Yout is the oscillator output admittance and Yọ is the 
load admittance. 
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For a load perturbation of AY, = AG, + j AB, the oscillation conditions can be written 





as 


oY oY 
Y + AY, + — ^o + — AV =0 (5.232) 
dw ƏV 


where V is the voltage amplitude across the load [96]. 
From Equations (5.231) and (5.232), by separating real and imaginary partsof Y = G + jB, 


dG dG 
A —A —AV = 2 
Ort a Otay V=0 (5.233) 
dB 0B 
AB, + — ^o + — AV =0 (5.234) 
dw ƏV 


Solving Equations (5.233) and (5.245) for Aw and AV results in 


POR ag 26 

Live os | oes 

2 SP ay aV 

^w = Gap 0G OB (5.235) 
aV ðw dw OV 


dG ðB 
ABL— — AGL— 


a 3w Jw 
AV = 5G aB 0G OB (5.236) 


dV ðw dw ƏV 














By using a transmission line with the characteristic impedance Zp = 1/Yo and electrical 
length 6 variable between 0 and 4/2, the transferred load admittance Y, at the oscillator output 
plane can be written as 





Yo + AG + jYotand S(1 + tan? 6 1 — S?)tan@ 
Kay JMG MDE oop an ii (5.237) 
Yo + j(Yo + AG) tand 1+ S? tan? 0 1+ S? tan? 0 
where S is the VSWR of the perturbating admittance in the output line, given by 
AG 
S=1+—— (5.238) 
Yo 


From Figure 5.33 it can be seen that any reactive load perturbation of value j AB shown in 
Figure 5.33a can be represented by a nonreactive load perturbation of AG shown in Figure 5.33b 
by suitably selecting the reference plane in the output line. 

As a result, a load perturbation AY, = Y, — Yo expressed separately by its real and imagi- 
nary parts can now be represented by 


(S — 1)(1 — S tan? 6) 
1 + S? tan? 6 

(1 — S?) tan@ 

1 + S? tan? 0 


AG, = Yo 





(5.239) 


AB, = Yo (5.240) 
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Oscillator 





c). 


Figure 5.33 Oscillator with load variation 


By substituting Equations (5.239) and (5.240) into Equation (5.235), the frequency variation 
Ao can be obtained as 
0B dG 
Y OV (S — 1I)(1 — S tan’ 6) 3V (1 — S?) tan6 
°9G 0B  dGOB 1+ S? tan 6 °9G 0B OGOB 1+ S2tan26 
dV ðw ðw AV dV ðw ~=0w AV 


Aw = 











(5.241) 


The maximum frequency deviation A@max as a function of 0 can be found by equating the 
derivative d(Aq)/dé@ to zero, resulting in a quadratic equation 


S? tan? 6 + 2Satan@ —1=0 (5.242) 
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where 
dB s0G 
a= — /— 
əƏV/ ƏV 
is the nonlinear oscillator parameter. Consequently, the two solutions corresponding to the 
extreme values of Aw; and Aq@» can be calculated from 


(S — 1) Va? + 1(2a? + S + 1) F 2a (1 + a2) 


(5.243) 

















Rij YoK (5.244) 
12 2S ee ane AA i 
where 
3G 
= 3V 
K = 3GB 3G0B (5.245) 





ƏV ðw 3waðV 
The interesting feature resulting from Equation (5.244) is an asymmetry of the pulling 
range around the oscillation frequency as a function of the nonlinear oscillator parameter a. 
For example, fora = 0, the pulling range is symmetric when Aw, and Aq are equal. However, 
the pulling range becomes more and more asymmetric for increasing values of œ. 
The maximum total frequency variation A@max = Aw, — Aw can now be found to be 





1 
Aona = YoK (s = 5) a2 +1 (5.246) 


that explicitly represents the pulling figure of a nonlinear negative conductance oscillator. 
Equation (5.246) can be rewritten through the reflection coefficient of the perturbed load I 
as 








Tr 
AQ@max = 4Yo K i | EY a2+1 (5.247) 
where 
1+10| 
= 5.248 
1— |r| ( ) 
For a particular case when G/dw = 0 and |T|? < 1, Equation (5.247) can be simplified 
to 
2wo S — 1 
A@max = — —— Va? + 1 5.249 
QL S+1 ( ) 
where 
Wo 0B 
ee ee 5.250 
QL Y, de ( ) 


is the loaded quality factor of the oscillator resonant circuit [97]. 
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6 


Varactor and oscillator 
frequency tuning 


Voltage-controlled oscillators (VCOs) are key components in many applications, especially in 
wireless communication systems, measurement equipment, or military applications. A grow- 
ing market of wireless applications requires highly integrated circuit solutions, where both 
high-performance transistors and passive elements with high quality factors can be used. 
Since the VCO performance is a significant aspect of the overall effectiveness of the system, 
SiGe technology with high-resistive substrates and thick top metallizations provides excellent 
prospects for further widening of the VCO applications. This chapter discusses the varactor 
modelling issues, varactor nonlinearity and its effect to frequency modulation, and resonant 
circuit techniques to improve VCO tuning linearity using lumped and transmission-line ele- 
ments. Various practical examples of VCO implementation techniques based on using different 
types of the active devices, circuit schematic approaches and hybrid or monolithic integrated 
circuit technologies are shown and described. 


6.1 VARACTOR MODELLING 


The term ‘varactor’ comes from the phrase ‘variable reactor’ and means a device whose reac- 
tance can be varied in a controlled manner, in this case, with dc bias voltage [1]. The discovery 
of the capacitance of a rectifying contact extends back to 1929 when the first comprehensive 
investigation of this phenomenon was made [2]. In 1949, Shockley published his classic paper 
on the theory of p-n junctions where not only the expressions for the current—voltage relation- 
ships in a diode are given, but the capacitance effect is considered as well [3]. The possibility 
of tuning diodes with exponents greater than one-half was firstly described in 1958 [4]. The 
term ‘hyperabrupt’ was coined for such sensitive devices. 

A simplified varactor equivalent circuit is shown in Figure 6.1, where Cy is the variable 
depletion layer capacitance, Cp is the package capacitance, R, is the series contact and bulk 
resistance, L, is the series inductance incorporating package inductance, VD is the diode 
junction [5, 6]. The diode is necessary to take into account because of the rectifying effect 
during a positive voltage swing. Series resistance R, is a function of applied voltage and 
operating frequency, although in most practical cases it can be considered constant. Such a 
model neglects some parasitic linear components, which should be taken into account for 
microwave applications including the distributed line package model and some capacitances 
due to the ground proximity. However, for most high-frequency applications, up to 2.5 GHz, 
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p 
Figure 6.1 Simplified varactor equivalent circuit 


these parasitics would not be significant unless higher-order harmonics due to the varactor 
nonlinearity affect VCO performance. 

The varactor junction capacitance Cy as a function of reverse dc bias voltage V, can be 
expressed by 





V, ged 
CV) = Cy (: + *) (6.1) 
p 
where 
wi. dey dV, 
YX" CIV +H 


is the varactor junction sensitivity (y = 0.5 for abrupt varactors, 1 < y < 2 for hyperabrupt 
varactors), is the contact potential. Its values depend on a doping profile of varactor; C,(0) 
is the varactor junction capacitance at V, = 0. The voltage V, is positive since it is assumed a 
reverse connection of the varactor. 

When the junction is reverse-biased, a large electric field exists in the depletion region. As 
the bias voltage is increased, this field increases to a sufficiently high value where the thermally 
generated carriers traversing the depletion layer will generate additional hole—electron pairs 
by collision. These hole—-electron pairs will in turn generate additional pairs, thus causing 
a multiplication effect or avalanche of carriers. The breakdown voltage at which avalanche 
occurs is the upper limit for the varactor voltage-control range and determines the minimum 
varactor junction capacitance Cymin. The reverse breakdown voltage is relatively insensitive to 
temperature variations. 

The doping concentration level in the varactor depletion region defines the difference be- 
tween an abrupt junction varactor and a hyperabrupt junction one. For (a) abrupt junctions, 
the doping density is constant across the depletion region; for (b) hyperabrupt junctions, the 
doping density is a nonlinear function, as shown in Figure 6.2 [7]. In the latter case, ion im- 
plantation or nonlinear epitaxial growth techniques accomplish this. As a result, as the reverse 
voltage is increased, the higher doping density contributes to a greater capacitance change in 
the hyperabrupt varactor than in the abrupt varactor with a constant doping density. However, 
the averaged doping concentration of the undepleted epitaxial region for the abrupt varactor is 
higher approximately by a factor of two, which gives the higher value of the series resistance 
R, for the hyperabrupt varactor. 

The quality factor of a varactor Q, (taking into account that the varactor junction capacitance 
C; is substantially higher than the package capacitance Cp) is defined by 

1 


OV, œ) = oR.CAV,) (6.2) 
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Figure 6.2 Doping density for (a) abrupt and (b) hyperabrupt varactors 
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Figure 6.3 Varactor quality factor versus bias voltage 


being a function of operating frequency and applied voltage. Since with the increase of Rs 
the varactor quality factor decreases, at low reverse bias voltage Q, of the abrupt varactor is 
higher than that of the hyperabrupt one. However, at higher reverse voltages the quality factor 
of the hyperabrupt varactor becomes higher due to the more rapid decrease in the hyperabrupt 
varactor capacitance. As shown in Figure 6.3, usually over the linear tuning range for reverse- 
bias voltage in the range 1—10 V, the Q, for the hyperabrupt varactor is lower. As a result, the 
output power of such a VCO with hyperabrupt varactor should be lower due to higher power 
losses in the varactor. 

To approximate the experimental voltage—capacitance dependence, it is necessary to de- 
termine three unknown parameters Cyo, g and y from Equation (6.1). In this case, these 
parameters do not reflect the precise physical or electronic varactor properties because they 
are only the empirical variables under optimization procedure. A very convenient and simple 
analytical approach to calculate Cyo, g and y is described elsewhere [8]. The slope of the 
voltage—capacitance characteristic is defined as follows: 


dC, Cy VO 
TE y (1+ ) (6.3) 
p o 
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Under the condition of zero bias voltage when V, = 0 


Cy 
Svo = -y | (6.4) 
p 





Substituting Equation (6.4) into Equation (6.3) yields 





Voy rS V, 
Sy (1 + *) = (1 + *) (6.5) 
p Svo p 
which allows one to obtain the final linear equation by substituting Equation (6.1) 
Sy V, 
c,=-* (1 + ~) (6.6) 
¥ p 


The parameters p and y can be easily defined by a least-squares method using the well- 
known algorithm for calculating coefficients a and b for a linear approximation function 


y =ax +b (6.7) 


where y = Cy/Sy, x = Vy, a = —1/y and b = —ọ/y. 

Figure 6.4 shows the analytical (solid line) and experimental (dotted line) voltage— 
capacitance dependencies for a silicon hyperabrupt varactor. The maximum error between 
empirical and experimental capacitance values is about 12% near reverse-bias voltage of about 
7 V. As a result, the analytical voltage—capacitance dependence of such a hyperabrupt varactor 
can be written as 
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Figure 6.4 Silicon hyperabrupt varactor analytical (solid line) and experimental (dotted line) voltage— 
capacitance dependencies 
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6.2 VARACTOR NONLINEARITY 


Under small-signal operation when the amplitude of the RF signal on the varactor is small, the 
device capacitance can be considered as a function of dc bias only since the varactor capacitance 
practically does not change. However, under large-signal operation when the amplitude of the 
RF signal can be of the same magnitude as the dc bias voltage, the instantaneous varactor 
capacitance is a function of both dc voltage and RF signal amplitude. 

To analyse the effect of the varactor nonlinearity under large-signal operation, the following 
model of the varactor transferred-charge characteristic can be defined with initial condition of 
qv = 0 for Cy = 0 in the vicinity of a bias point Vy: 





PCvo V, me 
a= | C\dV, = i 1+ oe fory #1 (6.9) 
VW 
qy = foa = Co ln (: + *) fory = 1 (6.10) 
p 


In this case, the total signal on the varactor should represent a sum of dc bias and ac harmonic 
components. Assume that the ac voltage on the varactor is limited to the fundamental frequency 
only when 


vy = V, + V cos at (6.11) 


Substituting Equation (6.11) into the varactor transferred-charge characteristic given by 
Equation (6.9), applying a power series expansion with respect to the incremental time-varying 
voltage V coswt, taking into account only the first three terms and equating the fundamental 
charge component terms result in 


qv = Qy + Q cos wt 


G VAY L= VvV \? v2 
a (1+) ps (i+ ) 
l-y Q Y g 4 


V \ 1 Vy\? v2 
+Cn(1+ 2) ree (1+) = | V cos er. (6.12) 











Thus, the equivalent fundamentally averaged capacitance C,; defined as Cy; = Q/V can 
be obtained as 


Vey? 
Cy =Ca(1+ *) (1 +a,V’) (6.13) 
p 


where 





-2 
ee (1+ *) 
8g? Y 

It should be noted that Equation (6.13) gives the value of the equivalent linearized ca- 
pacitance Cy; when the amplitude of the fundamental current has the same value as in the 
circuit with such a nonlinear capacitance under purely cosinusoidal voltage. Another result 
will be obtained when calculating the fundamental voltage amplitude across the varactor under 

consideration of purely cosinusoidal current. 
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Figure 6.5 Varactor capacitance charging circuit and transient response 


The deviation of Cy;(V)/C\y(V = 0) from unity does not exceed 15% for the abrupt varactors 
when the varactor reverse bias V, = 1 V and the fundamental amplitude V < 1 V. Therefore, 
to avoid the rectifying effect, which contributes to an increase of the series varactor resistance 
and noise level, a minimum varactor bias in the range 1-2 V is required. In this case, to evaluate 
the low-power VCO frequency tuning properties, it is sufficient to use a small-signal varactor 
model. 

Since the varactor capacitance is nonlinear, it is necessary to have a quantitative knowledge 
of the transient characteristics of the varactor. To obtain the analytical expressions for the 
transient responses, it is advisable to rewrite Equation (6.1) in the form 


een)’ 
P + Vy 





Cy(vy) = Cy ( (6.14) 


where Cy = C, is the capacitance at vy = Vy. 
Now consider the circuit shown in Figure 6.5a which corresponds to the charging process 
when the switch is turned on, with the following assumptions: 


e the change in the varactor series bulk resistance with voltage is small compared with the 
total series resistance; 


e the junction capacitance follows the junction voltage in a very short time compared with the 
transient response time of the diode; 


e the value of the bias voltage Vy is much larger than that of the contact potential 9; 


e the varactor junction has an abrupt characteristic with sensitivity y = 0.5. 


In this case, the current / in the circuit can be written, using Equation (6.14), as 


V du, 
vydt 





du, 
P= Cok =C 6.15 
i = Cy(vy) al Vv ( ) 
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On the other hand, from Kirchhoffs voltage law it follows that 





YW — vy 
j= 6.16 
' R ( ) 


Substituting Equation (6.16) into Equation (6.15) results in a nonlinear first-order differential 
equation describing the charging process, given by 


dv, = dt 
(Vy i Vy) Uy 7 RCyvv Vy 


Integrating both parts of Equation (6.17) by taking into account zero initial conditions yields 
the varactor transient response in the form [9, 10] 





(6.17) 


x = tanh? 
V, 2RCy 





(6.18) 


Figure 6.5b shows the normalized transient response of the abrupt varactor (curve 1). Here, 
the charging curves for the linear capacitance C are plotted for comparison (curve 2: C = Cy; 
curve 3: C = 2Cy; curve 4: C = 4Cy). From Figure 6.5b it follows that the abrupt varactor 
junction capacitance is charging faster than the linear capacitance, having values of C > 2Cy, 
but slower than the linear capacitance C = Cy. Unlike the linear capacitance case, the varactor 
capacitance transients exhibit a lower slope at small values of the reverse-bias voltage and 
steeper slope at its larger values. The value of the slope at its steepest point decreases with 
increasing varactor junction sensitivity y [11]. 

For the circuit shown in Figure 6.6a, which corresponds to the discharging process when 
the switch is turned on, the current as a function of time can be written, using Equation (6.16), 
as 


po (6.19) 
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Figure 6.6 Varactor capacitance discharging circuit and transient response 
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Substituting Equation (6.19) into Equation (6.15) results in a nonlinear first-order differential 
equation describing the discharging process given by 
duy E dt (6.20) 
Vy ./Vy 7 RCvv V, i 
Integrating both sides of Equation (6.20) by taking into account the initial conditions of 
vy = V, for t = 0 yields the varactor transient response in the form [9] 


et qe = (6.21) 
YW 2RCy 


Figure 6.6b shows the normalized transient response of the abrupt varactor (curve 1) where 
the discharging curve for the linear capacitance (curve 2) is plotted for comparison. From 
Figure 6.6b it follows that the discharging time for the abrupt varactor junction capacitance is 
faster than the discharging time of the linear capacitance. 








6.3 FREQUENCY MODULATION 


A varactor whose capacitance is changed in accordance to an applied reverse-bias voltage is 
used as a frequency tuning element in the oscillators. By providing a proper reverse-bias voltage 
and low-frequency modulating signal to the varactor, being a part of the oscillator resonant 
circuit, the formation of the oscillator output high-frequency signal with frequency modulation 
is achieved. To evaluate the quality of such a frequency-modulated transmitting signal, it is 
very important to know the behaviour of the varactor voltage—capacitance characteristic and 
its influence on the oscillator static modulation characteristic, representing a dependence of 
the oscillation frequency on slowly varying varactor bias voltage. Together with the dynamic 
modulation characteristic, parasitic amplitude modulation or dependence of the modulation 
index on the amplitude of the modulated signal, the oscillator static modulation characteristic is 
the most important oscillator characteristic, based on which the oscillator frequency-modulated 
output signal with minimal nonlinear distortions can be provided. 

To investigate the nonlinearity of the static modulation characteristic, let us represent the 
voltage across the varactor vy as a sum of dc bias voltage V, and low-frequency ac component 
Vg in the form 


vy = Vy + v9 (6.22) 


It is convenient to represent the static modulation characteristic as a dependence of the 
relative frequency deviation y = (w — w@)/@p = A@/q@po on the normalized ac low-frequency 
voltage € = vg/V,. Generally, the dependence y(¢) is nonlinear, and it can be written as an 
nth-order power series expansion 


y = Sie + Spe” + Sze? +... + Spe” (6.23) 


where Sı is the transconductance of the static modulation characteristic, the coefficients 
So, $3,..., Sn characterize its curvature, and 


_ 1 d'y(e) 
~ n! de" 





(6.24) 
e=0 
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In a common case, the capacitance of the varactor (or any variable capacitor) as a function 
of the voltage v, can be written as 


Cy = Cy (Vy) + AC (ug) (6.25) 


where Cy is the average capacitance at vy = V, and AC, is the variation of the capacitance 
Cy under the modulating signal. In order to define the dependence Aw(vg), it is necessary to 
calculate the functions Aw(AC), where AC is the variation of the overall capacitance of the 
oscillator resonant circuit Co, AC(AC,) and AC\(vg) in succession. Generally, the procedure 
of analytical calculation of these dependencies is complicated. Therefore, it is best to introduce 
the following power series expansions [11]: 


y(x) = ax + aix? + a13 x? +... + anx” (6.26) 
xE) = a1 + ayé? + an3€? +... + aE” (6.27) 
&(e) = az,E + ae" + ae +... + azne” (6.28) 


where x = AC/Co and £ = AC,/Cy. 
The function y(x) depends on the number of resonant circuits in the oscillator. For a single 
resonant circuit oscillator, 


1 1 
~ JL(C+HAC) VLC 


where L is the resonant circuit inductance. As a result, from Equation (6.26) it follows that 


Aw 














ol ee 3x? 5x? $ (6.29) 
ne pee S aog e ' 
with the first three coefficients 
1 3 5 
es =e =- 6.30 
ayy 5 m=z a13 6 (6.30) 


The function x(&) depends on the particular type of the varactor connection to the oscillator 
resonant circuit, whereas the function (£) depends on the voltage—capacitance characteristic 
of the particular varactor. This means that the coefficients of the power series given by Equa- 
tions (6.27) and (6.28) can be determined only for particular cases of the oscillator configuration 
and varactor used. 

The expressions for the first two coefficients Sı and Sz in Equation (6.23) can be obtained 
by substituting one series into the other twice 


Sı = 411421431 (6.31) 
S2 = a11 (a21a32 T a22431) + ap(a21031) (6.32) 


Figure 6.7a shows the general case of the partial varactor connection to the oscillator 
resonant circuit. When C; >> C2 + Cy, it can represent a parallel resonant circuit with variable 
capacitance Cy, as shown in Figure 6.7b. When C2 < Cy, the oscillator can be represented by 
a series resonant circuit with variable capacitance Cy, as shown in Figure 6.7c. 

For a parallel resonant circuit with Co = C2 + Cy when e = 0, Cy = Cy, 


AC C+C Cy C ACy 
af eee rye = p£ (6.33) 
Co C2 +Cy C2+Cy Cy 


Xs 
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Figure 6.7 Varactor connection to a resonant circuit 


where p = Cy/(C2 + Cy) is the coefficient of partial varactor connection into the oscillator 
resonant circuit. Consequently, here the power series x(€) has the coefficients a21 = p, a22 = 
a3 = 16. =A = 0. 

For a series resonant circuit with Co = CyC)/(Cy + C1), 





AC Cv $ City) _,_ ve 
Co [Cy +Cy (1 + 8)] CiCy 1+ — pjé 
= p&—p(l—p)é’ +... (6.34) 


where p = C;/(C; + Cy) is the coefficient of partial varactor connection into the oscillator 
resonant circuit. Consequently, here the power series x(&) has the first two coefficients a2, = p 
and an = —p(1 — p). It should be noted that, for a series resonant circuit, the coefficient p 
has an effect on the curvature of the static modulation characteristic. 

The resonant circuit, which is shown in Figure 6.7a, represents a combination of the series 
and parallel resonant circuits. The relative deviation £; of the capacitance C! = C2 + Cy can 
be defined from Equation (6.33) as 





& = =pié (6.35) 
Vv 


where C4 = C2 + Cy and pı = Cy/(C2 + Cy). The capacitance C! = Cy, + AC! is the vari- 
able capacitance for the circuit consisting of the capacitance C, and inductance L. Therefore, 
using Equation (6.34) results in 


x(&) = p&i — pol — po% +... (6.36) 
where pz = C1/(C1 + C4) = C1/(C1 + C2 + Cy). Substituting Equation (6.35) into Equa- 
tion (6.36) allows us to determine the first two coefficients as 

azı = Pip2 ay = p? p(l — p2) (6.37) 


As a result, by choosing the coefficients pı and p2 with proper values of C1, Cz and Cy, the 
behaviour of the static modulation characteristic can be optimized for linear frequency tuning. 

Generally, the voltage across the varactor v, consists of dc bias voltage V,, low-frequency 
ac component with amplitude Vo and high-frequency ac component with amplitude V , which 
can be written as 


vy = V, + Vo cos Qt + V cos wt (6.38) 


as shown in Figure 6.8. The bias voltage Vy = Vvo is normally chosen at the centre point of 


FREQUENCY MODULATION 261 





0 Vvo Vmax 











Figure 6.8 Varactor capacitance and frequency modulation 


the voltage—capacitance characteristic to maximize the frequency tuning bandwidth without 
performance degradation due to the forward conduction of the active device or its breakdown 
[12]. Under these assumptions, the borders of voltage variations across the varactor junction 
should satisfy the condition 


Vo + V = 0.5Vvmax (6.39) 


To obtain an equation for the static modulation characteristic of the bipolar common base 
oscillator shown in Figure 6.9, it is necessary to use the varactor—capacitance dependence 
given by Equation (6.14). Assuming Vy = Vvo + AV, then we can find the dependence of the 
relative capacitance variation £ = AC,/Cvo on the normalized voltage £ = vg /(g + Vvo) as 


y+ Vo K 1 
= l= 1 6.40 
5 E) d+ey ( ) 


Expanding Equation (6.40) into an nth-order power series given by Equation (6.28) for the 
case of y = 0.5 yields 





e 3e? 
= —- + — —.... 6.41 
£ 5 + 8 (6.41) 
which enables us to write the coefficients a3; = — 1/2 and a32 = 3/8. 


Thus, by setting the correspondence between the parameters of the resonant circuit of 
the bipolar oscillator shown in Figure 6.9 and the parameters of the series—parallel resonant 
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Figure 6.9 Schematic of a bipolar varactor-tuned oscillator 


circuit shown in Figure 6.7a as Cy = Cyo, C2 = C¥ and 1/C, = 1/C, + 1/C5 + 1/C%, the 
coefficients of the static modulation characteristic, taking into account Equations (6.30), (6.37) 
and (6.41), can be obtained from Equations (6.31) and (6.32) as 





(6.42) 


Ss, E ee (1 = ®)| (6.43) 


The maximum frequency tuning bandwidth ymax can be found under assumptions of constant 
voltage amplitude across the resonant circuit Vo, constant value of the coefficient p2 and 
constant slope of the static modulation characteristic when 

Aw 
y= — = Se (6.44) 


w0 
for different varactor bias conditions. As a result, using Equations (6.39) and (6.42) yields 


Ymax = Pip2 0.5V ymax =~ p2Vo (6.45) 
2 29 + Vmax 
where pı = Cyo/(C2 + Cvo), p2 = Cvo/(C1 + Cz + Cvo) and Vo = V / p2. 
From Equation (6.45) it follows that the tuning bandwidth initially increases with increase 
of p2, but then decreases. Hence, the maximum tuning bandwidth can be chosen for optimum 
value of coefficient pz, i.e., optimum connection of the varactor to the resonant circuit. 





6.4 ANTI-SERIES VARACTOR PAIR 


Since the voltage—capacitance characteristic of the varactor is nonlinear, resulting in the non- 
linear distortion of the voltage-controlled oscillator, the level of which depends on the dc 
bias voltage on the varactor, it is important to analyse the anti-series varactor pair where the 
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ia svp 











Figure 6.10 Single varactor and anti-series varactor pair 


varactors are connected back-to-back. Figure 6.10 shows (a) the single varactor with capaci- 
tance C, and (b) two anti-series varactor pairs with overall capacitance C, connected to the 
harmonic voltage source vy. Based on these simplified schematics, an analytical approach can 
be used to demonstrate better harmonic suppression when using the anti-series varactor pair. 

Generally, the nonlinear varactor junction voltage—capacitance characteristic can be ap- 
proximated by an nth-order polynomial form where the polynomial is expanded around the dc 
bias point. Then, the current isy flowing into the single varactor, as shown in Figure 6.10a, can 
be written as 


du, 
dt 





: dv, 2 
lsy = Clud- = (Cvo + Cy vy + Cy20y) (6.46) 
which is a series form of the incremental varactor capacitance limited to the second order, 
assuming that higher-order terms are small enough to neglect. 

Also assume that voltage v, across the varactor is cosinusoidal given by Equation (6.11) 
with V, = 0. By substituting it into Equation (6.46) and applying trigonometric formulas for 
squares and products of cosines, we can obtain for a single varactor 


sin wt — == sin 2wt — sin 3wt (6.47) 


Cu V? Cy V? Cu V? 
Tan (ocv i a) l oC vi oCV” 


From Equation (6.47) it follows that current i,, contains the fundamental, second and third 
harmonics, and the level of the fundamental and third harmonics depends strongly on the 
coefficient Cy2. 

To analyse the nonlinearity caused by the anti-series varactor pair, let us apply the same 
analytical approach to the two anti-series varactor pairs shown in Figure 6.10b [13]. Here, the 
current igsyp flowing into the anti-series varactor pairs can be written as 


$ 2 duyı 
lasyp = 2(Cvo + Cyivvi + Cai) 


duy 
—2(Cvo + Catz F Cyu) = (6.48) 


where vy; and vy are the voltages across the upper and lower varactors respectively, and 


Vy] — Vy2 = vy = V cosat (6.49) 
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By substituting Equation (6.49) into Equation (6.48) and performing some calculations, the 
final equation for iasvp can be written in the form 


V? c? , wV? (3C? ' 
lasyp = —@V [cw + ETA (cv — 1) sin wt + ETA (= — Ca) sin 3@t (6.50) 








From Equation (6.50) it follows that the second harmonic component is cancelled for the 
symmetric anti-series varactor pair. This is explained by the fact that the overall varactor capac- 
itance C, becomes an even function of voltage v, around dc bias voltage due to symmetrical 
anti-series connection of the varactors. In addition, the condition 


vl _Cy, (6.51) 





can provide zero amplitude for the third harmonic component. For the case when Cy; = 0, 
using an anti-series varactor pair enables a reduction of the third harmonic component by 12 dB 
compared with a single varactor case. Numerical analysis using a fourth-order polynomial to 
approximate the varactor capacitance shows that the least nonlinear distortion can be provided 
by abrupt varactor capacitances having junction sensitivity y = 0.5 [14]. 

Let us now analyse in detail the oscillator resonant frequency dependence on the voltage 
on the varactor under large-signal operation for the case of an anti-series abrupt varactor pair 
[15]. Figure 6.1 1a shows the resonant circuit of the oscillator with two identical back-to-back 
abrupt varactors with y = 0.5, where V, is the dc bias voltage, vı and v2 are the RF voltage 
components applied to the varactors, v is the RF voltage component on the resonant circuit, 
qı and q are the RF charge components flowing into the varactors, and / is the current in the 
resonant circuit. Assume that the choke inductor Len is lossless and has infinite impedance for 
the current in the resonant circuit. By using Equation (6.9), the following model of the varactor 
transferred-charge characteristic under large-signal operation can be used: 


qy = 2./GCyoV/G + vy (6.52) 


where vy is the voltage on the varactor. 


9 x, x 
Vinaxs Vinax3 > Vmax 


$ y max2 7 y max! 








Figure 6.11 Resonant circuit with anti-series varactor pair 
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The relationships between dc and RF voltage components on the varactors can be written 
as 


v =v U2 vi = Vy — vy Vy2 = Vy — v2 (6.53) 


where vy; and vy2 are the voltages on the varactors. 
The charges gy; and qv2 can be obtained from Equations (6.52) and (6.53) as 


qi = 2/eC voy p + V, — vi (6.54) 
W2>= 2./ Cov o+ Vy — v2 (6.55) 


which can also be represented by the dc and RF components in the form 


Wi = Qvi -qı qv2 = Qv- G2 (6.56) 
where qı = —q2 = q, Since the current is flowing only in the resonant circuit and the varactors 
are identical. 

As a result, 
Qvi -47 
vu SS ee 6.57 
1 4pc, p ( ) 
(Qv +q% 
v= = EV 6.58 
2 4pC2, p ( ) 
v= 5 (0% - 02.) + (On + Owe (6.59) 
AGC a te Nee DOA E re 


According to Equation (6.53), the dc charge component Qy in Equation (6.59) is equal to 
zero, 1.€., Ovi = Qv2 = Qv. Consequently, 





v=- (6.60) 


which shows the linear relationship between the RF components of the charge and voltage on 
the varactors for the case of the anti-series abrupt varactor pair. 

However, the cancellation of all nonlinear effects for such a resonant circuit with an anti- 
series abrupt varactor pair does not occur because dc charge component Qy at a fixed value 
of bias voltage V, is also a function of RF voltage amplitude. For example, for a cosinusoidal 
charge of 


q = Q cos wt (6.61) 


where Q is the amplitude of the RF charge component, from Equations (6.57) and (6.58) it 
follows that 








202 + Q? v í 
Jas eae z w+) PEL ere eee 1662) 
89C2, 2C2, 80C2, 
202 + Q? ‘ i 
Ras as -V,+ o] Q 2 cos wt Q y COS 2wt (6.63) 
8YC2, 29C, 89C, 
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Equations (6.62) and (6.63) show that, for a purely sinusoidal currenti = dq/dt = —/ sin wt 
in the resonant circuit, the junction capacitance of the abrupt varactor with y = 0.5 contributes 
to the appearance of the second voltage harmonic. Since the RF voltage components vı and v2 
defined by Equations (6.62) and (6.63) must not contain the dc components, equating their dc 
components to zero yields 


Qy = /29CwVo + V. “fi (6.64) 








89C?, eit 


which illustrates the fact that the dc charge component Q, depends on both the dc voltage Vy 
and the RF charge component Q. 

In this case, the equivalent fundamentally averaged total capacitance Cy; defined as Cy; = 
Q/V\, where V; is the fundamental voltage amplitude, can be obtained as 


(6.65) 


which depends not only on the external dc bias voltage V,, but on the RF charge component 
Q as well. 

For a series connection of two identical abrupt varactors, the RF voltage across them can 
be written as 





2 
v= aie cos wt Q y COS 2wt (6.66) 
PCi 49C vo 


which shows the presence of the second voltage harmonic, unlike the case of the anti-series 
varactor pair. However, the dc voltage components for both varactor configurations as well as 
the equivalent average capacitances Cy; are the same. 

By substituting Equation (6.64) into Equation (6.65) and using Equation (6.1), the equivalent 
average capacitance C\, of the anti-series varactor pair can be obtained from 


1 Cy 
Cy = (6.67) 


2 l 1 2 yN? 
8 € + =) ( 2 ) 
where V = I /wC, is the voltage amplitude across the linear capacitor Cy [16]. 

Figure 6.11b shows the resonant curves of the oscillator resonant circuit with anti-series 
varactor pair, where V is the voltage amplitude on the circuit, having its maximum value Vinax at 
the resonant frequency wo for the linear case. For low voltage amplitudes, the equivalent average 
capacitance Cy; is close to its small-signal value C,, and the maximum voltage amplitude 
Vmax = Vmax1 almost corresponds to the resonant frequency wo. However, for higher voltage 
amplitudes (Vinax2 > Vmaxı), the equivalent average capacitance C,; increases according to 
Equation (6.67), resulting in a decrease of the resonant circuit frequency. Under larger voltage 
amplitudes (Vinax3 > Vmax2), the resonant frequency continues to deviate from its value wọ fora 
linear resonant circuit. In some cases, for sufficiently large voltage amplitudes, the slope of the 
resonant curve becomes negative, resulting in a hysteresis region characterized by frequency 
jumping. Thus, an analysis of the varactor nonlinearity shows that, even when using identical 
anti-series varactor pair, the deviations of the amplitude of the oscillations can affect the 
frequency stability. 
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Figure 6.12 Block diagram of VCO with a linear circuit 










6.5 TUNING LINEARITY 
6.5.1 VCOs with lumped elements 


To analyse the tuning linearity of the VCO circuit, a general approach, describing the oscil- 
lation circuit in terms of natural frequencies of a lossless two-port network when one of its 
ports is short-circuited, can be used [17]. Figure 6.12 shows the block diagram of the gen- 
eral VCO equivalent circuit, where a linear lossless network can incorporate one or several 
resonant circuits, including active device reactive elements, the load is connected to the port 
1-1’, the baseband modulation signal is brought to the varactor using port 3-3’. Such a block 
representation enables the description of the VCO modulated curve in terms of poles and zeros, 
irrespective of any particular circuit diagram. 
The oscillation frequency can be found form the phase balance condition 


Xin(@o0) = —Xy(@o) (6.68) 


where X ;,(@) is the reactance seen by the varactor and X ,(q@ ) is the reactance of the varactor, 
and wo is the oscillation frequency. The reactance seen by the active device is equal to zero at 
the oscillation frequency. 

Generally, the reactance Xin can be expressed in terms of poles and zeros. For instance, for 
the case shown in Figure 6.13 where the poles occur at the origin and wz while the zeros occur 


Xin(@) 








Figure 6.13 Reactance of a lossless network 
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at wı and w3, the reactance Xin is written as 
2 2) (2 2 
l — wt) (@? — 03) 


w(o? — 3) 





Xin(@) = K (6.69) 
The reactance due to the varactor junction capacitance can be written, using Equation (6.1) 
in the form 


_ te)” 


Xy= 
wC vop” 


(6.70) 
where the voltage vy on the varactor consists of the dc bias voltage V, and of the modulation 
voltage vm. 

The modulation voltage can be represented in the normalized form 











me (6.71) 
V +o 
For the initial conditions of œ = wọ, v is equal to zero. This leads to 
1 
_ [=e (5-03) 03)” 
lt+v= z NIS T 5 (6.72) 
(2 — or) (o? — w3) (w0 — 3) 
Introducing the frequency normalization in the form 
Da SELS (6.73) 
wo 
and taking into account that, in the vicinity of the operating point 
w 
—=1+7 (6.74) 
wo 
where 7 = (w — @o)/@po is a small number, the modulation curve can be rewritten as 
l+nP?—-92 1-22 A+- 2” 
+= [É Di tae ES | (6.75) 
1-27 +n - 23 1-9 


When the linear lossless circuit between the varactor and the active device has more than 
three finite natural frequencies, Equation (6.75) can be appropriately expanded to include any 
additional zeros and poles. 

The simplest two-port network between the varactor and the active device is a single series 
resonant circuit shown in Figure 6.14a. The modulation curve for such a resonant circuit can 
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Figure 6.14 Schematics of two-port networks 
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be obtained from Equation (6.75) as 


A ; 1/y 
l+v= [i+ Aint h (6.76) 


where 
2 


A 
PS oe 


Since 7 is a small number, it is convenient to use the binomial expansion to obtain the first 
two terms of the Taylor series for voltage v 


v = Cin + Can? (6.77) 
where 
A 
C= 
Y 


The slope coefficient C4 is the inverse of the normalized circuit sensitivity S, equal to 


_ a 
"dv 


YW 
zgr (6.78) 


wo fo 


where S is the slope of the modulation curve. As a result, for the series resonant circuit shown 
in Figure 6.14a, the normalized sensitivity must satisfy the condition 








Y 
Sn= 5 (1 — 27) (6.79) 
The modulation curve is linearized by setting C2 = 0, resulting in 
ee (6.80) 
=F : 


From Equation (6.80) it follows that varactor junction sensitivity y must be larger than unity 
because Q; < 1. Consequently, the only possibility of linearizing the modulation curve for a 
series resonant circuit is to use a hyperabrupt varactor. However, such a resonant circuit for 
a fixed operating point does not provide enough flexibility to accommodate small variations 
iny. 

The inductively coupled pair of lumped resonant circuits shown in Figure 6.14b offers more 
degrees of freedom to linearize the modulation curve, having the position of natural frequencies 
@ , @2, and œw; (when port 2—2’ is short-circuited) as shown in Figure 6.13. To achieve resonance 
with the varactor capacitance, reactance Xin must be positive with oscillation frequency wo 
located above the zero w3. 

The linearity of the modulation curve of the resonant circuit with two coupled resonators 
can be defined by expanding Equation (6.75) in a three-term Taylor series 


v = Cin + Can? +C3n? (6.81) 
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where 
1 
C, = — (A, — Ap + A3) 
Y 
1 1 
C2= 301 +e- $ (at 43 +43] 
AE E 6 Leg + (A3— AB 4 Ad) 
ees Pn ee aR DN SN Setar coe 
where 
2 ; 
i=—,; fori = 1, 2,3 
1-2 


Since the normalized sensitivity Sno at the centre frequency wo can be written as Sno = 1/C), 
and the linearity of the modulation curve requires C2 = C3 = 0, then the three nonlinear 
equations to be solved can be obtained as 





ApS Ap Basi = (6.82) 
Sno 
A A244? = 2 (1 J Z) (6.83) 
Sno Sno 
3 1/3 ı 
-A+A a Me ( n ) 6.84 
PS Soo L2 Sao (2 Sw i 


which should be solved numerically to find the optimum position of natural frequencies forcing 
elimination of both the second and third coefficients in Equation (6.81). 

The calculated values 921, Q2, and Q3 are substituted in Equation (6.76), and the relative 
frequency 7 is gradually varied so that normalized modulation curve v(n) is evaluated [17]. The 
higher the chosen value of Sho, the wider bandwidth within which the deviation from linearity 
stays within prescribed limits. For example, by using an abrupt varactor with y = 0.5, for 1% 
deviation from linearity, the sensitivity Sno = 0.02 results in the relative bandwidth of 0.0214, 
while the relative bandwidth is 0.0319 for Sho = 0.03. To provide oscillation stability, the 
following approximate condition should be satisfied: 


kO% 
o> (14 Q ) (6.85) 


where Q, = @,/@p is the normalized resonant frequency associated with the varactor side, 


C2 + Cy 
wr = 
L2C2Cy 
Qy = @,/@o is the normalized resonant frequency associated with the varactor only, 
1 
~ LaCy 


k? = M? /L; L3 is the inductive coupling coefficient, and Q, is the varactor quality factor. 
Another approach to linearize the oscillator tuning performance is based on consideration of 
the resonant condition of Xin(@) — 1/@Cy = 0, defining the proper circuit reactance, choosing 
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Figure 6.15 Double-resonant lossless circuits and their reactance 


its structure depending on the varactor sensitivity with parametric optimization of resonant 
circuit elements [18]. By using Equation (6.1), the resonant condition can be rewritten as 


[awX in (o) = Vy (6.86) 


where it is assumed that V, >> yg, anda = o” Cw. 

To obtain linear dependence w(V,), it is necessary to provide the inductive reactance Xin 
of the two-port network connected to the varactor, which can be represented as a function of 
frequency in the form 

lw- a)” 


Xin(@) = b——— (R) 
w 


where b and a’ are the constant coefficients, and œw > w’. The main feature of such a reactance 
function is that, under the condition y > 0, the derivative dX j,(@)/dw@ reduces with increase 
of w. Similar frequency behaviour shown in Figure 6.15a can be realized by a double-resonant 
circuit at frequencies w > w2, where œ is the series resonant frequency for the circuit shown in 
Figure 6.15b. Varactor Cy and capacitor C can be interchanged, resulting in the double-resonant 
circuit shown in Figure 6.15c. 

The resonant condition for the circuit shown in Figure 6.15b can be obtained as 


= wL 
Co) 1 — LC 


By using the analytical varactor voltage—capacitance dependence, Equation (6.88) can be 
rewritten in the normalized form 


V, y ky QQ? 
Sa? a a 6.89 
(=) oe oe?) 





wLı + (6.88) 





where Vymin is the varactor bias voltage corresponding to its maximum capacitance Cymax, 
Q = w/a is the normalized frequency, wo = 1/./L1C\max is the minimum natural frequency 
of the circuit consisting of the varactor capacitance C, and inductance L1, ki = L2/L,, and 
ky = C/ Cymax: 

If the voltage—capacitance characteristic of the varactor is determined experimentally and 
represented by the discrete sequence of the values of Cy, (n = 1, 2,..., N) corresponding to 
proper bias voltage intervals, Equation (6.88) can be also rewritten in normalized form 


a es 
Oe e 1 — kiko Q2 


Cymax 





(6.90) 
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Table 6.1 Optimum parameters for varactor tuning linearity of a double-resonant circuit [18] 


Varactor type Kiopt Kopt K;(%) A(%) 





y =0.5 0.0745 6.944 27 0.54 
y = 1.05 0.0678 6.99 15 1.48 


with the same parameters on its right-hand side as those in Equation (6.89). The solution of 
these two equations gives the family of normalized tuning curves Q(V,/Vymin) depending on 
both the varactor sensitivity y and parameters kı and kp. 

To determine the optimum values of kjop and kop providing the required linearity of 
the tuning curve Q(V\/Vymin), initially the tuning curve obtained from Equation (6.89) is 
discretized by n points. Then, the minimax method is used to minimize the deviation of 
the discretized tuning curve Q(n) from the linear one whose minimum and maximum values 
connect two boundary points of the tuning curve Q(1) and Q(N ). The results of the parametrical 
optimization for the double-resonant circuit shown in Figure 6.15b with abrupt and hyperabrupt 
varactors are given in Table 6.1, where Kf = @max/@min is the frequency tuning ratio, A is the 
linearity of the tuning curve. The approximated voltage—dependence characteristic of a silicon 
hyperabrupt varactor is shown in Figure 6.4. 

The nonlinearity of the VCO tuning curve can be improved by using a series resonant circuit 
connected in parallel to a varactor [19]. Figure 6.16a shows the equivalent VCO schematic 
where Cout and Lout are the equivalent output capacitance and inductance of the active device 
represented by a negative resistance one-port network, Cy and L, are the varactor capacitance 
and inductance, and Co and Lo are the capacitance and inductance of the series resonant circuit. 
The resonant frequency of such a VCO circuit can be calculated from 


1 a, +,/a? — 4(1 + a3)ay 
(6.91) 
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Figure 6.16 VCO resonant circuit with additional series circuit 
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where 
CoC our(Lo + Lout) 
a = LoCo + LouCou + 43 Eg TE a a. out 
CoCoutCv(Lo + Louw)L 
az = LoLouCoCou + LouCout + 43 =e ro out )Ly 
Co + Cout 
a3 = ———_.. 
Cy 


Figure 6.16b shows the dependence of the tuning curve slope S$ = df/dV, of the VCO 
resonant circuit with an abrupt varactor, Ly = 1 nH, Coy = 0.575 pF and Lou = 2.17 nH for 
different values of Lo and Co. The minimum bandwidth frequency of 4.2 GHz is realized at the 
varactor bias voltage of 5 V. From Figure 6.16b it follows that there is an optimum set of the 
parameters Lo = 1.75 nH and Co = 1.5 pF (curve 1), at which the slope of the tuning curve S 
is constant over the entire tuning bandwidth. A negative slope of the tuning curve is realized 
at smaller values of the inductance Lo (curve 2, Lo = 1 nH, Co = 1.5 pF), whereas smaller 
values of the capacitance Co create a positive slope of the tuning curve (curve 3, Lo = 1.75 nH, 
Co= 1 pF). 

In addition, for each value Co there is an optimum value Loopt, at which the slope of the 
tuning curve is approximately constant, and it can be obtained from the empirical approximated 
dependence of 





(6.92) 
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where Cyo is the varactor capacitance at V, = 0 and maximum bandwidth frequency corre- 
sponds to the minimum varactor capacitance Cymin. It should be noted that inclusion of the 
additional series resonant circuit leads to reduction of the VCO resonant frequency. In order 
to keep the same resonant frequency, it is necessary to slightly change the output reactances of 
the active device Cout and Lout by changing the parameters of the feedback elements connected 
to the device terminals. 

The increase in a VCO linear frequency tuning bandwidth can be achieved by using some 
combination of the capacitors and varactors used in the oscillator resonant circuit [20]. Fig- 
ure 6.17 shows the schematic of a common gate MESFET oscillator with two varactor pairs, 
anti-series and parallel. The capacitors C3 and C4 provide the required feedback conditions 
corresponding to a Colpitts-type oscillator. The frequency-determining circuit includes the 
series capacitor C4, variable capacitor C2 and shunt inductor L. Such a tuning resonant circuit 
can provide almost constant slope of the frequency tuning curve with variations of about 15% 
over varactor bias range 3—8 V. When capacitor C2 is varied from its maximum to its minimum 
value, the slope of the oscillator tuning curve can be changed from 1.5 to 1.1 MHz/V. 


6.5.2 VCOs with transmission lines 


For VCOs based on the microstrip technique, the simple approach to linearize the oscillator 
tuning curve is to use sufficiently low quality factor of the oscillator resonant circuit and a 
separate modulation linear circuit [21]. Figure 6.18a shows a schematic of a 1.8-GHz microstrip 
common collector VCO with linear modulation circuit, where the feedback capacitor C is 
selected to provide negative resistance in as large a frequency bandwidth as possible. The 
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Figure 6.17 Schematic of a MESFET varactor-tuned oscillator [20] 
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Figure 6.18 Schematic of 1.8 GHz bipolar VCO with linear modulation curve (© 1978 IEEE) 


oscillator loaded quality factor was measured as 6, resulting in a modulation sensitivity of 
16.5 MHz7/V, or peak-to-peak deviation of 33 MHz for a modulation input of +1 V. The output 
matching circuit was designed to place the oscillator at its centre frequency. 

The linear modulation circuit is composed of two varactors separated by a quarter-wave 
transmission line and connected in series with oscillator output port. To present the correct 
impedance for the oscillator, each of the varactors is resonated with corresponding series 
inductance. The values of the varactors must be selected in such a way that when the modulation 
voltage is applied they will present a reactive change large enough to pull the oscillation 
frequency. Figure 6.18b shows the simplified schematic of the linear modulation circuit which 
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is resonant at some frequency where ImZj, = 0. Hence, the equation to define the resonant 
frequency can be written as 


1 1 Rey" 
1 — ——— cot 0 cot + — | — | cot 
1 Z ZowCyı ZowC | Zo 0 


= 6.93 
on ame Aiea me ee 
co SS —— 
Zoo@Cy1 Zo 


At operating frequencies within +Awm of the centre bandwidth frequency a, it is possible 
to make the approximation 


Iw T mz Aw m Aw 
cot@ = cot | —— } = cot + xF (6.94) 
2 wo 2 2 wo 2 wo 




















Then, by substituting Equation (6.94) and Equation (6.1) for each varactor voltage— 
capacitance characteristic with capacitances Cyo; = Cyo2 and voltages vı = Vy + vm and 
v2 = Vy — Um, Where vm is the modulation voltage, into Equation (6.93), we can find nu- 
merically a solution for + Aw as a function of v,,. The linear modulation curve can be obtained 
in the vicinity of the centre bandwidth frequency. For example, for varactor sensitivity y = 1/3 
and reverse bias voltage V, = 4 V, linearity of the modulation curve less than 1% for a deviation 
of +20 MHz was achieved with no external frequency compensation [21]. 

Using a transmission line with low characteristic impedance between the resonant circuit 
and the varactor can also linearize the frequency tuning characteristic of the microwave VCO 
providing less than 1% deviation from linear curve over +3.5 MHz from the carrier frequency 
ranging from 2.3 to 2.43 GHz with modulation slope of approximately 2.9 MHz/V [22]. 
The effective varactor sensitivity can be increased by using an external inductor connected in 
parallel to the varactor composing an additional parallel resonant circuit. Figure 6.19 shows the 
schematic of a 9.5 GHz MESFET transmission-line oscillator with the resonator between the 
active device and the varactor [23]. In order to provide the high quality factor of the oscillator 
resonant circuit, the resonator is connected to the active device and the varactor through small 
capacitances. The loaded Q-factor was estimated as large as 50 or more, resulting in a phase 
noise level better than — 100 dB/Hz at 100 kHz offset across the control voltage with capacitors 
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Figure 6.19 Basic schematic of a MESFET transmission-line VCO (permission by IEICE) 
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Figure 6.20 Schematic of a bipolar VCO with linear frequency tuning [25] 


Cı = 0.34 pF and C2 = 0.26 pF. To linearize the oscillator tuning curve, the short-length bias 
feed microstrip line with high characteristic impedance is used in parallel to a hyperabrupt 
varactor MA46452-134, contributing to an increase of the nominal varactor sensitivity from 
y = 0.75 to its equivalent value y = 1.5 ina wide control range. As a result, a constant tuning 
sensitivity was measured as 61 MHz/V with associated modulation linearity as good as 1.2% 
between 5 and 7 V of control bias voltage V,. For a miniature integrated monolithic application 
using similar VCO structure, matching the capacitance slope of the varactor to the reactance 
slope of the remaining network resulted in a slope variation of less than 1.6 to 1 over tuning 
bandwidth from 6.4 to 7.3 GHz [24]. 

Figure 6.20 shows a microstrip common base oscillator intended for frequency modulation 
where the linearity of the modulating circuit is adjusted by using a microstrip line as a secondary 
resonator TL having an electrical length of 1/4 in conjunction with a variable capacitor Cz 
[25]. The varactor is connected to one end of this resonator, which end is also connected to 
the main resonator TL, through a variable capacitor C3. The oscillation frequency is mainly 
determined by a microstrip main resonator TL; which is connected to the base terminal of 
the active device and terminated by variable capacitor Cı. The modulation circuit consists of 
secondary microstrip resonator TL3, terminated on one side by a varactor and on the other side 
by capacitor C2 which can also be implemented as a varactor. The advantage of such a circuit 
configuration is that it provides independence in adjustment of operating frequency and tuning 
linearity. 


6.6 REACTANCE COMPENSATION TECHNIQUE 


For the first time, to increase the frequency tuning bandwidth of a negative resistance oscillator, 
a reactance compensation technique using a single-resonant circuit was applied to a varactor- 
tuned diode oscillator [26]. To describe such a reactance compensation technique, consider 
the simplified equivalent load network with the series LoCo and shunt LC; resonant circuits 
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Figure 6.21 Single reactance compensation circuit 
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Figure 6.22 Reactance compensation principle 


both tuned to the centre bandwidth frequency, as shown in Figure 6.21, where Rout is the 
oscillator output negative resistance. The reactances of the series and shunt resonant circuits 
vary with frequency as shown in Figure 6.22 by curve 1 and curve 2, respectively. Near the 
resonant frequency wo, the reactance of the series circuit has positive slope, whereas the slope 
of the shunt circuit reactance is negative, thus reducing the overall reactance slope of the load 
network. By proper choice of inductance L, and capacitance C4, the overall reactance slope 
can be reduced to zero, as shown by curve 3 (dotted line). 
The load network input impedance Zin can be written as 





1 R 
Zin = | jæLo + - + - 6.95 
( £ jæCo R) ( ) 
2 
where w = w (1 — a) , w = 1// LC; is the shunt circuit resonant frequency. 
w 


The frequency bandwidth will be maximized if, at resonant frequency wo, 


dX in(w) 


=0 6.96 
a (6.96) 
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where Xin = ImZjn is the load network reactance. Consequently, an additional equation can 
be obtained 


1 
Lo + =— — 2C;R=0 6.97 
0 RCo 1 (6.97) 
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As a result, the shunt capacitance Cı and inductance L; can be calculated from 


Lo 
Ci a (6.98) 
Lı = R°Co. (6.99) 


Such a reactance compensation technique can be used as a technique to linearize the fre- 
quency tuning characteristic of the negative resistance oscillator [27]. For this purpose, let us 
rewrite Equations (6.98) and (6.99) as 


Lo 
C= ape (6.100) 
Lı = AR?Co (6.101) 


where A is a constant. The case of A = 1 corresponds to a complete compensated overall 
reactance with its zero slope. However, for certain values of A, a reasonably high degree of 
linearity can be obtained over tuning ranges comparable to or more than the overall tuning 
bandwidth of the uncompensated VCO. For example, for values of A from 1.4 to 1.6, all of the 
tuning bandwidths are wider, having linearity in the range 3.8-8.4% or maximum slope ratio 
of 1.5. Minimum slope ratio of 1.08 corresponds to the optimum case of A = 1.55, providing 
a linear tuning bandwidth of 1.7 GHz for an X-band negative resistance oscillator. 

Further widening of the oscillator frequency bandwidth can be achieved using the double 
reactance compensation circuit shown in Figure 6.23a, where L;C,; and L2C3 are the shunt 
and series resonant circuits, respectively [28]. Similarly, the double susceptance compensation 
circuit shown in Figure 6.23b can be used to widen the frequency tuning bandwidth having 
two series and one shunt resonant circuits, where G = 1/R and Gou = 1/Rout. To determine 
the oscillator circuit parameters, a system of two equations should be solved by making the 
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Figure 6.23 Double reactance and susceptance compensation circuits 
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first- and third-order derivatives zero at the centre bandwidth frequency wo according to 
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since the second derivative cannot provide an appropriate analytical expression. 
The input reactance of the oscillator circuit with double reactance compensation can be 
expressed as 


Lo [1 — (wF L2C1] — C1 R? 


Xin(o’) = œ Lo +a" 5 
[1 —@ PLC] + CRY 


(6.103) 





resulting into the two following equations by applying zero derivative conditions given by 
Equation (6.102): 


Lo +Lz—C,R? =0 (6.104) 
L3 + (CR? — 2L9)(Ly — Cı R?) = 0 (6.105) 


Thus, the parameters of the series and shunt resonant circuits corresponding both to reactance 
and susceptance compensation techniques can be calculated from 


2R? a ap vet 
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Table 6.2 shows the frequency tuning bandwidths of the diode negative resistance oscillator 
for various types of reactance compensation and different load resistances. The series variable 
capacitance Co varying from 0.12 to 0.22 pF was used. As a result, for the circuit having a 
50-Q load, theoretically an improvement of 4% in tuning range can be achieved using double 
reactance compensation whereas, for the circuit operating into 100-Q load, the increase in 
tuning range is 17%. 

Using triple reactance compensation with two shunt and one series resonant circuits, each 
tuned to the fundamental frequency, enables one to further increase the linear tuning range. 
For example, a linear frequency bandwidth of 3 GHz for an X-band VCO with slope ratio 1.3 
instead of the linear frequency bandwidth of 2.4 GHz with slope ratio of 1.5 can be obtained 
[29]. 





Mec (6.106) 





L = Lo 


Table 6.2 Tuning bandwidths for various types of reactance compensation [28] 


Compensation Load resistance Low bandwidth High bandwidth Bandwidth 





type (2) frequency (GHz) frequency (GHz) (GHz) 
None 50 8.1 11.0 2.9 
Single 50 7.0 12.2 5.2 
Double 50 6.9 12.3 5.4 
Single 100 6.2 13.4 7.2 


Double 100 6.8 14.2 8.4 
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Figure 6.24 Circuit schematics of microstrip VCOs [30, 32] 


6.7 PRACTICAL VCO SCHEMATICS 
6.7.1 VCO implementation techniques 


Depending on the operating frequency and application requirements, there is a variety of VCO 
implementation techniques based on using different types of active devices, circuit schematic 
approaches and hybrid or monolithic integrated circuit technologies. For example, their low- 
cost implementation and low-phase-noise performance are required in wireless communication 
systems. At microwave frequencies, most of these VCOs use MESFET or heterojunction 
bipolar devices (HBT) in order to produce lower phase noise than VCOs based on high electron 
mobility transistors (HEMT). However, high-performance HEMT oscillators are essential if 
they are to be integrated together with amplifiers and mixers for single-chip receivers or 
transmitters using the same technology. Figure 6.24a shows the 15-GHz monolithic common 
base AlGaAs/GaAs HBT VCO with capacitive feedback in the emitter circuit where the double 
collector layer was used for both active device and varactor [30]. The measured transition 
frequency fr and maximum oscillation frequency fmax were about 85 and 55 GHz, respectively. 
The value of fmax Was lower in the high current density region because of the high base contact 
resistivity realized. For a varactor capacitance ratio of about 1.72 when the tuning voltage is 
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changed from 0 to 4 V, a frequency tuning range of about 600 MHz with output power more 
than —4 dBm was obtained. The phase noise level measured at 15.6 GHz was of —85 and 
—110 dBc/Hz at offset frequencies of 100 kHz and 1 MHz, respectively. The oscillation 
frequency changes almost linearly as tuning voltage varies between 0 and 2 V. Using SiGe HBT 
technology providing fr = 200 GHz enables oscillator operation at very high frequencies. For 
example, based on similar common base oscillator topology with the series connected coplanar 
transmission line and varactor, the frequency tuning from 95.2 to 98.4 GHz with maximum 
phase noise of —85 dBc/Hz at 1 MHz offset was realized [31]. 

The circuit schematic of a fully monolithic microstrip VCO using a combined pseudomor- 
phic HEMT (pHEMT) device and Schottky varactor diode process is shown in Figure 6.24b 
[32]. To simulate the circuit performance using commercially available circuit simulators, the 
varactor diode with zero voltage capacitance Cyg = 0.505 pF and series resistance R; = 1.3 Q 
was modelled as an abrupt Schottky diode with y = 0.5 and g = 0.8V. The Curtice cubic 
MESFET model was used for the HEMT device to describe its nonlinear behaviour [33]. 
The VCO circuits with 0.25 um HEMT devices connected in a common drain configuration 
were optimized for maximum and flat output power throughout the frequency tuning band- 
width. Open-circuited and short-circuited stubs connected to the source terminal provide output 
matching as well as second harmonic suppression. As a result, the VCO with a single quarter- 
wave microstrip line enables varactor tuning in the frequency bandwidth 21.2—22.3 GHz with 
output power of about 15 dBm and variation of the phase noise at 100 kHz offset from —68.8 to 
—76.1 dBc/Hz. By using a0.15 um pHEMT process with fr = 110GHzand fmax = 180 GHz, 
the varactor frequency tuning of 3.8 GHz with output power more than 10 dBm and phase 
noise —68 dBc/Hz at 100 kHz offset and —102 dBc/Hz at 1 MHz offset at centre bandwidth 
frequency of 28.3 GHz was achieved [34]. 

However, using the open-ended coupled quarter-wave microstrip lines, as shown in Fig- 
ure 6.25a, has contributed to a slightly higher frequency bandwidth of 20.4—22.0 GHz with 
output power 12 dBm and variation of the phase noise at 100 kHz offset from —71.3 to 
—80.3 dBc/Hz, which is lower by 3 dB on average than that of the VCO with a single quarter- 
wave microstrip line [32]. Further increase in a VCO frequency tuning range can be achieved 
by using the resonator in the form of short-circuited coupled microstrip lines having inductive 
reactances at resonant frequencies, as shown in Figure 6.25b [35]. For a resonator designed 
with characteristic impedance 70 Q and coupling coefficient 8 dB at a frequency of 5 GHz, 
the width of the microstrip lines is about 0.02 inches and the spacing is about 0.0038 inches 
when fabricated on a 0.02-inch-thick substrate of dielectric constant equal to 2.94. As a result, 
frequency tuning from 4.9 to 6.3 GHz with phase noise less than —105 dBc/Hz at 100 kHz 
offset from the carrier was achieved. 

For a portable wireless communication system, the power consumption of its components 
should be minimized. Therefore, the design of a highly efficient and high-performance VCO 
in such applications is of significant importance. Figure 6.26 shows the circuit schematic of 
a Class E common gate MESFET VCO MMIC [36]. To provide the close approximation to 
a Class E operation mode, the series inductance, including bondwire inductance Lyona and 
output equivalent capacitance Coy, should be chosen according to Equations (4.101) and 
(4.102) respectively, corresponding to idealized Class E load network parameters for a load 
resistance R = 50 Q. It should be noted that a finite value of the choke inductance can affect 
the exact values of the load network parameters as well as output performance [37]. To make 
the active device unstable with negative resistance seen from the gate terminal, the feedback 
capacitance of 1.3 pF is connected to the source terminal. To minimize MMIC chip size using 
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Figure 6.26 Circuit schematic of a Class EMESFET VCO (© 2001 IEEE) 
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Figure 6.27 Circuit schematic of a common gate MESFET VCO 


a 0.6-um standard GaAs MESFET process, a relatively small dc-feed inductance of 7 nH and 
no additional harmonic filtering at the output is used. The LC resonator at the gate consists of 
an inductor of 5.5 nH with a quality factor of 20 at 4 GHz and a varactor implemented using a 
depletion diode-connected FET. The periphery of the varactor is 1000 um to provide a good 
trade-off between size, quality factor and VCO tuning range. As a result, an efficiency of 43% 
with output power of 6.5 dBm and tuning range of 150 MHz was achieved at centre frequency 
4.4 GHz and supply voltage 1.8 V. At a supply voltage of 1.2 V, a phase noise of —132 dBc/Hz 
at 5 MHz offset and suppression of the second harmonic of —16 dBc were measured. 

The common gate VCO configuration is usually used to generate strong negative resistance 
over a wide frequency range. However, due to the series resistance of the varactor, the phase 
noise of such a VCO is relatively higher than that of a single frequency oscillator. Nevertheless, 
the phase noise can be reduced by placing the varactor into the source rather than into the gate 
circuit. Figure 6.27 shows the circuit schematic of a common gate MESFET VCO MMIC 
where an output LC matching network is incorporated in the form of a high-pass section to 
eliminate low-frequency parasitic oscillations [38]. Based on an analysis of the trajectories of 
the reflection coefficient lines of the resonator Ij, and the device Fout as a function of drain 
supply voltage, the oscillator loaded quality factor Q was maximized. As the drain voltage 
increases, the angle between these trajectories approaches 90° where Q becomes maximal 
[39]. Increasing the drain voltage also reduces the phase noise by extending the depletion 
region in the device channel to the drain side, thus reducing the sensitivity of the oscillator to 
the gate-source voltage. Being implemented in a commercial 0.6-um GaAs MESFET process, 
such a VCO demonstrates the phase noise of —91 dBc/Hz at 100 kHz offset with output power 
of 11.5 dBm and frequency tuning of 500 MHz around the centre frequency of 11.5 GHz. 

Figure 6.28 shows the basic circuit schematic of the VCO using the two source-coupled 
GaAs JFET devices CFY30 and the varactor BBY52 [40]. The shunt capacitor Ca connected 
in parallel to the resistor with a value of 470 Q is necessary to prevent parasitic oscillations 
at high frequencies and its value is about twice the value of the feedback capacitor Cs. For 
frequencies higher than 2 GHz, the input capacitive reactance of the common drain transistor 
should be taken into account. Therefore, the tank circuit consists of a series connection of two 
inductors L; and Ly. The varactor diode is biased via a potentiometer through a 1-M® resistor, 
so that tuning voltage can be varied between zero and the supply voltage values. The value of 
the capacitor C determines the degree of coupling between the varactor and resonant circuit, 
i.e., the frequency tuning range. Its higher value will allow a larger tuning variation, but will 
pull down the centre bandwidth frequency. For lower-frequency oscillators, to increase the 
tuning bandwidth, it is necessary to connect two or four varactors in parallel. Some typical 
element values for the specific frequency bandwidths are given in Table 6.3. 
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Figure 6.28 Circuit schematic of a source-coupled JFET VCO [40] 


Figure 6.29a shows the circuit schematic of the bipolar VCO structure with common collec- 
tor and common emitter transistor configurations intended for use in commercial applications 
in the 900 MHz frequency band [41]. The VCO circuit was built on a multilayer printed circuit 
board (PCB) consisting of four equally spaced metallized layers where the circuit elements are 
mounted on the top metallized layer, while the second and the fourth metallized layers serve as 
ground. This enables one to locate the bias circuit transmission lines TL; and TL, and resonant 
circuit transmission line TL3 in the third metallized layer using stripline technology. One of 
the key features of such a VCO is the sharing by two transistors of the same dc current, which 
minimizes its power consumption. The feedback emitter capacitance Ce is necessary to make 
the bottom transistor in the common collector configuration unstable, resulting in a negative 
resistance seen from the resonant circuit. 

To calculate the input impedance Zin between the base and emitter terminals of this transistor 
seen from the resonant circuit, it is advisable to transform the simplified bipolar transistor 
equivalent circuit shown in Figure 6.29b to the equivalent circuit shown in Figure 6.29c. 
Subscript 2 is added to the equivalent circuit elements corresponding to the top transistor in a 
common base configuration. As a result, with capacitance C3 set to zero, the input impedance 


Table 6.3 Typical element values for source-coupled JFET VCOs [40] 


Frequency C(pF) LH) L2(nH) L.(nH) CPF) CaF) VaV) — Pour(dBm) 





3.2 GHz 2.2 1.35 2.7 8.2 0.25 3.0 6.4 
2.45 GHz 3.3 2.7 2.7 8.2 0.25 25 6.7 
920 GHz 1.8 10 18 0.5 2.0 9.9 
870 GHz 2.7 10 18 0.5 2.0 10.1 
430 GHz 3.3 33 39 1.0 2.2 2.0 10.7 
230 GHz 6.8 68 68 2.2 5.6 2.0 9.8 
145 GHz 12 136 136 4.7 10 2.0 10.3 
50 GHz 56 470 470 22 47 2.0 10.0 


20 GHz 82 940 940 56 100 2.0 8.7 
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Figure 6.29 Circuit schematics of a dual transistor bipolar VCO (© 1998 IEEE) 


Zin Can be written as 





: Ce + C2 8m Req 
Zin © rb + JoLy + ——— 4+ | 14+ - - 6.108 
RRE OC ( JoCa) 1F waka oe 
where Reg = Re/ (1 + w@rC eRe), Ceg = Ce + Ce and wr = Sm/Cz [41]. In this case, the prac- 
tical maximum oscillation frequency fpmax, including some margin required to cancel out the 
resistance from the resonant circuit, can be introduced in the form 





Spmax = (6.109) 
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Figure 6.30 Circuit schematic of a cascode bipolar VCO [42] 








from which it follows that, to maximize the oscillation frequency for the particular bipolar 
transistor, it is necessary to choose a sufficiently high value of the emitter resistance Re. 

To provide higher isolation of the load from the VCO resonant circuit and separate modu- 
lation and oscillation paths, a cascode VCO configuration, shown in Figure 6.30, can be used 
[42]. The negative resistance oscillation conditions for a common emitter transistor VT are 
provided by using the feedback inductance L4. The tank circuit in the emitter circuit of the 
transistor VT, which includes the parallel inductance L3, varactor and shunt capacitance C3, 
determines the resonant frequency of the oscillator. The modulating signal is applied to the 
base of the common base transistor VT) where a value of the capacitance C is chosen to have 
high reactance at the modulating frequencies and low reactance at the oscillation frequency. 
The modulating signal voltage is in turn also applied to the collector—base abrupt junction 
capacitance of the transistor VT, through the base-emitter junction of the transistor VT, thus 
altering this capacitance, resulting in the frequency-modulated signal at the oscillator output. 


6.7.2 Differential VCOs 


The differential VCOs represent a particular realization of LC oscillators with a negative 
differential resistance based on a differential amplifier schematic, in which two cross-coupled 
transistors have a common emitter or source circuit and are biased by a tail current source. 
Such a VCO differential architecture inherently provides low even-order harmonics and has 
proved to be very useful in low-power and low-noise applications and very convenient for RFIC 
integration [43, 44]. The main operating principles can be conveniently described by using 
the general circuit schematic with one output terminal shown in Figure 6.31a. The resonant 
circuit is connected to the base terminal of the grounded collector transistor. The common base 
configuration is provided for the second device. The nonlinearity of the device capacitances can 
be compensated. The collector junction capacitances C,., and C, are connected in parallel when 
the voltages across them have opposite phases. At the same time, the emitter—base capacitances 
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Figure 6.31 Circuit schematics of differential VCOs [43, 44] 


C., and Ce2 are in series with back-to-back connection, which allows cancellation of even 
current harmonic components. For differential configuration, the parallel resonant circuit is 
loaded by the input base-to-base impedance of two back-to-back base-emitter junctions, which 
is two times higher than the value for one transistor. To minimize its influence on the oscillation 
frequency, it is best to choose devices with maximum transition frequency. 

Figure 6.31b shows a practical example of a VCO circuit designed for wireless application 
using a printed circuit board (PCB) technique [44]. The feedback capacitances in the base 
circuits of both bipolar transistors NE68519 are chosen to provide minimum flatness of output 
power over wide tuning bandwidth. The inductances of 33 nH are used as RF chokes. The 
20-Q resistance in the emitter circuit provides the low-frequency feedback that contributes to 
improve the VCO spectrum performance. Series resistances of 51 Q can be connected between 
the collectors of each transistor and voltage supply to stabilize operation mode. By varying the 
bias voltage of the varactor SMV1493-079 from 0 to 3 V, a frequency tuning range from 910 
to 985 MHz with phase noise level of —93 dBc/Hz at 100 kHz offset and dc supply current of 
8 mA was achieved. 

To integrate differential VCOs fully into RF transceivers when it is necessary to provide 
both high-performance transistors and high-quality passive components, using SiGe BiCMOS 
technology is very attractive with its high-resistive substrates and thick top metallizations. 
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Figure 6.32 Schematic diagram of SiGe BiCMOS VCO for wireless application 


Figure 6.32 shows the schematic diagram of such a VCO intended for wireless RF application 
where negative feedback is generated by a capacitive cross-coupling of the collector and base 
terminals of a differential pair [45]. To improve the pulling performance of the VCO and the 
appropriate matching with load impedance, emitter followers are used in the feedback path. 
The LC parallel resonator at the collectors determines the tuning frequency bandwidth. The 
inductor geometry should be designed to achieve as high Q-factor as possible, which can be 
increased by using a multimetal layer and removal of highly doped channel stop layer from 
under the inductor [46]. It is also very important to optimize the overall size of the inductor 
as a compromise between its quality factor and resonant frequency. For an inductor with a 
diameter of 213 um, a quality factor of 10 is obtained at 2 GHz. For large a 320-um inductor, 
the quality factor can be increased up to 11 [45]. For the varactor diodes, a typical quality factor 
of 20—40 for capacitance values of 1—2 pF is usually obtained. The base-emitter junction of the 
transistor can be used as a varactor diode for VCO frequency tuning. As a result, a tuning range 
from 1.9 to 2.6 GHz for a varactor bias voltage range from 0 to 4 V with tuning sensitivities 
150-200 MHz/V and phase noise of — 128.5 dBc/Hz at 3 MHz offset and dc current of 5.6 mA 
is obtained at a supply voltage of 3.6 V. 

The tank inductor can be implemented differentially, resulting in an area saving compared 
with two single-ended inductors and a higher quality factor due to mutual coupling between two 
inductors [47]. As an alternative, the modified classical Armstrong oscillator topology can be 
used for fully monolithic and differential realization. Figure 6.33 shows the circuit schematic of 
such a high-performance differential VCO where the integrated differential transformer used 
instead of two single-ended inductors provides smaller overall physical size, higher inductance 
quality factor and higher self-resonant frequency [48]. The base bias of both transistors is fed 
from the centre tap of a secondary winding of the transformer, while the power supply is 
coupled to the centre tap of its primary winding. By using emitter degeneration resistors, it 
is possible to improve the pulling figure by about a factor of two, but at the expense of about 
4 dB phase noise degradation at 3 MHz offset. As a result, when implemented in a 0.35-um 
BiCMOS process, the oscillator demonstrates a frequency tuning range of 1 GHz, pulling 
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Figure 6.33 Circuit schematic of symmetrical Armstrong VCO 


figure of 5.4 MHz and phase noise of — 125 dBc/Hz at 3 MHz offset from carrier of 4.7 GHz, 
delivers single-ended output power of —6.5 dBm and consumes dc current of less than 4 mA 
from a supply voltage of 2.5 V. 

Figure 6.34 shows the circuit schematic of a cross-coupled bipolar VCO with differentially 
tuned varactor structure, providing better common-node noise rejection due to more symmetric 
inherent structure and higher quality factor due to lower substrate effects [49]. Compared with 
the similar VCO using an antiparallel varactor structure, such a differential VCO implemented 
in a 0.5-um BiCMOS process demonstrates better phase noise of about 5 dB at 1 MHz offset. 
The quality factor of a tank spiral inductor was 14 at 4.3 GHz. A frequency tuning bandwidth 
from 4.251 to 4.428 GHz with phase noise of —119 dBc/Hz at 1 MHz offset was obtained at 
a supply voltage of 2.5 V. 

Millimetre-wave VCOs based on a differential topology can also be fully integrated into 
a SiGe bipolar technology. Figure 6.35 shows the circuit schematic of such a fully integrated 
millimetre-wave VCO where all inductances are realized by short microstrip lines [50]. The 
microstrip lines Le2 are necessary to compensate the negative effect of the output equivalent 
capacitance of the current source transistor on the frequency tuning range. In addition, their in- 
ductances together with this capacitance form low-pass filters, which decouple high-frequency 
phase noise generated by the current source transistor, mostly due to the second harmonic. The 
microstrip lines L., increase the oscillator loaded quality factor compared with the case of 
the pure varactors. The increased quality factor is a result of the smaller varactor capacitance 
value due to nonzero series inductance contributing to a steeper phase characteristic near the 
resonant frequency. 

To implement the varactors, transistor base—collector junctions were used, modified by 
an additional implantation step that results in a wider tuning capacitance ratio and higher 
quality factor. To adjust the VCO oscillation frequency for the different frequency range, the 
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Figure 6.34 Circuit schematic of a cross-coupled VCO with differential varactor structure 








Figure 6.35 Circuit schematic of a millimetre-wave differential VCO 
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transmission lines are partly realized in the form of symmetric differential microstrip lines, 
each of which represents the two complementary microstrip lines with shorting bars between 
the lines. Using the effect of a virtual ground, the effective lengths of the microstrip lines can 
be easily increased by cutting some or all of these shorting bars in the upper metallization 
layer. The lengths of the differential lines and the distance between shorting bars are chosen 
so as to provide continuous adjustment in a frequency range 28-50 GHz. Such a millimetre- 
wave differential VCO fabricated in a commercial 0.35-um SiGe bipolar technology with 
fr = 70GHzand fmax = 75 GHz provides a wide frequency tuning range from 36 to 46.9 GHz 
by varying the varactor bias from —3 to +3 V with phase noise level between —107 and 
—110 dBc/Hz at 1 MHz offset. The corresponding differential and single-ended output powers 
are 6.5 and 3.5 dBm, respectively, with total power consumption of 280 mW at a supply voltage 
of —5.5 V. 

In modern wireless transceiver architectures, it is often necessary for the local oscillator 
to produce two tones with a quadrature phase relationship. This can be done by coupling 
two oscillators such that their outputs are locked in quadrature. Several techniques for ob- 
taining quadrature relationship are known, based on parallel or series coupling schemes using 
the fundamental-frequency or second-harmonic coupling. For the differential oscillators, it is 
preferable to use second-harmonic coupling due to the second harmonic circulating at common 
node points which are ideal to inject a signal at twice the natural oscillator frequency. Fig- 
ure 6.36 shows the quadrature VCO circuit schematic using standard cross-coupled differential 
transistor pairs and differential tank inductors with inductance values of 2 nH and quality fac- 
tors of 27 at 6 GHz [51]. The varactors with a capacitance tuning ratio of 3.3 from 0 to 5 V have 
a minimum value of 0.52 pF at a reverse-bias voltage of 5 V. The two differential oscillators 
are mutually injection locked at nodes A and B using capacitive coupling through their current 

















Figure 6.36 Circuit schematic of a quadrature VCO (© 2004 IEEE) 
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sources. The current source transistors are grounded through degeneration resistors. The use 
of these resistors enables one to decrease the noise contributed by the current source transistors 
and reduce the transistor effective transconductances to prevent parasitic oscillations at node 
A and node B by making the loop gain due to cross-coupled capacitances less than unity. 

When the tail current source transistors are capacitively cross-coupled, a bilateral coupling 
network is formed that forces the second harmonics at node A and node B to be 180° out 
of phase, resulting in a quadrature 90° phase shift between the fundamentals of the two os- 
cillators. It should be noted that perfect quadrature operation can be achieved only for two 
absolutely identical differential oscillators. The quadrature oscillator was implemented into 
SiGe HBT technology with fr = 80 GHz and fmax = 90 GHz. A frequency tuning range of 
24% with maximum frequency 5.92 GHz and average output power —5.3 dBm was obtained. 
Based on measurements of the single differential and quadrature VCOs, it was found that the 
superharmonic coupling does not affect the output power or the tuning range. The phase noise 
was measured to be —105.8 dBc/Hz at 1 MHz offset, which is 3 dB lower than that of the 
single differential VCO due to mutual injection locking. 


6.7.3 Push-push VCOs 


The simplified lumped push—push VCO configuration with a series resonant circuit is shown 
in Figure 6.37a where the load is connected to the centre point of the oscillator symmetry. 
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Figure 6.37 Operation modes of a bipolar push-push VCO 
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Push—push VCO topology creates an opportunity to provide frequency tuning at twice the 
operating frequencies when each half-circuit oscillates at one-half of the desired output fre- 
quency. This means that a push—push VCO must operate in only the odd mode when the second 
harmonic currents from both transistors flow into the load in the same direction during both 
half-periods or 180° phases of the active device. Since in the odd mode of operation the centre 
point of the oscillator resonant circuit becomes a virtual ground, the circuit can be represented 
as a series combination of transistor in a common collector configuration, a tank inductance 
L and a varactor with capacitance Cy and series resistance Ry, as shown in Figure 6.37b. For 
the even mode of operation, the transistors are in phase at the fundamental and each of them 
sees the load of 2R, as shown in Figure 6.37c. To provide stable operation in the odd mode 
and to inhibit the oscillations in the even mode, the start-up amplitude oscillation conditions 
can be written as 


ReZin + Ry < 0 (6.110) 
ReZin + Ry +2Rı SO (6.111) 


when the even harmonics dissipate at the load Ri. These conditions are usually easily met in 
practice. 

Two push-push VCOs using HBT devices with maximum oscillation frequency fmax > 
50 GHz and GaAs abrupt varactors with Cyoọ = 0.5 pF can cover a frequency range of 25- 
42 GHz [52]. Each HBT device was biased with a single current source on its emitter, while 
both the base and the collector terminals were dc grounded. The first VCO is tuned from 25 to 
31.1 GHz. The second has a tuning bandwidth from 33 to 42.3 GHz. By using a combination of 
a low-pass filter for fundamental and a high-pass filter for second harmonic, the fundamental 
component was suppressed by more than 20 dB across the entire tuning bandwidths for both 
VCOs. By using InP HBT technology with fr = 75 GHz and fmax = 200 GHz, a maximum 
frequency of 107.37 GHz with tuning bandwidth of 2.6%, output power of 0.92 dBm and 
phase noise of —88 dBc/Hz at 1 MHz offset was achieved [53]. To improve the phase noise 
characteristic of a push-push VCO with a series tank circuit, it is necessary to maximize 
the inductance and minimize the value of the varactor capacitance. However, the oscillator 
quality factor can be easily improved by using an oscillator configuration with a parallel tank 
circuit with a small inductance and a large capacitance, which also works as a high-pass filter, 
providing more efficient coupling of second harmonics [54]. In this case, the two parallel 
resonant circuits are arranged between the bases of the two transistors, each of which includes 
a short-circuited microstrip line connected in parallel with a varactor. 

Generally, push—push VCO architecture provides a better phase noise level in comparison 
with a fundamental-frequency VCO developed under the same conditions for the same output 
frequency and using the same active device [55]. A simplified analysis based on the push- 
ing factor showing the oscillator frequency sensitivity to the small dc voltage perturbations 
indicates ideally a 9 dB phase noise improvement using a push—push VCO topology. This is 
because the evaluated pushing factor at twice higher frequency contributes to 12 dB phase noise 
worsening. The circuit schematic of the push—push VCO with two half-frequency oscillators, 
each of which was designed to operate at 1 GHz, is shown in Figure 6.38. It was found that the 
phase noise around 2 GHz under push—push operation is exactly 3 dB worse than that around 
1 GHz of the single oscillator. The practical design of the X -band push—push VCO with parallel 
coupled resonant circuits using InGaP/GaAs HBT technology results in the frequency tuning 
from 8.2 to 8.6 GHz with output power of about 8 dBm and phase noise of —83.2 dBc/Hz at 
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Figure 6.39 Bipolar balanced VCO schematic 


100 kHz offset from maximum bandwidth frequency [56]. The 2 GHz push—push monolithic 
VCO fabricated using 2-um InGaP/GaAS HBT technology with a tuning range of 280 MHz, 
optimized for minimum noise level based on the advanced noise model of the HBT device, 
achieved —118 dBc/Hz at 100 kHz offset from centre bandwidth frequency [57]. 

A VCO based on the balanced topology is required to provide differential output for direct 
compatibility with prescaler and double-balanced mixer inputs [58]. Figure 6.39 shows a 
typical circuit schematic of the balanced VCO using the common base Colpitts configuration, 
taking into account the effect of a virtual grounding at the points of oscillator symmetry. The 
signals at the collectors are differential, 180° out of phase for identical oscillator sides. If the 
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value of the emitter tail resistor Re is nonzero, the behaviour of such a balanced oscillator is 
similar to the conventional cross-coupled differential VCO when the second-harmonic signals 
are flowing into this resistor in phase. As a result, the second-harmonic signal can be taken from 
this oscillator together with two differential fundamental ones. However, due to emitter and 
collector capacitive feedback, the balanced VCO can oscillate in a lower tail current and have 
larger amplitude for the same tail current [59]. This can be simply explained by the fact that 
the presence of the two feedback capacitances in a Colpitts configuration gives the possibility 
of optimizing the oscillator feedback ratio to realize a significant margin of regeneration 
factor for the oscillation build-up and optimum steady-state conditions corresponding to the 
maximum available output power. In addition, due to a shunting effect of the collector feedback 
capacitances, the contribution of the collector current noise in a balanced VCO is decreased, 
resulting in a lower phase noise compared with a cross-coupled differential VCO. 

Two varactor pairs with differential tuning can be placed between the two emitters instead 
of a single varactor pair [60]. In this case, common-mode noise voltages result in changing 
varactor capacitances in opposite directions, thus leaving the total capacitance of the parallel 
connection unchanged. This increases the frequency stability, improving the VCO phase noise 
level by about 3 dB compared with the case of only two varactors. Such a balanced VCO 
implemented in a 0.25-um SiGe BiCMOS process with fr = 70 GHz and fmax = 90 GHz 
provides frequency tuning from 20.8 to 21.86 GHz for the fundamental with minimum output 
power of —7 dBm and power consumption of about 130 mW at a supply voltage of 3.2 V. 
The output power at the second-harmonic output was about — 17 dBm with suppression of the 
fundamental of 20 dB relative to the second-harmonic level. The minimum measured phase 
noise was —113 dBc/Hz for 21.5 GHz output and —107 dBm for 43 GHz output at 1 MHz 
offset. 

Figure 6.40 shows a balanced frequency doubler based on a cross-coupled differential 
oscillator with two back-to-back varactors located between the collector terminals [61]. The 
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Figure 6.40 Bipolar push—push cross-coupled VCO schematic 
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cross-coupling capacitors are used to decouple the collector and base dc biasing. A high- 
pass LC matching circuit is used in the emitter circuit to provide optimum output matching 
to the load resistance of 50 Q for second-harmonic signal. A commercial InGaP/GaAs HBT 
technology with fr = 60 GHz and fmax = 110 GHz was used for the VCO implementation. By 
varying the varactor bias voltage from 0 to 2.5 V, frequency tuning from 21.17 to 21.02 GHz 
with variations of the output power from 1.7 to —4.5 dBm and phase noise from —110 to 
—105.3 dBc/Hz at 1 MHz offset, suppression of the fundamental of about —13 dBc and power 
consumption of 120 mW was obtained. 
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CMOS voltage-controlled 
oscillators 


The rapid growth of new-generation wireless communication systems has created a strong 
demand for designing single-chip radio transceivers in a fully monolithic CMOS process with 
extremely small size due to better integration, low cost and low operating voltage. To increase 
the integration level, all passive components must be integrated monolithically into a single 
chip. In this case, the elements of a resonant LC-circuit of the voltage-controlled oscillator 
(VCO) as a core part of the synthesizers should feature high quality factors over the frequency 
tuning range. This chapter discusses the technological aspects to realize MOS varactors and 
spiral inductors, basic concepts of circuit design and implementation issues, oscillator phase 
noise and effect of low-frequency flicker noise. Also included are various practical examples of 
differential, complementary and quadrature CMOS VCOs using different process technologies. 


7.1 MOS VARACTOR 


It is well known that an MOS transistor can be used as a variable capacitance due to the 
dependence of its total charge (representing the charge on the gate, the effective interface 
charge and the charge in the semiconductor under the oxide) on the applied voltage between 
bulk and gate terminals [1]. In the case of a pMOS varactor with the source, drain and bulk 
terminals together connected, an inversion channel with mobile holes will be realized for bulk— 
gate voltages Vp, greater than the threshold voltage of the MOS transistor Vm. Further increase 
in Veg results in a strong inversion of the MOS transistor operation. On the other hand, for 
voltages Vi, lower than Vin, an MOS transistor operates in the accumulation region, where the 
voltage at the interface between gate oxide and semiconductor is positive and high enough to 
allow electrons to move freely. 

Figure 7.1a shows the cross-section of the MOS transistor where the movement behaviour 
of the majority-charge carriers in the inversion, depletion and accumulation regions are also 
shown [2]. A metal oxide structure is build on top of a lightly doped n-well diffusion layer with 
the gate and the two n™ contacts inside the n-well. The device bias-dependent capacitance C can 
be modelled as oxide capacitance Cox in series with the parallel connection of the capacitance 
C» owing to the depletion region charge and Cj owing to the inversion layer charge at the gate— 
oxide interface. If Cy or Ci dominates, the MOS transistor is operated in a depletion or strong 
inversion region, respectively. Otherwise, if neither capacitance dominates, the MOS transistor 
is operated in a weak inversion region. The overall behaviour of the MOS capacitance C versus 
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Figure 7.1 MOS varactor and its voltage—capacitance dependence 


bulk-gate voltage Vp, is qualitatively shown in Figure 7.1b; the charge carrier movement in 
strong and moderate inversion regions is indicated by solid lines shown in Figure 7. la. 

When Vbg approaches Vm in the moderate inversion region, the concentration of holes at 
the oxide interface decreases steadily, but C; continues to be much larger than Cy. However, 
when the MOS transistor enters the weak inversion region, modulation of the depletion region 
becomes of the same importance as hole injection when Ci ~ Cp, being the dominant effect 
in the depletion region when Ci < Cy. Thus, both in the strong inversion and accumulation 
regions, the overall device capacitance Cy approaches the oxide capacitance Cox. Physically, 
an abundance of holes exists at high Vpbg immediately below the oxide and provides the bottom 
plate of the oxide capacitor, just as abundance of electrons provided that plate in the case of 
accumulation. In this case, the parasitic resistance is associated with the resistive losses of 
electrons moving from the bulk contact to the interface between the bulk and depletion region, 
as shown in Figure 7.la by dashed lines. Such a parasitic resistance can be reduced by using 
scaled technology with shorter device gate length L [3]. With the technology scaling, the oxide 
thickness is also reduced with corresponding increase in the oxide capacitance. Ideally, this 
should result not only in a better quality factor of a MOS varactor, but also in a wider tuning 
range since a minimum depletion capacitance increases at a lower rate. 

To obtain monotonic dependence for C, it is necessary to provide the device operation 
without entering the accumulation region for a very wide range of gate voltage values. This 
can be accomplished by removing the connection between drain and source with bulk, by 
connecting the bulk terminal to the supply voltage as the highest dc voltage in the circuit. 
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Figure 7.2 Inversion-mode MOS varactor tuning curve 


Figure 7.2 shows the voltage—capacitance dependence of such an inversion-mode MOS varactor 
operating in the strong, moderate, or weak inversion regions only. However, a more attractive 
approach is to use the pMOS device in the depletion and accumulation regions only, resulting 
in a wider tuning range and better quality factor due to lower parasitic resistance since the 
electrons have mobility approximately three times higher than holes [4]. 

The voltage—capacitance dependence of such an accumulation-mode MOS varactor oper- 
ating in the depletion and accumulation regions only is shown in Figure 7.3a. To realize an 
accumulation-mode MOS varactor, the formation of the strong, moderate and weak inversion 
regions must be inhibited; this requires the suppression of any injection of holes in the MOS 
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Figure 7.3 Accumulation-mode varactor and its tuning curve 
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Figure 7.4 MOS varactor equivalent circuit 


channel. This can be accomplished by removing the source and drain diffusion p*-doped layers 
and implementing the bulk n+-doped contacts instead of their minimizing the parasitic-well 
resistance, as shown in Figure 7.3b. 

Since the physical models described the behaviour of a MOS device in the accumulation 
and depletion regions are different, it normally comprises separate models for these regions the 
integration of which into acommon circuit simulator such as SPICE is complicated. Figure 7.4a 
shows the cross-section of an accumulation-mode MOS varactor where bulk represents shorted 
n-well contacts. Its single equivalent circuit is shown in Figure 7.4b where Cs represents the 
fringing capacitance mainly associated with the sidewall of the gate, Lẹ and Rpoiy are the 
parasitic inductance and resistance of the gate electrode, respectively [5]. The resistances 
Rwen, Rsub and capacitances Csubi, Csub2 are the substrate-related components. The resistance 
Rsa represents the source/drain regions. The channel resistance Ren is the only bias-dependent 
resistance. It can be modeled as Ren = Rs + Racc//Rp where R, is the bias-independent n-well 
resistance between n* contact and accumulation or depletion regions underneath the gate, Race 
is the bias-dependent resistance of the accumulation layer, and R, is the effective resistance 
along the edge of the depletion region. 
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In the accumulation region, Race becomes much smaller than Rp and Ren is approximately 
equal to R, + Racc. In the depletion region, Race can be considered infinite, and Ren approaches 
a constant value of R, + Rp. The gate bias dependence model of Racc based on the measurement 
results can be empirically given by 

1 1 
Kace Vob = Vaep 
Racc(Vgp) = 00 elsewhere (7.2) 


Racc(Vgb) = for Veb < Vaep (7.1) 


where Kacc is the fitting parameter related to the device geometry and mobility of electrons in 
the accumulation region, and Vaep is the fitting parameter related to the flatband voltage in the 
depletion region. 

The gate bias dependence of the variable capacitance C, can be conveniently modelled with 
the hyperbolic tangent function [6, 7]. A hyperbolic tangent function can be used for each 
of two parts of the dependence C (Vg) shown in Figure 7.1b where the gate bias-dependent 
capacitance C can be approximated by the following function: 


S 
C= C min Co fı + tanh [Eve — v| | (7.3) 
b 


where Cp = (Cmax — Cmin)/2, Cmax is maximum capacitance value, Cmin is minimum capac- 
itance value, S = (S1, Sz) is the slope of C (V) at the bend point Vey = Ve = (Vo1, Vo2) for 
each curve shown in Figures 7.2 and 7.3a [6]. 

An accurate model of the MOS varactor capacitance C based on the description of its bias- 
dependent behaviour in two regions separately, available in the SPICE simulator and valid 
under different bias conditions for a frequency range up to 10 GHz, is given by 





Von \ Mi 
Cy(Veo) = Ci ( = e) for Væ < FeV; (14) 
J 
V 
1 — F(1 + M;) + Mj-2 
C\Ven) = Cj aF J for Væ > F.V; (7.5) 


where Cj, Vj, Fe and Mj are the model fitting parameters [8]. 

It should be noted that, due to the higher average doping beneath the gate and enhanced 
parasitic interconnect capacitance in the device structure representing the more parallel con- 
nected segments for the same gate area and smaller gate length L, the minimum capacitance 
will increase, resulting in a lower capacitance ratio [9]. However, the minimum gate length 
devices have the highest minimum quality factors since the polysilicon gate resistance at lower 
L dominates the overall parasitic resistance R which is several magnitudes smaller than the 
n-well resistance at large L. As a result, there is trade-off between the quality factor and ca- 
pacitance tuning ratio which can been achieved, for example, for medium 0.65 um gate length 
MOS varactors. 

To minimize parasitic capacitances which are mainly overlap and fringing capacitances 
between poly gate and n* diffusion contacts, the shallow trench isolation can be inserted 
separating the active area beneath the thin gate oxide and n-well, as shown in Figure 7.5a [10]. 
In this case, the overlap capacitance is significantly lower than for a conventional case, because 
the shallow trench isolation is much thicker than the gate oxide. The tuning voltage is applied to 
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Figure 7.5 Accumulation-mode MOS varactor structures 


the bulk n* contacts, the p~ substrate is grounded, and both dc voltage and RF signal appear 
at the gate. The varactor linear tuning range can be substantially increased by forming the 
lightly doped p~ diffusion regions between each bulk n* contact and lower-plate region inside 
the n-well, as shown in Figure 7.5b [11]. These additionally incorporated diffusion regions 
increase the size of the depletion region resulting from a negative gate voltage which, in turn, 
increases the tuning range of varactor. For example, when ground is applied to bulk n* region, 
the varactor capacitance linearly increases from 6.8 to 15.5 fF for a gate voltage variation from 
—0.19 to +0.5 V, compared with a tuning range of the same varactor structure without a p7 
layer of only 9.0—15 fF. However, the quality factor of varactors with these novel structures is 
lower compared with conventional ones. 

Figure 7.6 shows the three dimensional physical structure of the MOS varactor where 
nt and p* diffusion regions are located in the same n-well of a standard CMOS process, 
separated by a small portion of n-well region to prevent early Zener breakdown [12]. With the 
p* terminal open, the device behaves like a two-terminal MOS varactor and its capacitance is 
varied by changing the voltage between gate and bulk terminals. For positive applied voltages, 
the device operates in the accumulation mode when the capacitance is maximal. However, for 
a reversed applied voltage, a depletion region is formed underneath the gate. As the negative 
voltage is increased, the depletion region widens and the capacitance is reduced, achieving 
a minimum value when V» = Vin. To further reduce the capacitance, the minority-carriers 
should be removed from the inversion layer, which can be done by biasing the pt contact at 
negative voltage with respect to bulk terminal. As a result, the capacitance tuning range of about 
3.1 is achieved for the 0.35-um CMOS process. Also, the difference in the gate doping type of 
the MOS varactor affects the capacitance tuning range and quality factor [13]. The multifinger 
varactor structure with mixed nt and pt doping demonstrates smoother capacitance and 
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Figure 7.6 Three-dimensional physical structure of an accumulation-mode MOS varactor 


resistance behaviour because of two depletion—accumulation transitions. Its quality factor and 
tuning range are always within the values corresponding to varactors with entirely n+ or p 
gate doping type. 


7.2 PHASE NOISE 


The differential cross-coupled LC-tank oscillator, the simplified circuit schematic of which 
is shown in Figure 7.7, is a preferred basic choice of oscillator in CMOS technology due to 
its good noise performance, ease of implementation and differential operation. The electrical 
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Figure 7.7 Equivalent representation of a differential cross-coupled CMOS VCO 
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behaviour of a differential oscillator is based on the push—pull operation principle of two out- 
of-phase identical oscillators with virtual ground. The voltage across the tank and at the inputs 
of the transistors is sinusoidal due to sufficiently high Q-factor of the parallel resonant circuit 
providing the harmonic attenuation. In this case, the even-order current harmonics flowing in 
the tank cancel each other. At the same time, an idealized alternate operational condition with a 
conduction angle of 180° for each device (50% duty cycle) minimizes the odd-harmonic level, 
thus resulting in half-cosinusoidal current pulses at the device drain terminals. The dc current 
and even harmonics flow through the tail current source transistor in phase. Consequently, the 
determination of the phase noise performance of a differential oscillator can be based on that 
of for a single-ended LC-tank oscillator with negative resistance during half a period of the 
oscillations. The single-sideband phase noise of the negative resistance oscillator written in 
the form of an empirically postulated Leeson equation for thermally induced phase noise of a 
feedback oscillator is given by (see Chapter 5) 


_kTF (fo \? 
“ARS Ope (an) oo) 





where a cross-coupled differential transistor pair provides a negative resistance which is con- 
nected to an LC-tank, the output is assumed to be buffered to decouple an external load from 
the oscillator, and variable capacitors are composed of a pair of pMOS varactors. In Equa- 
tion (7.6), PL represents power dissipated in the load resistance RL, QL is the quality factor of 
the resonant circuit and F = R,,/R_, is the noise factor. 

Now consider the constituent elements of the actual oscillator circuit separately [14]. By 
taking into account losses in reactive elements of the resonant circuit, the quality factor of 
such a resonator Q, can be obtained through the inductor quality factor Qing = Rp_/@L and 
capacitor quality factor Ocayp = œC Rpc by 


Ty gid athe, 0 
QL E Qina Q cap C+ Cp 





(7.7) 


where C, is a sum of the device output capacitance, loading capacitance due to the buffer stage 
and parasitic implementation capacitance. 

Next, in order to calculate the noise factor F, the differential transistor pair is transformed 
into a noisy negative resistance with equivalent voltage noise power e? shown in Figure 7.7, 
since the total noise consisting of the source noise and load noise must be equal to 4kTRy. 
In a steady-state operation mode, when the device is simply represented by an ideal voltage- 
controlled current source with transconductance gm, the negative resistance of the differential 
pair can be written as 


2 
Rout Se ae (7.8) 
&m 


It should be noted that, in a linear phase noise model, gm in Equation (7.8) represents the 
small-signal device transconductance. However, under large-signal operation conditions using 
a piecewise-linear approximation of the device transfer characteristic, the value of gm should 
be multiplied by the coefficient y,(@) for a fundamental current component, which is a function 
of a half the conduction angle 6 of the drain (or collector) current (see Chapter 1). 


PHASE NOISE 307 


Using Equation (7.8) allows the transformation of the noise voltage source into a noise 
current with noise power in the form 


DW Ry a RL 2 
out 


On the other hand, the thermal noise in the channel of a MOS transistor is modelled as 
i2 = yAKT gn Af (7.10) 


where y = 2/3 for a long-channel device [1]. Assuming that the noise currents of both tran- 
sistors are uncorrelated, the resulting current noise power of the differential pair is given by 


2 


2 = M — y2kTepAf (7.11) 
n 2 m . 
From Equations (7.9) and (7.11) we can find that 
2y 
Rn — RL = — = Rouy (7.12) 
Em 
which results in a final expression for the noise factor in the form 
Ry 
F=—e=l+y (7.13) 
RL 


where it assumed that Rou © Ry at the oscillation frequency in a steady-state mode. 

Generally, such a linear model neglects a contribution of the high-frequency multiplicative 
noise, resulting from the device nonlinear transfer characteristic, and low-frequency multi- 
plicative noise, which takes place as a result of the frequency modulation of the tail current 
noise components [15]. However, for nMOS transistors with gate width up to 60 um, these 
nonlinear contributions do not much exceed the value of 3 dB [14]. Thus, if the effect of high- 
frequency multiplicative noise is taken into account by including a factor of two, the final linear 
model for fast estimate of the phase noise in a differential CMOS oscillator can be obtained 
from Equation (7.6) as 





ER SS = ( fo ) (7.14) 
Rm ee BN OET l 


A figure-of-merit (FOM) for oscillators can be defined as a normalized phase noise spectrum 
given by 
? Prot 
P, ref 


= Sm 
rota (§) 


where Piot is the total power consumption and Pef = 1 mW. Substituting Equation (7.14) into 
Equation (7.15) yields 





(7.15) 


kT 1 
P ref no? 
showing that FOM is essentially the reciprocal squared quality factor of the resonator divided 
by the oscillator efficiency n = PL/ Prot. 


Despite the heuristic nature of the Leeson noise equation and its analytical simplicity, it 
still continues to be very popular and can provide a sufficiently accurate description of the 


FOM ~ (1 +y) 





(7.16) 
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noise behaviour of any type of LC oscillator, in particularly differential CMOS oscillator, if the 
initially unspecified noise factor F is properly expressed through the transistor and resonant 
circuit parameters. For example, good agreement between predicted and measured data was 
achieved when the noise factor is defined for thermally induced phase noise arising from 
the resonator, differential pair and tail bias current [16]. In this case, for a resonator whose 
equivalent circuit is shown in Figure 7.7, by taking into account the modulation and mixing 
processes due to a piecewise-linear approximation of the device transfer characteristic, the 
oscillator noise factor can be described by 


4 la 4 


F=1l+yr-— + cY8mbiasRL (7.17) 
T l 9 





where 2mbias is the transconductance of a tail transistor and J; is the fundamental current 
component flowing into the load resistor R. Unlike the linear model for the noise factor given 
by Equation (7.13), the second term in Equation (7.17) is a result of differential pair noise 
contribution based on an assumption that the random pulse-width modulated at the switch 
output may be decomposed into the original periodic square wave in the absence of noise, 
superimposed with pulses of constant height, but random width. However, it is unlikely to 
expect a square waveform of the drain current with infinite transition from pinch-off mode 
to saturation mode of the device operation when the driving voltage at the device input is 
sinusoidal. Moreover, the presence of the high-Q parallel resonant circuit cannot provide 
high-impedance conditions for even current harmonics to minimize their effect on the drain 
current waveform, since ideally the square waveform is a combination of an infinite number of 
the fundamental-frequency and odd-harmonic components, properly phased. On the contrary, 
applying the sinusoidal voltage drive to the device, the transfer characteristic of which can 
be represented by a piecewise-linear approximation with sufficient accuracy, results in half- 
sinusoidal pulses for a 50% duty cycle with the conduction angle 20 = 180°. In this case, the 
major noise contribution to the oscillator output spectrum is a result of the phase fluctuations 
due to the additive white noise at frequency offsets close to the carrier, similar to a narrowband 
phase modulation. The ratio of the tail bias current Jai) and fundamental component J; given 
in Equation (7.17) as a function of the half conduction angle 0 can be written as 


Trait _ yo@) 2 
h è yO) x 





(7.18) 


It follows from Equation (7.17) that the noise factor remains almost constant for the same 
conduction angle, slightly reducing with increase of the tail current since normally the transcon- 
ductance reduces at high-current conditions. Consequently, phase noise performance can be 
improved by increasing the oscillation amplitude across the tank or power dissipated in the 
load resistance, as follows from Equation (7.6). 

Figure 7.8 demonstrates the typical phase noise behaviour of the differential CMOS oscil- 
lator as a function of the tail bias current, whose increase results in an appropriate increase of 
the voltage amplitude across the tank, because, for the same conduction angle, the fundamental 
current flowing through the tank increases as well. This process continues in an active (or linear) 
device operation mode. However, beyond a critical value of the tail bias current, corresponding 
to a saturation mode of the device operation, the oscillation amplitude is limited by the supply 
voltage and can increase only slightly within the overall voltage waveform reached with har- 
monics. Such an operation mode is characterized by a strong device nonlinearity, resulting in 
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Figure 7.8 Phase noise and oscillation amplitude versus tail bias current 


a significantly reduced value of its drain—source resistance, thus shunting the resonant circuit 
and reducing its loaded quality factor that, in turn, contributes to an increase of the harmonic 
content in oscillator output spectrum. As a result, the oscillator noise factor becomes higher at 
large values of the bias tail current. Therefore, the minimum phase noise can be achieved with 
maximum achievable oscillation amplitude in the active mode, just prior to saturation. 

An analytical consideration of the cross-coupled CMOS oscillator without a tail current 
source based on the solution of the second-order differential equations, taking into account 
the nonlinear device transfer characteristic, is presented in [17]. Assuming nearly sinusoidal 
oscillator behaviour, using a third-order polynomial to approximate the device transfer function 
and applying the averaging technique, the amplitude and phase noise properties were analysed, 
and a single sideband noise expression in terms of a random diffusion process was derived. 
It was found that increasing the device width is a more power-efficient approach to improve 
the phase noise rather than increasing the supply voltage. For instance, a fully integrated 
VCO fabricated using a 0.18-um CMOS technology improves phase noise by 63% at 1 MHz 
offset from the carrier of 1 GHz with the increased device width from 25 to 50 um at a 
supply voltage of 1 V. However, boosting Vaa from 1 to 1.5 V, while maintaining a width of 
25 um, achieves a similar phase noise improvement for a 125% power increase. Both effects 
applied simultaneously can provide more than 10 dB improvement in phase noise performance. 
However, using a tail current source, which is necessary to reduce sensitivity to power supply 
noise and variations of the bias current over process and temperature, results in a significantly 
increased phase noise level. In this case, the high-frequency bias current noise is a dominant 
contributor to the total phase noise at the oscillator output. To minimize phase noise, the width 
of the current source transistor must be minimized. For instance, reducing device width from 
200 to 10 um for a fixed bias current in a 0.18-um SiGe BiCMOS technology reduces the bias 
noise contribution by 20 dB, making it negligible compared with the noise of the switching 
transistors [18]. At the same time, such a decrease of the device width results in an increase 
in phase noise contribution from the switching transistors by approximately 5 dB. In addition, 
the phase noise measurements show that the drain current thermal noise contribution of the 
switching transistors for the same transconductance g,, is about 4 dB less in the pMOS VCO 
than the nMOS VCO. 
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7.3 FLICKER NOISE 


Flicker noise in CMOS transistors is dominant up to relatively high frequencies of several tens 
or hundreds of kilohertz. The physical origin of low frequency 1/f noise in CMOS transistors 
is similar to that of any type of MOSFET device based on two dominant processes: random 
fluctuation of the carriers in the channel due to fluctuations in the surface potential caused by 
trapping and releasing of the carriers by traps located near the Si-SiO) interface, and mobility 
fluctuations due to carrier interactions with lattice fluctuations [1]. However, depending on the 
type of CMOS transistor, one effect can prevail over the other. For example, flicker noise in 
n-channel devices is mostly attributed to carrier number fluctuations, while flicker noise in 
p-channel devices is often attributed to mobility fluctuations. 

At strong inversion in the saturation region, the dependence of the equivalent gate voltage 


noise power ee can be modelled empirically as 


= K Af 


Ens = CLW f 





(7.19) 


where K = q? Na [19]. The effective density of oxide traps Not is a process-dependent parame- 
ter and is lower for pMOS devices. The bias voltages, where Not and K are nearly constant, can 
be experimentally determined from the measured dc transfer characteristics, and correspond 
to bias voltages where a nearly constant channel mobility is observed. Since the equivalent 
noise voltage appears in series with the gate, one can determine its effect on the drain current 
by multiplying by the device transconductance gm and applying an appropriate expression for 


8m at saturation, given by 
2C ox LWI 
gm = | (7.20) 
Lett 


where u is the carrier mobility, I4 is the fundamental drain current amplitude, and Lepp is the 
effective channel length. As a result, such a model will correspond to the SPICE drain current 
noise power model obtained by 


z Krh Af 


i = (7.21) 
Conde f 


where the empirical flicker noise coefficient Kp can be calculated from Kp = q? N oth- 
At weak inversion in the subthreshold region, the dependence of the equivalent gate voltage 
noise power iy can be well modelled by 


— (Cw) 1 K Af 
2 = 7.22 
“ng (=) n2 C2LW f 4 





where n = (Cox + Ca)/Cox, Ca and Ciny are the depletion and inversion capacitances, respec- 
tively [19]. In this region, the gate noise power is lower because of the capacitive divider ratio 
(Cox/Cinv)?A/ny* and because K = gq? Not is lower at lower gate voltages. 

By applying an appropriate expression for gm at weak inversion given by 


_ qla Cox 


= — —_ (7.23) 
kT Cox + Ca 


Em 
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the drain current noise power model will correspond to the SPICE model 


=> KH Af 
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where the empirical flicker noise coefficient Kp can be calculated from 
C2. 1 q \2 
Kp= am — (4) an, 7.25 
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It was observed that pMOS transistors have significantly lower 1/f noise than nMOS 
transistors of the same size and fabricated with the same CMOS process (by one order of 
magnitude or more). This is because, when an n*-polysilicon gate layer is used for both the 
nMOS and pMOS devices, nMOS transistors have a surface channel while pMOS transistors 
have a buried channel [20]. Consequently, the carriers flowing across the channel of the nMOS 
device are closer to the Si-SiO, interface, having higher probability of trapping and releasing by 
oxide traps. However, in the 0.25-um CMOS process, to deal with the short-channel effects and 
high off current, p*-poly gates are used for pMOS transistors while n+ -poly gates are used for 
nMOS transistors, thus making the surface channel for both types of transistor. Nevertheless, the 
measurement results show about an order of magnitude lower 1/f noise for pMOS transistors 
because of the difference in tunnelling coefficients, resulting from the differences in effective 
masses in SiO, and barrier heights of holes and electrons for tunnelling into SiO2. Also, the 
effective mass of a hole in the oxide is 10-20 times heavier than that of an electron. To compare 
the phase noise of nMOS and pMOS VCOs, the same technology, integrated inductors and 
currents were used. As a result, a 5.4-GHz VCO using all surface channel pMOS transistors 
demonstrates lower phase noise by about 14 dB at 50 kHz offset from the carrier compared 
with its counterpart using all channel nMOS transistors. 

The experimental results show that the flicker noise in nMOS transistors has no gate bias 
dependence, when the gate bias is varied from subthreshold to strong inversion and the mea- 
surement temperature is changed from room temperature to 5 K [21]. This can suggest that 
flicker noise in nMOS devices follows carrier density fluctuations. On the contrary, the flicker 
noise demonstrates the strong gate bias and temperature dependences in pMOS transistors 
that can be explained by mobility fluctuations rather than carrier density fluctuations. The 
p-channel noise amplitude increases with the gate bias and approaches the n-channel noise 
amplitude at high voltages. This means that, despite the fact that pMOS transistors gener- 
ally suffer from mobility fluctuations, the carrier density fluctuation phenomenon becomes 
dominant under high-field conditions. 

In a practical CMOS VCO design, the frequency tuning curve deviates from a required 
linear one due to the nonideal behaviour of the MOS varactor voltage—capacitance (C-V ) 
dependence at high oscillation amplitudes resulting in AM-to-PM conversion when the oscil- 
lation frequency becomes dependent on the voltage amplitude. In a differential VCO with tail 
current source, the varactor bias conditions are also affected by the bias current variations. In 
this case, the low-frequency noise associated with the bias current provided by the tail current 
source transistor modulates the common-mode node voltage and thus the varactor bias volt- 
age, resulting in an additional parasitic phase modulation. Generally, the tail current source 
together with its bias circuit is considered a main contributor of flicker noise in differential 
cross-coupled LC oscillators. Figure 7.9 shows the differential double cross-coupled VCO 
schematic and demonstrates the effect of low-frequency noise contribution in the VCO phase 
noise [22]. 
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Figure 7.9 Differential cross-coupled CMOS VCO and effect of flicker noise 


The total sensitivity of the oscillation frequency wọ to variations in the bias current /g can 


be written as 
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is the contribution to the frequency deviation of variations of the common-mode node voltage 
Vc to variations of the bias voltage across the varactor Vyar, and 


da 2% dW0 ƏV 
(arla CG") Gn) 028 


is the contribution to the frequency deviation of variations of the tail current Ig to variations 
of the oscillation amplitude V. 

It follows from Equation (7.28) that the term dV /d/g can be significantly minimized by 
providing the device operation in a saturation mode when the oscillation amplitude is limited 
by the supply voltage Vag. To eliminate the effect of the common mode on the phase noise, 
it is necessary to equate the term əVyar/ð lg in Equation (7.27) to zero, which can be done 
by removing a cross-coupled pair of pMOS transistors. This allows connecting the common 
node point between two inductors directly to the voltage supply with no modulation of the 
varactor bias point induced by the bias current noise. However, there are several drawbacks in 


where 
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such an approach [22]. In this case, the varactors can be biased only at negative bias voltage 
values, thus reducing the maximum achievable tuning range, and the output voltage can reach 
considerably higher values, thus reducing the operation reliability. In addition, the differential 
VCO topology without a current source is exposed to a higher sensitivity of the oscillation 
frequency to the supply voltage variations (pushing factor). 


7.4 TANK INDUCTOR 


The key element of any oscillator is the tank inductor, the quality factor of which can signifi- 
cantly affect the oscillator phase noise performance. In contrast to the capacitors, high-quality 
inductors are not readily available in a standard CMOS technology. Therefore, it is necessary 
to use special techniques improving the inductor electrical performance. By using a standard 
CMOS technology with only two metal layers and a heavily doped substrate, the spiral induc- 
tor will have a large series resistance compared with three or four metal layer technologies, 
and the substrate losses become a very important factor due to the relatively low resistivity of 
silicon. The layout of a basic square spiral inductor is shown in Figure 7.10a. If the technology 
allows 45° routing, an octagonal shape can be used, as shown in Figure 7.10b. A major source 
of substrate losses is capacitive coupling when current is flowing not only through the metal 
strip, but also through the silicon substrate. Another important source of substrate losses is 
inductive coupling when, due to the planar inductor structure, the magnetic field penetrates 
deeply into the silicon substrate, inducing current loops and related losses. However, the latter 
effects are particularly important for large-area inductors and can be overcome by using silicon 
micromachining techniques [23]. 

The monolithic passive inductor normally represents a microstrip transmission-line structure 
consisting of a top metal strip above a conducting (or ground) plane, with the substrate and 
intermetal oxide layers sandwiched between the two conductor layers. The ratio of the series 
inductance to shunt capacitance per unit length defines the characteristic impedance of the 
microstrip transmission line. Maximizing the characteristic impedance using a narrow metal 
strip will reduce the length of line that is required to realize a given inductance. However, 
this also reduces the current density capability of an inductor. Among the different inductor 























Figure 7.10 Spiral inductor layouts 
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Figure 7.11 Equivalent circuit of a square spiral inductor 


geometries, the circular spiral inductor structure can achieve up to 10% improvement in an 
inductor quality factor, but is more difficult to analyse. 

The simplified compact equivalent circuit for the spiral microstrip inductor is shown in 
Figure 7.11, where L, models the self and mutual inductances, Rs is the series coil resistance, 
Cox is the parasitic oxide capacitance from the metal layer to the substrate, R,; is the resistance 
of the conductive silicon substrate, Csi is the silicon substrate parasitic capacitance and Ce is the 
parasitic coupling capacitance [24]. If the spiral inductor is treated as a lossless transmission line 
with total length much shorter than a quarter-wavelength, the capacitance Cox is approximately 
equal to one-half the input capacitance of the open-circuited line. The parasitic silicon substrate 
capacitance C,; is sufficiently small and in most cases it can be neglected. 

Such a model shows an accurate agreement between simulated and measured data within 
10% across a variety of inductor geometries and substrate dopings up to 20 GHz [25]. At 
frequencies well below the inductor self-resonant frequency, the coupling capacitance C, 
between metal segments due to fringing fields in both the dielectric and air regions can also 
be neglected since the relative dielectric constant of the oxide is small enough [26]. 

In this case, if one side of the inductor is grounded, the self-resonant frequency of the spiral 
inductor can approximately be calculated from 


1 L, — R2C ox 
OsRF = -~ 
LsCox Ls — RCx 


At frequencies higher than self-resonant frequency, the inductor exhibits a capacitive be- 
haviour. The self-resonant frequency wsprr is limited mainly by the parasitic oxide capacitance 
Cox, which is inversely proportional to the oxide thickness between the metal layer and sub- 
strate. The frequency at which the inductor quality factor Q, is maximal can be obtained 
as 





(7.29) 


0.5 


l Be EE (7.30) 
i- nS — — i: 
Š sN L Cox 2Rgi 3R; 


The inductor metal conductor series resistance R, can be easily calculated at low frequencies 
as the product of the sheet resistance and the number of squares of the metal trace. However, 








TANK INDUCTOR 315 


at high frequencies, the skin effect and other magnetic field effects will cause a nonuniform 
current distribution in the inductor profile. In this case, a simple increase in the diameter of the 
inductor metal turn does not necessarily reduce the inductor series resistance correspondingly. 
For example, for the same inductance value, the difference in resistance between the two 
inductors, when one of which has a metal strip of twice the width, is only a factor of 1.35 [27]. 
Moreover, at very high frequencies, the largest contribution to the series resistance does not 
come from the longer outer turns, but from the inner turns. This phenomenon is a result of the 
generation of circular eddy currents in the inner conductors, whose direction is such that they 
oppose the original change in magnetic field. On the inner side of the inner turn, coil current 
and eddy current flow in the same direction so the current density is larger than average. On 
the outer side, both currents cancel and the current density is smaller than average. As a result, 
the current in the inner turn is pushed to the inside of the conductor. 

Using three metal layers makes it possible to fabricate an inductor with larger inductance, 
whose value per unit area rises almost quadratically with the number of layers due to solenoid- 
like properties. Inductors with larger values are normally fabricated as aluminium spirals 
with many turns. As the inductance of the spiral is made larger, the parasitic capacitance to 
substrate increases, resulting in a progressively lower self-resonant frequency, according to 
Equation (7.29). For a standard silicon substrate, aluminium inductors are only as large as 
10 nH with self-resonant frequency of 2 GHz [24]. However, such a silicon substrate problem 
can be overcome if the area underneath the inductor is made to appear locally insulating. This 
can be provided simply by selectively etching out the silicon, leaving the inductor encased in 
a suspended oxide layer attached at all four corners. As a result, the self-resonant frequency of 
a 100 nH square spiral inductor with a 20 turns and 4-um-wide lines of the second aluminium 
metal layer separated by 4-um spaces increases from 800 MHz to 3 GHz after removal of the 
underlying substrate [26]. 

Removing the silicon substrate leads not only to an increase in the self-resonant frequency, 
but to an increase in the inductor quality factor Q as well. For example, the maximum value 
of Q-factor changes from 3.5 at 1.25 GHz to about 20 at 5 GHz before and after etching of 
the silicon substrate [23]. Also, at higher frequencies there is an optimum metal strip width, 
which minimizes series resistance and maximizes the Q-factor, resulting from the effect of two 
main contributions into the inductor series resistance as sheet resistance, which is inversely 
proportional to the metal strip width, and magnetic induced losses, which depend directly on 
the time derivative of the magnetic field flux through the metal strip. Better results can be 
obtained if a different strip width is used for each turn of the inductor coil [23, 29, 30]. Narrow 
strips optimize losses in the inner turns, where the magnetic field reach its maximum value, 
while wide strips optimize the outer turns, where ohmic losses are predominant. As a result, 
values of Q-factor of about 17 were obtained for a 34-nH inductor at 1.5 GHz [23]. Moreover, 
the Q-factor for a 20-nH inductor working at 3.5 GHz after its layout optimization can reach 
a value of 40, which is about 1.6 times that of the best tank inductor with constant strip width. 

An alternative solution to increase the inductor Q-factor is to use a pattern floating shield 
placed between the inductor and the substrate [31], [32]. The solid shield inserted between the 
inductor and the substrate has a serious drawback in disturbing the magnetic field, creating an 
induced loop current flowing in the opposite direction and, as a result, in reducing the overall 
inductance. The shield is patterned with slots orthogonal to the spiral and constructed from 
metal, silicided polysilicon, or low-resistivity buried layers close to the silicon surface [33]. 
The floating shield fingers lie directly underneath the inductor winding to block the capacitively 
coupled currents from entering the silicon substrate, thus reducing substrate dissipation. The 
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Figure 7.12 Balanced inductor layout 


floating shield is most effective when the shield strips have much lower inductance than the 
multi-turn top-metal inductor winding and when it is made of metal (aluminium or copper) 
instead of a more resistive material (polysilicon). 

For a differential CMOS VCO architecture, the tank circuit must exhibit a differential be- 
haviour. Thus, either the tank inductor should have a balanced structure, or it is necessary to 
use two standard inductors symmetrically located. The latter case results in a larger area and 
correspondingly more substrate losses. A balanced inductor, the layout of which is shown in 
Figure 7.12, can occupy smaller area with less metal length and also exhibits more coupling 
between its turns [34]. In order to reduce the resistive losses of the metal tracks, two improve- 
ments can be made: connection in parallel with longitudinal vias (except in the underpass) of 
the two available metal layers to diminish the series coil resistance; and the design of a hollow 
spiral to avoid the high resistance due to circular eddy currents. As a result, when implemented 
in a standard two-metal layer 0.8-um CMOS process, such a balanced inductor with radius of 
105 um and 3.5 turns provides an inductance of about 2.6 nH and Q-factor of about 7 between 
1.2 and 2.9 GHz [34]. 

In order to realize a wideband frequency tuning of the VCO, it is necessary for the tank 
inductor to be sufficiently small to minimize the parasitic series resistance and maximize a 
minimum value of the MOS varactor and have low parasitic oxide capacitance. Therefore, a 
single-loop (horseshoe) inductor can provide enough inductance with the capability of wide- 
band tuning for the tank resonator operating above 2 GHz. Compared to the multi-turn spiral 
inductance, the horseshoe inductor has worse magnetic coupling that generally leads to lower 
inductance per area and lower quality factor. Nevertheless, the absence of interwinding capac- 
itance and reduced substrate capacitance, usual for such an inductor, contributes to a wider 
frequency tuning range. Such an approach to inductor implementation was applied to the de- 
sign of 3.0-5.6 GHz CMOS VCO for wireless LAN applications using a 0.13-um process [35]. 
In this case, the inductor Q-factor is relatively high over the entire tuning range. The series 
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parasitic resistance is minimized due to wider strip width at lower bandwidth frequencies. 
Reduction of the entire inductor metal area decreases the power loss to the substrate at higher 
frequencies. Finally, the horseshoe inductor is perfectly symmetric without the need for an 
underpass. Being fabricated in a standard CMOS technology using the top two copper layers 
of 1.2 um thickness and having a diameter of 460 um, such an inductor has an inductance value 
of about 0.85 nH with the quality factor above 20 between 3.0 and 5.6 GHz and self-resonant 
frequency greater than 10 GHz. 


7.5 CIRCUIT DESIGN CONCEPTS AND TECHNIQUE 


7.5.1 Device operation modes 


To better understand the oscillator operation and design principles, it is necessary to start 
with the basic physics and electrical behaviour of the MOS transistor as a main element 
of the oscillator, the typical output current-voltage (Z-V ) characteristic of which is shown 
in Figure 7.13a. Initially, consider the situation for a fixed gate bias V,, and an increasing 
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Figure 7.13 Drain current and device transconductance versus gate-source voltage 


318 CMOS VOLTAGE-CONTROLLED OSCILLATORS 


drain—source voltage Vas. As seen for low drain bias voltages Vas, the drain current /4 increases 
almost linearly with the drain bias. This region of the device output dc characteristic is therefore 
called the linear region. In this case, there is an inversion layer connecting the source and drain, 
which behaves as an ideal ohmic resistor. Then, at larger drain bias voltages, the dependence 
of the drain current on the gate bias voltage decreases. Finally, at some voltage, known as 
the saturation voltage Var, the drain current no longer increases with increasing drain—source 
voltage. This region is called the saturation region, due to the effect of the de drain current 
saturation at high drain bias voltages for a certain gate-source bias voltage Vgs. At Vas = Vat 
the channel is pinched off and the inversion layer is no longer affected by the drain voltages. 
At drain—source voltages below Vat, the current continues to flow because there is no barrier 
to transfer carriers travelling down the channel toward the drain. As they arrive at the edge 
of the pinched-off region, they are pulled across it by the field directed from the drain toward 
the source. If the drain bias is increased further, any additional voltage is dropped across 
the depleted, high-field region near the drain electrode, and the point at which the channel 
is entirely depleted moves slightly toward the source [36]. Note that at very high gate bias 
voltages (voltages Voss) and Vss) in Figure 7.13a), due to a self-heating effect in the high 
dissipated power region, the slope of the output /—V curve will be negative, which means a 
degradation of the device transconductance [37]. 

The transfer characteristic of the MOS transistor behaves differently in different regions 
of the device operation. For example, the drain current in a weak-inversion region is mainly 
dominated by the diffusion component that increases exponentially with the gate voltage [1]. 
On the other hand, in the strong-inversion region when the gate-source voltage Vgs is greater 
than the threshold voltage Vin, the drain current is proportional to the square of (Vs. — Vin). 
However, with a further increase of Vgs, the sensitivity of the drain current to gate-source 
voltage increase becomes smaller, as shown in Figure 7.13b. Therefore, to link all regions of 
the device operation with the analytically derived closed-form expression, it is necessary to use 
transcendental functions [37, 38]. As seen, the transconductance g derived by differentiating 
Ij; reaches a maximum and then decreases with increasing Vz, due to the influence of Vgs 
on the effective carrier mobility and the increasing effect of the series parasitic resistances 
with increasing las. For lower drain—sources voltages, Vasa) < Vas) < Vasa), the maximum 
value of the transconductance gm is reduced, with corresponding significant degradation of the 
transconductance at large gate bias voltages, as shown in Figure 7.13c [39]. This means that 
the closer the drain bias voltage is to the saturation region, the faster the reduction in AJ/4, for 
the same AV,, at large gate-source bias voltages Vgs. 

It is necessary, however, to distinguish the device dc operation regions from its operation 
regions under RF signal. Generally, the large-signal transistor behaviour is divided into three 
operation regions, as shown in Figure 7.14. The region where the input driving voltage vg, 
is less than threshold voltage Vn, that is vg; < Vin, is called the pinch-off or cutoff region. 
The term pinch-off is normally used for FET device. The operation region, where vg, > Vin, 
is called the active or linear region, where the transistor can be considered as a voltage- 
controlled current source, responding linearly to the gate voltage drive. Finally, the transistor 
is roughly equivalent to a resistance rsat operating in the saturation region. Unlike a dc current 
saturation region, the RF saturation region corresponds to voltage saturation, since there is 
a particular saturation voltage Vsa, corresponding to a fixed load resistance and defined by 
the intersection point between the load line and the linear part of the output 7—V curves. The 
saturation or on-resistance rsa is defined as a slope of the linear part of output J—V curves, 
that is, rsat = vas /dids. 
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Figure 7.14 Idealized transistor output /—V characteristic and regions of RF operation 





Figure 7.15 Output current waveform for device operation in active and pinch-off regions 


In a Class B operation mode with a piecewise-linear approximation of the transistor transfer 
characteristic, an active device is operated both in the active and pinch-off regions. The magni- 
tude of the output current exceeds a zero value during only half an entire signal natural period, 
representing a half-cosine waveform, as shown in Figure 7.15. In this case, because the parallel 
resonant LC-circuit has a high quality factor, ideally only the fundamental frequency signal is 
flowing into the load, whereas the higher-order harmonic components are short-circuited. 

Analytically such an operation can be written as 


S —0<ot<0 (131) 


0 6<ot <2n—-0 


where J, is the quiescent current, 7 is the output current amplitude and the @ is half the 
conduction angle, indicating the part of the RF current cycle for which device conduction 
occurs, and determines the moment when output current 7 takes a zero value. 

At this moment, 


i = I+ I cos0 = 0 (7.32) 
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and 6 can be calculated from 
Iq 
cos = S (7.33) 


Consequently, in a common case, 
i = I(coswt — cos 0). (7.34) 
When wt = 0, the output collector current has a maximum amplitude of 
i = Imax = I (1 — cos 0). (7.35) 
From Equation (7.33), the basic definitions are derived as 
e when 0 > 90°, cos < 0 and J, > 0, corresponding to Class AB operation; 
e when 0 = 90°, cos 0 = 0 and J, = 0, corresponding to Class B operation; 
e when 0 < 90°, cos > 0 and J, < 0, corresponding to Class C operation. 


As a result, the periodic half-cosine output current i can be represented as a Fourier series 
expansion 


i = lo + lı cos æt + h cos 2æt + l cos 3æ@t +... (7.36) 


where the dc, fundamental and higher-order harmonic components can be obtained from Equa- 
tions (1.25-1.27) given in Chapter | in a common form 


In = 10) (7.37) 


where y,(@) are the current coefficients for dc, fundamental and nth-harmonic components 
expressed through half the conduction angle 0. 

It should be noted that, in an ideal Class B with 0 = 90°, the current coefficients for the 
third- and higher-order odd harmonics are equal to zero. Consequently, a half-cosine waveform 
consists of the dc and even-order harmonics only. In a real situation, when the transistor transfer 
characteristic has a quadratic dependence at its initial part, the output current waveform slightly 
deviates from an ideal waveform. 

In an active region, the cosine voltage amplitude across the tank resistance R, connected 
in parallel to the tank, can be written using Equation (7.37) as 





0 
V= hR = IoRL (7.38) 
Yo 


which is a linear function of the dc current / for a fixed conduction angle and tank resistance. 
However, for a varying conduction angle, defined by bias conditions and voltage drop across the 
current source, the voltage amplitude is a function of 0. For example, the voltage amplitude will 
be higher by 2/2 in Class B with 6 = 90°, compared with an idealized nonharmonic condition 
of Class A with 6 = 180°. Using the tank loaded factor QL = woC RL, where wo = 1/VLC 
is the oscillation frequency, Equation (7.38) can be rewritten as 


yi(0) QL 
— — | 
Ye 


showing the voltage amplitude reduction with the degradation of the loaded quality factor. This 
happens when voltage amplitude V approaches the saturation region with increasing shunting 





(7.39) 
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Figure 7.16 Collector voltage and current waveforms for device operation in saturation, active and 
pinch-off regions 


effect of the drain-source resistance and reduces down to a value of rsat. In this case, the voltage 
waveform across the tank resistance cannot be considered to be purely cosinusoidal because of 
the significant harmonic contribution. Consequently, any consideration of the voltage amplitude 
as constant in a saturation region, introduced in [40], can be applied only as a first-order 
approximation, since the contribution of the fundamental voltage spectral component will 
depend on the overall voltage waveform, which will be different for different load and bias 
conditions. 

Now let us consider a Class B operation with increased amplitude of the cosinusoidal voltage 
across the tank using the transistor output /—V curves. In this case, it follows from Figure 7.16 
that an active device is operated in saturation, active and pinch-off regions in succession, and 
the load line follows a broken line LKMP with three linear sections (LK, KM, and MP) [37]. 
The new section KL corresponds to the saturation region, resulting in the half-cosine current 
waveform with a depression in the top part. With further increase of the voltage amplitude, 
the output current pulse can be split into two symmetric pulses containing a significant level 
of the higher-order harmonic components. Similar simulated drain waveforms of a 1.8 GHz 
differential oscillator, based on a 0.18-um CMOS process and operating in the pinch-off, active 
and saturation regions, are given elsewhere [41]. 


7.5.2 Start-up and steady-state conditions 


The determination of the start-up and steady-state oscillation conditions is very often based 
upon a loop or nodal analysis of the circuit. However, the oscillator analysis using matrix 
techniques brings out the similarities between several types of oscillators and results in one 
group of equations, which can be used to analyse the different oscillator configurations [42]. 
In this case, a two-port network can represent both the active device and feedback element. 
Depending on the oscillator configuration, in the form of a parallel feedback or a negative 
resistance (conductance), an oscillator with parallel or series feedback using of admittance Y - 
or impedance Z-parameters can be respectively modelled. 
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Figure 7.17 Basic CMOS oscillator schematics 


The steady-state oscillation condition for a single-frequency negative conductance oscil- 
lator, the basic representation of which is shown in Figure 7.17a, can generally be expressed 
through Y -parameters as 





Yat YL=0 (7.40) 
where 
YoY 
|e oe (7.41) 
Yu 


is the output admittance expressed through the Y-parameters of a loaded two-port network, 
which includes the device and feedback elements. 

Figure 7.17b shows the generic schematic of the modified Colpitts oscillator with a parallel 
resonant circuit, which is called a Seiler oscillator [43]. Here, Cz and C3 represent feedback 
capacitors and Ry is the load resistor, which generally can include any losses in the tank 
inductor L. Such an oscillator configuration is useful for wideband frequency tuning when 
the capacitance C, in the tank circuit is variable. Note that grounding of any terminal of the 
oscillator circuit does not change its electrical performance, provided there are no changes in 
the connection of the feedback elements and load to the active device. To analyse the oscillator 
start-up and steady-state conditions, it is convenient to consider a common gate configuration 
of this circuit, since the load resistance is connected between the drain and gate terminals. In 
this case, the common gate admittance matrix [Y ]cg for a two-port network expressed through 
the common source Y -parameters can be written as 


[Y lcc = Yii +Y + Yo + Yoo — (Yn + Y22) 
— (Y21 + Y22) Yn 


where Yj; (i, j = 1, 2) are the common source Y -parameters [37]. 


(7.42) 
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Figure 7.18 Simplified MOSFET equivalent circuit 


Then, a steady-state oscillation condition for the oscillator circuit shown in Figure 7.17c 
can be rewritten through the device common source Y -parameters and feedback admittances 
Y2 = JoC2 and Y3 = JoC3 as 


You + Yr = 0 (7.43) 


where 


Yiz + Yoo + Y3)(Yo1 + Yz + Y3) 
You = Yn + Y3 (7.44) 
Yii + Yi2 + Yo1 + Yor + Y2 + Y3 





1 1 
Yı = Y, = — + jwC = 7.45 
L 1 Rove Le ah ( ) 


Separate equations for real and imaginary parts of the output and load admittances of a 
negative conductance oscillator can be obtained from Equation (7.43) as 


ReYout + ReY, = 0 (7.46) 
ImYour + ImY, = 0 (7.47) 
Similarly, the start-up conditions for a negative conductance oscillator are written as 


ReYou + ReY, < 0 (7.48) 
ImYour + ImY, = 0 (7.49) 


To obtain the explicit analytical relationships between the active device and resonant circuit 
parameters, consider the simplified high-frequency intrinsic MOSFET equivalent circuit shown 
in Figure 7.18, where Ces is the gate-source capacitance, gm is the device transconductance 
and Cuas is the drain—source capacitance. The admittance Y -parameters of the equivalent circuit 
are 


Yii = joCgs Yo =0 


‘ 7.50 
Yo1 = 8m Yo. = joCas Geo) 


Substituting the device Y-parameters into Equation (7.44) allows the real and imaginary 
part of the output admittance to be represented through the elements of the device parameters 
as 








m? (Ces + Cr)(Cas + C 
Ree se as gs 2)(Cas 3) : 1.51) 
ga + @*(Cys + Cas + C2 + C3) 
2 (Cos + C2)(Cas + C3)(Cos + Cas +C C 
A T E gs + C2)(Cas + C3)(Cgs + Cas + C2 + C3) (7.52) 


g2 F w? (C gs + Cas + C2 + C3) 
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From Equations (7.51) and (7.52) it follows that, in a common gate configuration, the real 
part of the output admittance is negative and the imaginary part of the output admittance has a 
capacitive reactance. At frequencies w < wr, where wr = 27 fr, fr = 8m/27 Ces is the device 
transition frequency, Equation (7.51) can be simplified to 





d ) (Cos + C2)(Cas + C3) (7.53) 


ReYour = — 8m ( C2 
gs 


OT 


Substituting Equations (7.53) and (7.52) into Equations (7.48) and (7.49), representing the 
oscillator start-up conditions, yields 











ss G Ces (7.54) 
"RL \@/ (Cos + C2)(Cas + C3) 
eo vA 1 
SR Lo p ttOO (ha 
Eml 


From Equation (7.54) it follows that the build-up of the self-oscillations will be more easily 
provided at lower frequencies, lower ratio of C gs /Cas and smaller losses in the resonant circuit. 
In addition, the regeneration factor or start-up margin can be improved by selecting the proper 
values of the external feedback capacitances C2 and C3 connected between the gate-source and 
drain-source terminals in parallel to the gate-source and drain—source capacitances Ces and 
Cas, respectively. It follows from Equation (7.55) that the oscillation frequency is a function 
of not only the external reactive elements, but also the device parameters. 

In a steady-state mode, the device small-signal transconductance should be considered as 
fundamentally averaged over the oscillation period during large-signal operation. By using a 
piecewise-linear approximation, its large-signal definition can be written as gm71(@). Thus, as- 
suming constant capacitances C ss and Cas whose values are given by the operating dc bias point, 
the oscillator steady-state conditions can be rewritten, for zero external feedback capacitances 
C2 and C3, as 








1 ar? Cos 
Em GYR: ( A ) Cas 728) 
wo = : l (1.57) 
L Cg + Cas 
ami @)Ri 


where gm and wy are the small-signal transconductance and angular transition frequency, re- 
spectively. Typically, the value of the gate-source capacitance C gs is equal to oxide capacitance 
at low and high bias voltages, and is reduced by approximately two to three times in the region 
near the threshold voltage. The drain—source capacitance Cas can be considered as the junction 
capacitance, for which the maximum large-signal value deviates from the small-signal value 
by not more than by 10-20% [37]. Consequently, as a first-order approximation, the capac- 
itances Cy, and Cas can be modelled as the fixed capacitances measured at the quiescent dc 
bias voltage. 
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Figure 7.19 Differential cross-coupled LC oscillator: circuit schematic and operation principle 


7.5.3 Differential cross-coupled oscillators 


It is most convenient to describe the operational principle of the differential cross-coupled LC 
oscillator by the example of an ideal class B operation with a piecewise-linear approximation 
of each transistor transfer characteristic, which means that each transistor conducts exactly 
half a cycle with zero quiescent current. The simplified equivalent circuit of the differential 
cross-coupled LC oscillator with a tail current source is shown in Figure 7.19. 

If the quality factor of the tank circuit is assumed sufficiently high to provide the sinusoidal 
voltages applied to the gate-source terminals of the transistors and across the tank resistor R4, 
the drain current of each transistor can be represented in the following half-sinusoidal form: 


for first transistor 


et i snwt O<at<aZ (7.58) 


< 
0 T < ot <27 
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for second transistor 


a | 0 0<oat<az (7.59) 


—Igsinwt m < æt < 2r 


Since, for an idealized piecewise-linear approximation, the third- and higher-order odd 
harmonics of the drain currents are equal to zero, the total current ig flowing across the tank 
resistor R, is a difference of the two out-of-phase drain currents, 


ig = ig) — ig = lasin æt (7.60) 


representing a purely sinusoidal waveform. 
The current flowing into the tail current source through the centre point of the circuit is the 
sum of the drain currents: 


trail = tat + iaz = la [sin we | (7.61) 


containing the dc and even-order harmonic components. 

Ideally, even-order harmonics are cancelled out and should not appear at the resistor. In 
practice, the second harmonic is suppressed by approximately 20 dB or more below the funda- 
mental. It is necessary to connect a bypass capacitor to the centre point of the circuit in order 
to exclude power losses due to even-order harmonics. The current i, produces a sinusoidal 
voltage across the resistor R; equal to 


vr = laRı sin æt = Ve sin wt (7.62) 


The dc component /,ai of the total drain current itai can be defined by integration over the 
oscillation period as 


2n 


1 2 
ha = zy f ina(or) dwt) = En (7.63) 
Qn T 
0 


7.5.4 Wideband tuning techniques 


The VCO performance in terms of phase noise and tuning range determines the basic charac- 
teristics of a whole transceiver. However, a limited frequency-tuning range is usually a serious 
problem for VCO fully based on CMOS technology. There are four basic candidate single dif- 
ferential topologies, shown in Figure 7.20 [44]. Figure 7.20a shows an nMOS differential VCO 
topology with tail current source, while Figure 7.20b shows an nMOS differential topology 
with top current source. The pMOS differential topologies with tail and top current sources 
are shown Figure 7.20c and d, respectively. As regards tuning range capability, topologies 
shown in Figure 7.20b and c are preferable. This is because the anode varactor bias voltage 
is fixed to Vgq for an nMOS oscillator with tail current source, and the anode varactor bias 
voltage is fixed to zero for a pMOS oscillator with top current source. Since using pMOS 
devices results in a lower phase noise due to inherently smaller low-frequency 1/f noise, 
the pMOS differential topology with tail current source shown in Figure 7.20c represents the 
best choice for low-noise wideband tuning. Being implemented in a 0.25-um standard CMOS 
process, such a differential VCO with a Q-factor of the tank inductor of 7.5 provides the 
phase noise of — 109 dBc/Hz and —123 dBc/Hz at 100 kHz and 500 kHz offset from carrier 
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Figure 7.20 Single differential topologies of CMOS VCO 


frequency of 1.3 GHz, respectively. The tuning range was 13.3% for Vag = 1.4 V and 
Vaa = 2.0 V. 


20.1% for 


Using a proper configuration of the accumulation MOS varactors can significantly improve 
the tuning range. Such a varactor with high quality factor fabricated using the 0.13-um CMOS 





silicon-on-insulator (SOD technology demonstrates the capacitance ratio of 5 with 4 


t 1 V volt- 


age tuning that provides over 50% frequency-tuning range [45]. However, a high capacitance 


ratio implies high varactor tuning sensitivity or Kyco, which makes the oscillator p 


hase noise 


worse. A band switching solution can reduce the varactor tuning sensitivity, but requires extra 
control circuitry. A simple and effective solution can be provided by differential varactor tuning 


to avoid the effect of high Kyco. 
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Figure 7.21 Schematic of a differentially tuned VCO 


The differentially tuned varactor topology consists of two varactor pairs, as shown in Fig- 
ure 7.21 [46]. One pair is excited by RF signal at the cathode (C E and C} ) and the other pair is 
excited by RF signal at the anode (C 2 and C, ). The buried oxide of SOI makes accumulation 
MOS varactors with higher Q-factor and more symmetric than those in bulk technology. As a 
result, the varactor capacitance ratio can be achieved as high as 6 with +1 V voltage tuning. At 
supply voltage of 1.4 V, the best phase noise of —122 dBc/Hz at 1 MHz offset was measured 
at the lower bandwidth frequency of 3.8 GHz. At the upper bandwidth frequency of 5.4 GHz, 
the measured phase noise was —112 dBc/Hz at 1 MHz offset. Due to common-mode noise 
rejection, the differential-tuning topology improves the phase noise by approximately 9 dB. 
To minimize the phase noise variations over frequency range and to make the entire phase- 
locked loop circuit more stable, it is important to provide an equalization of Kyco over the 
frequency-tuning range. It can be done by connecting in parallel several back-to-back varactor 
pairs and biasing them at different voltages [47]. 

However, the band-switching technique has proved to be a successful way to increase 
tuning range. The generic binary-weighted band-switching LC tank configuration of nth size 
is shown in Figure 7.22 [48]. The MOS switch in a unit branch of the array contributes a 
parasitic capacitance Ca that is mainly composed of its drain-to-bulk junction and drain-to- 
gate overlap capacitances. In this case, by neglecting parasitic capacitances, the frequency 
tuning ratio Kf = fmax/fmin can be written as 
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Figure 7.22 Generic binary-weighted band-switching LC tank configuration 


where K. = Cymax/Cymin is the varactor capacitance tuning ratio, Cymax 1s the maximum var- 
actor capacitance, Cymin is the minimum varactor capacitance, k is the overlap safety margin 
factor, being greater than unity, and 6 = 1 + C,/Cg. For example, in order to achieve more 
than a 2:1 tuning range, the coefficient 6 should be more than 4 for k = 1.1, n = 4 and Ke 
greater than 2.5. As regards array size n (i.e., the number of bits controlling the binary-weighted 
array), adding more bits is beneficial to the tuning range, but only to a certain degree. Beyond 
a certain point, the minimum fixed capacitance in the design prevents any further improve- 
ment. When implemented in a 0.18-um bulk CMOS technology with a device gate width of 
32 um, a very wide frequency range from 1.14 to 2.46 GHz was achieved with a maximum 
tuning sensitivity of 270 MHz/V. The frequency range is split into 16 sub-bands by means 
of a 4-bit binary-weighted array of switched capacitors of 5 pF each and small accumulation 
MOS varactors with K. = 3.2 covering each sub-band. Typical measured phase noise was 
—123.5 dBc/Hz at 600 kHz offset from 1.8 GHz for a core power consumption of 4.8 mW 
from a 1.5 V dc power supply. 

A high tuning range can also realized by varying the tank inductance. Figure 7.23 shows 
the schematic of a CMOS VCO with self-tuned inductors [49]. For a high control voltage Vor, 
the transistors Mı and M3 are switched on most of the time, resulting in a low inductance, 
provided by the parallel inductors Lı and L2, and high oscillation frequency. Conversely, 











Figure 7.23 Schematics of a CMOS VCO with self-tuned inductors 
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Figure 7.24 Schematics of multiband VCOs 


for a low control voltage Vet, these transistors are open and the inner inductors L3 are not 
active. Therefore, the resulting inductance is high, provided by the inductance L, only, and the 
oscillation frequency is low. The boundary frequencies are related to each other according to 


| Lı 
fmax = 1+ — fmin (7.65) 
Lz 


For a ratio L1/L2 = 2, a frequency tuning range of 1.34-2.14 GHz by varying a control 
voltage from 0 to 3 V was achieved. 

To improve the poor phase noise performance demonstrated by a VCO circuit with self- 
tuned inductors only, the concept of switched resonators can be used. Figure 7.24a shows 
the differential VCO schematic with varactors and switched inductors [50]. The inductances 
are changed by turning transistors M3 and M4 on and off. When the transistors are off, each 
inductance is approximately equal to a sum of inductances L; and L2. However, when these 
transistors are switched on, the inductors L3 and L4 are shunted by low transistor on-resistances. 
Since on-resistances of the nMOS transistors M3 and M4 are connected in series with the 
inductors Lı and Lo, thus reducing the inductor quality factor, the size of these devices is 
increased. The large size of the tail current source pMOS transistor Ms also reduces low- 
frequency 1/f noise. The VCO is coarsely tuned by switched inductors and finely tuned using 
MOS varactors. When the switching transistors M3 and M4 are turned off with low control 
voltage Vot, the output frequency is varied from 667 to 942 MHz by varying the varactor tuning 
voltage Viune from 0 to 1.5 V. When the switching transistors are turned on with high control 
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voltage Ver, the varactors tune VCO from 813 to 1156 MHz. At a supply voltage of 1.5 V, 
nearly constant phase noise between — 123 and —124 dBc/Hz at 600 kHz offset was observed 
over the entire frequency tuning range. 

The multiband top-biased differential CMOS VCO schematic with switched inductors and 
capacitors is shown in Figure 7.24b [51]. The differential inductors Lı to L4 and nMOS 
transistor M4 form the switched inductor part, while capacitors Cı and C2 in combination with 
nMOS transistors Ms and M6 form the switched capacitor part of a tank circuit. The switched 
components coarsely tune VCO to four frequency bands: 2.40-2.44 GHz, 2.47-2.52 GHz, 
4.65—4.80 GHz and 4.92-5.12 GHz. Being implemented in a 0.18-tum CMOS process, such an 
all-pMOS multiband VCO demonstrates phase noise of —134 dBc/Hz at 1 MHz offset from 
2.4 GHz and —124 dBc/Hz at 1 MHz offset from 4.7 GHz with power consumption of 6 and 
4.5 mW at a supply voltage of 1 V, respectively. 


7.5.5 Quadrature VCOs 


Recently, due to the need for accurate quadrature signals in modern image-rejection wireless 
transceivers, the quadrature frequency generation technique has attracted a lot of attention. 
Generally, three options can be used to generate quadrature signals: combination of the VCO, 
polyphase filters and output buffer (or limiter) stages; a VCO operating at double the desired 
frequency followed by a frequency divider performed either in the digital or analogue form; and 
coupling of the two symmetric cross-coupled differential VCOs to each other. Since both the 
first and second approaches introduce an excessive power consumption, although the second 
approach can provide the smallest area and be beneficial to avoid pulling effect, the third 
approach outperforms others in terms of both the power consumption and the phase noise 
performance (provided that either good quality on-chip inductors are available or off-chip 
inductors are allowed). 

The block schematic of a quadrature VCO consisting of two identical differential VCOs is 
shown in Figure 7.25a. The combination of the direct and inverted connection forces the two 
VCOs to oscillate in quadrature. The original circuit implementation of this design principle, 
based on the two identical differential cross-coupled tail-biased nMOS VCOs, with the coupling 
transistors Mepı connected in parallel to the switching transistors M,,,, is shown in Figure 7.25b 
[52]. However, despite being based on LC-tank VCOs, such a parallel quadrature CMOS VCO 
has a poor phase noise performance that essentially limits its application. In this design, the 
gate widths of both coupling and switching transistors are equal. 

Figure 7.26 shows an alternative approach to design quadrature VCOs, in which the coupling 
transistor Mep is connected in series with the switching transistor M,,, forming a cascode- 
type connection that enables the phase noise performance to be significantly improved [53]. 
There are two circuit configurations corresponding to this approach: a top-series quadrature 
VCO where Mep is placed on the top of M,y, shown in Figure 7.26a and a bottom-series 
quadrature VCO where M,w is placed on the top of Mepi, shown in Figure 7.26b. To compare 
both phase noise and phase error of the parallel and series quadrature VCOs, it was convenient 
to introduce the parameter a = Wepı/ Wsw, where Wp) and Wsw are the gate widths of the 
coupling and switching transistors, respectively. It is assumed that the gate lengths of both 
transistors are equal. The simulations show that reduction in œ results in higher phase error, 
but lower phase noise for a parallel quadrature VCO. This means that it is easy to improve the 
phase noise performance of such a quadrature VCO at the expense of its phase error. Unlike 
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Figure 7.25 Basic schematics of a quadrature CMOS VCO 


a parallel quadrature VCO, the phase error in series quadrature VCO is almost independent 
of œ for all reasonable values. As a result, if the phase errors of both parallel and top-series 
quadrature VCOs are approximately the same at œ = !/, then the phase noise of a top-series 
quadrature VCO is lower than the phase noise of a parallel quadrature VCO by 8—11 dB over 
wide range of the offset frequencies from 10 kHz to 1 MHz [53]. The measurement results 
for such a quadrature VCO implemented in a 0.35-um standard CMOS process show a tuning 
frequency range from 1.64 to 1.97 GHz, a phase noise of —140 dBc/Hz or less at 3 MHz 
offset and a maximum phase error of 0.25°, for a current consumption of 25 mA at a supply 
voltage of 2 V. The comparison of the phase noise between the top-series and bottom-series 
quadrature VCOs gives the same values at small offsets up to 10 kHz, but better phase noise by 
6 dB at 3 MHz offset for a bottom-series quadrature VCO [54]. The measurement results for a 
bottom-series quadrature VCO implemented into the same CMOS process show the worst-case 
phase noise of — 140 dBc/Hz at 3 MHz offset over a tuning range from 1.91 to 2.27 GHz, for 
a current consumption of 16 mA at a supply voltage of 1.3 V. 

Figure 7.27 shows the schematic of the complementary cross-coupled differential quadrature 
VCO fully fabricated using a 0.25-um standard CMOS technology [55]. The complementary 
structure compared with its all-nMOS counterpart offers higher transconductance for a given 
current, better phase noise at all bias points and lower dc voltage drop across the channel 
[41]. The frequency tuning was provided by using of a parallel connection of nMOS and 
PMOS varactors with separate tuning voltage inputs. Such a connection enables in first-order 
a differentially tuned VCO with equal, but opposite sign Kyco to nMOS and pMOS tuning 
input. A quadrature phase accuracy of approximately 3° was measured. Such a sufficiently high 
phase error is a result of a reduced coupling between two VCOs with œ = 1/3 when the better 
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Figure 7.26 Top-series and bottom-series quadrature CMOS VCO schematics 


noise performance is achieved. At a supply voltage of 2.5 V and a total power consumption 
of 20 mW, such a complementary quadrature VCO demonstrates a worst-case phase noise of 
—143 dBc/Hz at 3 MHz offset over the tuning range 1.71-1.91 GHz [55]. 


7.6 IMPLEMENTATION TECHNOLOGY ISSUES 


With the continual progress in CMOS technology providing a reduction of the device chan- 
nel length to deep submicrometre values, it has become feasible to integrate the baseband 
and signal-processing blocks together with the RF transceiver on a single chip using CMOS 
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Figure 7.27 Complementary cross-coupled quadrature CMOS VCO schematic 


process exclusively. However, the performance of the CMOS devices with short channel can 
significantly be affected by such a phenomenon as hot-carrier degradation. The high-energy 
carriers known as hot carriers, when travelling from the source toward the drain in a strong 
electric field, can damage the device structure by introducing interface traps and oxide-trapped 
charges, resulting in degradation of the device electrical parameters such as threshold volt- 
age Vn and transconductance gm. Under hot-carrier stress conditions, the region of maximal 
interface damage generation is shifted toward drain. Experimental verification based on the 
LC-tank cross-coupled differential top-biased CMOS oscillator using 0. 18-um process technol- 
ogy shows the degradation of the current-voltage (J—V ) characteristics of the nMOS devices, 
resulting in the smaller oscillation amplitude [56]. The hot-carrier stress contributes to an in- 
crease of the output conductance of the device in the saturation region. For long stress times 
beyond 500 s, the output conductance Gas can increase by more than three times, whereas 
the transconductance gm can reduce by more than 30%. Also, hot-carrier stress affects the 
values of the device capacitances, resulting in higher oscillation frequency due to the changes 
in the gate—drain, gate-source and drain—substrate junction capacitances, reducing the total 
capacitance of the resonant circuit. 

Since 1/f noise and hot-carrier degradation are assumed to have the same physical origin 
produced by traps at the interface between oxide and silicon, it is important to understand 
the hot-carrier effect on the oscillator phase noise performance. Generally, the noise-related 
hot-carrier behaviours of p MOS and nMOS transistors are different [57]. For ann MOS device, 
the 1/f noise increases strongly, especially after 10° s stress time, and this increase is much 
stronger than the decrease in the drain current. The 1/f noise and drain current in the saturation 
region degrade almost linearly as a function the channel length. The shorter channel, the more 
degradation in drain current and 1/f noise occurs due to shift of the threshold voltage and 
damage induced by hot carriers, respectively. A degradation of the oscillator phase noise by 
4 dB at stress time 500 s is observed at 100 kHz offset from the carrier [56]. Similar to the nMOS 
devices, the interface traps induced by stress are responsible for 1/f noise in pMOS transistors. 
However, the overall situation is different since, in the latter case, 1/f noise degradation effects 
caused by interface traps are masked by electron trapping, which is dominated at low stresses 
whose trap charges do not generate 1/f noise [57]. But after long stress times, the behaviour 
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of a pMOS transistor becomes very similar to its nMOS counterpart when the noise increases 
strongly with decreasing drain voltage. The drain current shows a similar behaviour and also 
degrades in the saturation mode as a function of channel length. Thus, a more reliable operation 
condition can be provided by choosing the device with longer channel length, by appropriate 
choice of the transistor operation region, or by using the pMOS device as being generally more 
resistant to hot-carrier effects. 

The soft breakdown phenomenon for ultra-thin gate oxide layer of less than 5 nm corre- 
sponds to an anomalous increase of the stress-induced leakage current and the occurrence of 
fluctuations in drain current. The soft breakdown model can consist of an oxide breakdown 
without strong thermal effect that leads to an irreversible failure of the device [58]. It is as- 
sumed that multiple tunnelling via electron traps generated in the ultra-thin gate oxide layer 
is the physical mechanism of the electron transport in a localized small area of the MOS ca- 
pacitor after soft breakdown. The model implies a generation of electron traps in the SiO, 
layer over the whole capacitor area and the assumption that stress-induced leakage current 
due to the oxide degradation is the total of the trap-assisted tunnel current of all the electron 
traps. Soft breakdown will occur if a critical number of electron traps is reached locally, to 
form a conductive path between the poly-Si gate and silicon substrate. Total destruction of the 
capacitor structure takes place when the energy that is dissipated in this localized area exceeds 
the amount needed for thermal breakdown of the oxide. The oxide breakdown is determined 
by the large voltage drop in the applied voltage that suddenly occurs. The experimental re- 
sults for a 0.18-um nMOS device show that its dc parameters such as threshold voltage Vin, 
transconductance gm and drain saturation current /gsat are not drastically changed during both 
soft and hard breakdown [59]. Also, the device transition frequency fr is only reduced from 
45 to 42 GHz at gate bias voltage V = 0.9 V and drain supply voltage Vag = 1.1 V. However, 
large deterioration of the minimum noise figure F min can be observed under hard breakdown, 
increasing from 1 dB to almost 4 dB at 12 GHz. Such a drastic increase of the device high- 
frequency noise after gate oxide breakdown can be attributed to the significant increase in the 
contribution of gate shot noise due to increased gate leakage current. 

Integration of digital baseband and RF front-end in a single chip makes the RF circuits 
vulnerable to coupling of the digital switching noise through the common substrate. Mea- 
surements up to 10 GHz show that a simple resistive network is not sufficient to represent 
the substrate. Therefore, a more complicated model, although simple enough, based on the 
complex z-network with parallel resistance and capacitance in each branch, can be used [60]. 
Depending on the test structure, the equivalent circuit for substrate coupling modelling can 
also be represented in the form of the T -network equivalent [61]. Comparison of the phase 
noise of the test cross-coupled differential tail-biased 3.5-GHz VCO with a symmetric inductor 
using 0.18-um CMOS process technology as a figure-of-merit to evaluate different protection 
schemes such as pt ground bars, deep n-wells and their combination, demonstrates that deep 
n-wells can be considered as the most effective isolators for the substrate coupling noise. The 
noise was injected into the substrate by the digital switching noise emulator using a pt sub- 
strate trap. When the digital noise emulator is switched on without any protection, the VCO 
phase noise degrades by 12 dB. 


7.7 PRACTICAL SCHEMATICS OF CMOS VCOs 


Since the oscillator phase noise depends primarily on the quality factor of the tank circuit, it can 
be improved by using bondwire inductors. Figure 7.28 shows the schematic of the differential 
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Figure 7.28 Schematic of a differential LC CMOS VCO 


tail-biased CMOS VCO, where the resonant circuit inductors are realized by series connec- 
tions of the spiral on-chip inductors and bondwires connecting the die pads to the package 
leads [62]. Two accumulation-mode MOS varactors are used in a differential configuration, 
while the cross-coupled nMOS differential pair provides positive feedback, feeding the tank 
to compensate for the losses. The main concern in the use of bondwires as tank inductors is 
that their value is affected by a large spread. Therefore, to be able to use bondwire inductors, 
a tuning element with a larger tuning range is required. However, this causes a significant 
VCO gain variation. Hence, despite the very low phase noise performance of such a VCO, it 
can hardly be used within a frequency synthesizer due to potentially large loop gain variation, 
which can result in severe stability issues. However, a compromise solution is possible when 
the bondwire inductor represents only a part of the overall tank inductor. As a result, using 
the combination of a spiral inductor of 3.7 nH with Q-factor of 3 and a bondwire inductor of 
3 nH with Q-factor of 35 results in a phase noise of —119 dBc/Hz at 600 kHz from carrier of 
1.3 GHz with oscillator current consumption of 6 mA and supply voltage of 2 V. The oscillation 
frequency can be varied from 1.1 to 1.45 GHz. If a solution that uses only bondwire inductors 
were acceptable, the quality factor of 17 can be achieved for the tank circuit that gives almost 
10 dB phase noise improvement for a given current consumption using 0.35-um digital CMOS 
technology. 

The quality factor of the spiral inductor can be improved by optimization of its geometry 
for a given technology to minimize both its series metal resistance and extra losses caused 
by the substrate spread resistance, skin effect and eddy currents. The low resistance of 3.7 Q 
was achieved for a three-terminal balanced octagonal inductor with simulated inductance of 
2.857 nH in a 0.25-um standard CMOS technology with only two metal layers, 0.6 and 1 um 
thick, respectively [63]. To minimize the slope variation of the frequency tuning curve, pMOS 
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Figure 7.29 Differential pMOS VCO circuit topology 


devices in conjunction with two pt /n diode varactors were used, as shown in Figure 7.29. 
As a result, by using a differential tail-biased pMOS topology, the phase noise was as low as 
—127.5 dBc/Hz at 600 kHz and —142 dBc/Hz at 3 MHz offsets from the carrier of 1.8 GHz. A 
28% wide tuning range was achieved with a supply voltage of 1.8 V and current consumption 
of 18 mA. 

Using a 0.13-um partially depleted silicon-on-insulator (SOI) technology provides reduc- 
tion of the fixed transistor capacitance by 30% compared with bulk CMOS and reduced parasitic 
substrate capacitance with wider capacitance tuning ratio of the accumulation-mode MOS var- 
actors [64]. Improved phase noise performance by 2 dB can be realized using high-resistivity 
substrate (~ 300 Q cm) compared with using low resistivity substrate (10 Q cm). Finally, the 
further noise improvement can be achieved by using a single-turn inductor topology elimi- 
nating interwinding capacitance. The schematics of a complementary cross-coupled balanced 
VCO is shown in Figure 7.30, with nMOS devices having fr = 148 GHz and fmax = 162 GHz 
and pMOS devices having fr = 68 GHz and fmax = 102 GHz, respectively. The resonator 
consists of a single-turn copper inductor, with quality factor greater than 50 and estimated 
inductance of 60 pH at 40 GHz, and the accumulation-mode MOS varactors, which have a 
nominal capacitance of 0.4 pF. The output signals are buffered using source followers based on 
nMOS transistors. The measured phase noise was — 109 dBc/Hz at 4 MHz offset from carrier 
of 40 GHz with output power of —8 dBm, power dissipation of 11.25 mW in the core at supply 
voltage of 1.5 V. The VCO achieves a tuning range of 15% with a control voltage of +0.5Vaa. 
By making the metal interconnection between the two cross-coupled transistors shorter, which 
lowers the losses and parasitic capacitance, and optimizing the device finger width, the VCO 
operating frequencies can be increased, and 99 GHz VCO can demonstrate a tuning range of 
2.5 GHz with the phase noise varying from —99.5 to — 102.7 dBc/Hz at 10 MHz offset [65]. 

Using acomplementary Colpitts oscillator topology allows one to achieve lower phase noise 
performance of the oscillator by providing reduced hot-carrier effect and higher transconduc- 
tance of the constitutent transistors. Figure 7.31a shows a complementary Colpitts oscillator 
schematic, which is composed of a complementary M, (nMOS) and M> (pMOS) transistor 
pair, a tank inductor and an accumulation-mode varactor [66]. The transistors M3 (nMOS) 








Figure 7.30 Schematic of a 40-GHz complementary VCO 
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Figure 7.31 Complementary Colpitts oscillator topologies 
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Figure 7.32 Transformer-feedback VCO schematic 


and M4 (pMOS) represent the inverter buffer stage. The varactor is connected between ac 
ground through the bypass capacitor Cy and transistor gates to obtain a wider tuning range. 
The series circuit consisting of an inductor Lo and a capacitor Co is added for impedance 
matching and dc blocking. The feedback elements of such an oscillator are the overall gate— 
source capacitance C’,, and substrate capacitance C yp. In this case, the oscillation conditions 
with negative conductance can be established only at frequencies above @min = 1/,/ LC. The 
measurement results for an oscillator using 0.35-um CMOS technology show the phase noise 
of —118.1 dBc/Hz at 1 MHz offset from carrier of 6 GHz and dc current of 4.6 mA from 
a supply voltage of 2 V. Figure 7.31b shows the balanced cross-coupled Colpitts oscillator 
topology combining two identical single-ended Colpitts oscillators [67]. By optimizing the 
oscillator feedback factor defined by the ratio between the capacitances Cı and C2, the phase 
noise performance can be improved by up to 10 dB. 

To improve the VCO performance in terms of low supply voltage, low power and low phase 
noise, a CMOS VCO with transformer feedback can be used. As shown in Figure 7.32, such an 
oscillator employs an integrated transformer instead of a conventional spiral inductor [68]. The 
transformer primary coils with self-inductance Lg are connected to the transistor drains, each 
forming an LC tank circuit. The secondary coils with self-inductance L, are connected to the 
transistor sources each. Both the primary and secondary coils are magnetically coupled to each 
other with a mutual coupling factor M. With the transformer feedback, the drain voltage can 
swing above the supply voltage and the source voltage can swing below the ground potential, 
and they are in phase. Hence, for the same voltage amplitude and phase noise, the supply 
voltage can be reduced, or better phase noise can be achieved for the same supply voltage. The 
optimum self-inductance ratio of k = L4/L, is chosen to minimize the phase noise level. The 
oscillator topology with transformer feedback representing two identical Hartley oscillators 
cross-coupled connected is an alternative to the cross-coupled Colpitts oscillator with capacitive 
feedback. Using a single differential transformer to maximize quality factor and minimize chip 
area, the phase noise was measured at the level of — 119 dBc/Hz at 1 MHz offset from the carrier 
of 3.8 GHz at a supply voltage of 0.5 V with power consumption of 0.57 mW. Differential coils 
were used in both primary and secondary coils, which have a ratio of 5 to 2. The frequency 
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Figure 7.33 Schematic of differential Colpitts pMOS VCO 


tuning range from 3.65 to 3.76 GHz was achieved using two accumulation-mode varactors 
instead of the fixed capacitance C. 

Since pMOS transistors provide low-frequency flicker noise that is lower by an order of 
magnitude compared with their nMOS counterparts and the hot-carrier effect in p MOS devices 
is typically smaller, which is especially important for the submicrometre CMOS process, there 
is a possibility of improving the phase noise performance by designing a fully pMOS-based 
differential VCO. Figure 7.33 shows such a differential Colpitts VCO, which is realized by 
coupling of two common gate identical single-ended Colpitts VCOs [69]. The common node 
of each identical VCO in a differential configuration represents virtual ground at odd mode 
and open at even mode. The feedback capacitances Cı and C2 provide optimum feedback 
coefficient to realize the maximum negative small-signal resistance. Being implemented in a 
0.18-um CMOS process, the VCO had a tuning capability from 4.6 to 5 GHz with measured 
phase noise better than — 120.42 dBc/Hz at 1 MHz offset over the entire tuning range. At a 
supply voltage of 1.5 V, the power consumption of the VCO core was only 3 mW. 

The full integration of RF transceivers into a single CMOS chip implies the use of low 
intermediate frequency (IF) or zero-IF architecture that require quadrature local oscillator sig- 
nals for image rejection and demodulation. The conventional technique based on using two 
VCOs with coupling transistors suffers from a trade-off between quadrature accuracy and 
phase noise. Moreover, the coupling transistors increase the power consumption. Figure 7.34 
shows the schematic of a quadrature CMOS VCO based on second-order harmonic coupling to 
enforce the quadrature relation between two differential cross-coupled oscillators [70]. Since 
the quadrature coupling in this case is established by means of coupled inductors rather than 
by transistors, the coupling elements do not introduce significant extra sources of noise. The 
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Figure 7.34 Schematic of a superharmonic-coupled quadrature VCO 


quadrature superharmonic-coupled VCO consists of two separate identical differential oscilla- 
tors whose common-mode even-order harmonics are coupled the pair of inductors L5 and Le. 
Transistor M5 supplies the bias current from the top side of the circuit, such that a rail-to-rail os- 
cillation waveform is possible without exceeding its peak value at the breakdown voltage limits 
of transistors from M, to M4. The inductors L, and L3 (as well as L3 and L4) are deliberately 
not combined into a single symmetric inductor, since a symmetric inductor exhibits a larger 
quality factor when driven differentially [71]. This would result in a larger suppression of the 
common-mode second harmonic, which is instead beneficial for maximizing the quadrature 
coupling in this topology. Such a superharmonic-coupled quadrature VCO implemented in a 
0.25-um CMOS technology demonstrates a measured phase noise of —124 dBc/Hz at 1 MHz 
offset over the frequency tuning range from 4.57 to 5.21 GHz at 22 mW power consumption 
with the worst-case image rejection of 33 dB. 

For implementation in highly integrated transceivers with reduced size and cost intended 
for wireless handset applications, it is important to analyse the performance comparison of 
CMOS versus bipolar VCO in SiGe BiCMOS technology. BiCMOS is an excellent technology 
to use for such a comparison, since it offers a full suite of bipolar and CMOS transistors as 
well as high-performance passive components. For a comparative analysis, a CMOS VCO 
operating at a fundamental frequency of 2.3 GHz and a bipolar VCO operating at twice the 
fundamental frequency followed by a frequency divider by a factor of two were chosen, both 
designed in IBM 0.25-um SiGe BiCMOS technology [72]. Both VCO core circuits represent 
fully differential cross-coupled topologies having comparable fr = 48 GHz for bipolar and 
fr = 40 GHz for CMOS transistors. Frequency tuning is provided by varactors representing by 
the bipolar collector—base junctions capacitances, while CMOS transistors are used as digital 
varactors to provide the digital band switching to extend the total frequency coverage. Although 
low-frequency flicker noise is much larger in CMOS devices than in silicon or SiGe bipolar 
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devices, its effect on VCO phase noise can be minimized by properly sizing the CMOS devices 
as well as the ratio between nMOS and pMOS transistors used. As a result, the phase noise of 
the bipolar VCO at smaller offsets is better than that of the CMOS VCO, but it becomes worse at 
higher frequency offsets. For example, the phase noise level becomes equal at approximately 
10 kHz offset, while CMOS VCO achieves better phase noise by 8 dB at 100 kHz offset. 
Excluding the bond pads, CMOS VCO has a slightly smaller chip size, mostly because of 
the frequency divider circuit required for a bipolar VCO. The frequency sensitivity to supply 
voltage, or pushing factor, is similar for both CMOS and bipolar VCO. However, the phase 
noise sensitivity to temperature and supply voltage is different, with significant degradation 
of the CMOS VCO phase noise when the supply voltage drops from its initial value of 3 V 
to 2.5 V. This sensitivity mainly originates from the biasing scheme used in CMOS VCO 
where current is self-biased by nMOS and pMOS transistors. This also affects the phase noise 
degradation versus process and temperature variation, which is much stronger compared with 
its bipolar VCO counterpart. However, the simplicity of CMOS VCO biasing eliminates the 
noise contribution from a separate biasing circuit required for a bipolar VCO. 
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8 


Wideband voltage-controlled 
oscillators 


Wideband voltage-controlled oscillators (VCOs) are used in a variety of RF and microwave 
systems, including broadband measurement equipment, wireless and TV applications and mil- 
itary electronic countermeasures (ECM) systems. In modern ECM systems, they serve as the 
frequency-agile local oscillators in receiver subsystems and fast-modulation noise sources in 
active jamming subsystems. Among wideband tunable signal sources such as YIG-tuned os- 
cillators, wideband VCOs are preferable because of their small size, low weight, high settling 
time speed and capability of fully monolithic integration. Therefore, modern radar and com- 
munication applications demand VCOs that are capable of being swept across a wide range of 
potential threat frequencies with a speed and settling time far beyond those of the YIG-tuned 
oscillators. This chapter discusses the basic concepts of wideband VCO circuit design and 
gives specific circuit solutions using lumped elements and transmission lines to improve their 
frequency tuning characteristics. Various examples of RF and microwave VCO circuit config- 
urations using bipolar, MOSFET and MESFET devices are analysed, their circuit parameters 
are calculated or optimized to provide maximum tuning bandwidth or minimum tuning linear- 
ity. Also included are numerous practical examples of wideband VCOs for RF and microwave 
application in radar or telecommunication systems. 


8.1 MAIN REQUIREMENTS 


In many applications, particularly ECM, system performance significantly improves when 
VCOs are capable of wide tuning bandwidths with linear varactor tuning, as well as high- 
speed switching. High-speed frequency agility, while affording small size and more than octave 
tuning bandwidths, can be achieved only by considering the most important VCO parameters, 
such as post tuning drift and settling time, frequency coverage and linearity, frequency pulling 
and pushing, spectral purity and temperature stability. 

How do the basic circuit parameters affect VCO tuning properties? Consider a series negative 
resistance oscillator resonant circuit with fully connected varactor, as shown in Figure 8.1. The 
oscillation frequency fo as a function of the VCO parameters in a steady-state condition when 
Rin + RL = 0 can be expressed as 
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Figure 8.2 Small-signal loaded common-drain FET equivalent circuits 


where 


1 


Q: ~ woRyCy 


is the varactor quality factor, wo = 27 fo is the angular resonant frequency, Ry is the series 
parasitic varactor capacitance, Cy is the varactor junction capacitance, 


Cin + Cy 


QL ~ woRLCyCin 


is the quality factor associated with the load resistance RL, Cin is the input equivalent capaci- 
tance of the active device, P, is the power dissipated in the varactor, P} is the power delivered 
to the load. 

In this case, VCO is considered as a negative resistance oscillator based on the equivalent 
one-port active device configuration (the transistor, to the input terminal of which a load is 
connected, is replaced by an impedance with zero active and negative reactive parts). Figure 8.2 
shows (a) the small-signal equivalent transistor circuit using the common drain FET device 
that provides (b) the one-port negative resistance model. The equivalent input impedance of a 
loaded common drain FET device can be written, using the common source Y -parameters, as 


ES 1+ RaYoo + (Rs + ZL) Yi + Yi2 + Yor + Yoo + Ra AY) 
Yii + AY (Ra + Rs + Z1) 
where ZL = 1/Y,, YL = GL + JBL. 


(8.2) 
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For sufficiently small resistances Ry, Rs and Rg, the input reactance ImZj, is simplified to 


ImZ.. = By + Bio + B21 + Boo + BL (8.3) 
O Gi(Gx + GL) — G12G21 + Bi2B21 — B11 (B2 + Bi) 


Hence, the input equivalent capacitance Cin = —1/@ImZ;, can be written as 


1 Coa 1 1 
Cas + Cea { 1 — CE &mRgs ) — ResCgs Ras + Ri 


gs 


Cos (1 — 8m Rgs) + Chs £ + (oCesRes) | 











Cin =. Cys (8.4) 


where Ch, = Cas + CL, CL = BL/w. The numerical results show that, for constant gate and 
drain bias voltages, the value of the capacitance Cin varies within 20-30% in a frequency range 
up to 0.5—0.6 fr. In this case, taking into account that Cga << Cys and that the effect of the 
gate-source resistance R,, is negligible at lower frequencies, the equivalent input capacitance 
Cin can be approximately calculated by Cin = CgsC§,./(C 4, + Ces). 

The tuning sensitivity of the VCO resonant circuit to the variation of the varactor capacitance 
is written as 


df = f o Py Qy 
dC, 2C, P LOL 
which indicates that, for the given values of the resonant frequency fo and ratio of P,/PL, a 


wider frequency bandwidth will be realized using a varactor with lower capacitance value and 
higher quality factor. Maximum tuning range can be provided with Cy/Cin < 1 when 


P,Qy 
PLOL 


As a result, the relative tuning sensitivity becomes maximally equal to 


df Jac, 1 ne 
Sale Ge me 





(8.5) 





> 1 





Generally, the VCO tuning characteristics are essentially nonlinear. Using the abrupt var- 
actors for a wideband frequency tuning up to 45% results in the slopes of the frequency tuning 
characteristics within the limits of 10:1. Therefore, to linearize varactor tuning characteristics, 
analogue or digital linearizers are used, resulting in an increase of settling time and post-tuning 
drift of the whole VCO subsystem. However, the analogue linearizer enables one to improve 
intrinsic VCO linearity by only an order of magnitude [1]. Prospects to improve tuning linear- 
ity can be considered, either with the use of varactors with a special doping profile to give a 
required voltage—charge characteristic or with the use of hyperabrupt varactors [2, 3]. In both 
cases, technologically, the problem is not easily solvable and the required C-V dependence 
occurs only in a narrow range of varactor bias. As a result, a proper choice of the structure and 
type of the VCO resonant circuit to provide linear frequency tuning is an extremely difficult 
problem. It was found that the use of abrupt varactors in the oscillation system with two coupled 
resonant circuits allows linearizing the modulation curve within limits of 1% for VCOs with 
varactor tuning bandwidths of 1-3% [4]. Use of hyperabrupt varactors can help substantially 
to minimize the frequency tuning nonlinearity in a wide frequency range. For an ideal lossless 
oscillation system with optimum values of circuit parameters, it is possible to realize more 
than one octave varactor tuning band with tuning slope ratio of about 1.5. 
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Figure 8.3 Transient response of oscillator resonant frequency 


For microwave wideband VCOs, it is convenient to use oscillation systems with two coupled 
resonant circuits using coupled microstrip lines or T -transformers [5]. The advantage is that it 
yields dc isolation without using an additional blocking capacitor. This circuit is very suitable 
for monolithic integration. The parameter optimization of the MESFET VCO oscillation system 
with a T -transformer between the gate and the varactor contributes to the realization of the 
tuning nonlinearity of +30 MHz or +0.4% for a varactor frequency tuning bandwidth of 7— 
10 GHz [6]. Improvement of the VCO frequency tuning linearity can be achieved by providing 
high values of the coupling coefficient between the two coupled resonant circuits near the 
hysteresis region. 

Figure 8.3 shows the transient response of the oscillator resonant frequency following a step 
change in tuning voltage, where AT is the settling time and Af is the post-tuning drift [1, 7]. 
Settling time AT is defined as the time required to reach a specific error bandwidth around 
the final value of operating frequency, whereas post-tuning drift Af is the frequency deviation 
over a prescribed time interval. In order to be effective, a microwave VCO must be able to 
change operating frequencies in a time interval lasting from tenths of a nanosecond to several 
tenths of a microsecond with a set-on accuracy of a few megahertz. Increased tuning speed 
and reduced output power variations require a larger tuning capacitance range. A varactor bias 
circuit should be designed to have a negligible effect on the fundamental oscillator performance 
and minimize the frequency transition time simultaneously. For example, for a varactor bias 
circuit with series resistance of 100 Q and series inductance of 50 nH consisting of a low-pass 
filter together with the varactor capacitance, the frequency rise and fall times to step in a tuning 
voltage are about 2 ns with a slew rate of 600 MHz/ns to tune the oscillation frequency from 
2.2 to 3.4 GHz [8]. Generally, when designing wideband VCOs with minimum post-tuning 
drift, it is necessary to take into account simultaneously several factors, such as active device 
characterization, circuit topology, thermal considerations, and load pulling effect. 

The strongest technical requirements are associated with military microwave VCO systems. 
For instance, these systems are required to operate over a temperature range from —54°C to 
+95°C [1]. In this case, temperature stability can be obtained either by active compensation 
on the tuning or bias control network or by stabilization of the base plate temperature. The 
latter approach utilizes an appropriate heating element applied directly to the VCO circuit 
and isolated with some insulating material, with thermal characteristics that allow the overall 
temperature excursion of the VCO base plate to be limited to a few degrees. A critical factor 
in minimizing post-tuning drift is the active device attachment method. For example, the use 
of a eutectic device die attachment is preferable over epoxy attachment because of the epoxy’s 
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higher thermal resistance. For Au—Si eutectic attachment instead of silver epoxy, it is possible 
to reduce the device junction temperature significantly. 

To minimize the load pulling effect, it is necessary to provide sufficient isolation between 
the VCO and reactive components such as switches, filters or input matching circuits of multi- 
pliers and power amplifiers. Typically, about 40-50 dB of load isolation is required to minimize 
frequency pulling. This can be achieved by using a broadband lossy match single-ended am- 
plifier or balanced power amplifier as a buffer amplifier stage. For maximum isolation level, it 
is necessary to use an additional wideband attenuator with 10 dB or higher dissipation. 


8.2 SINGLE-RESONANT CIRCUITS WITH LUMPED ELEMENTS 


8.2.1 Series resonant circuit 


Figure 8.4a shows the VCO series resonant circuit representing a simple series connection of 
an inductance L and a varactor to the transistor, where Cin is the equivalent transistor input 
capacitance and Cy is the varactor junction capacitance [9]. The oscillation frequency wo 
that corresponds to the intersection point of two curves shown in Figure 8.4b, which are the 
frequency dependencies of varactor and device impedances, can be found from 





1 
— — Xin =0 8.7 
aC. (w) (8.7) 
where 
1 w — or 
Xin = OL =L 
wCin w 


is the reactance seen by the one-port network and expressed in terms of zeros and poles of the 
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Figure 8.4 Equivalent VCO series resonant circuit and its frequency performance 
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reactance function for the second-order reactive circuit, where w, = 1/./LCin and w = 0 are 
the zero and pole of the reactance Xin, respectively. 

Solving Equation (8.7) and using the varactor voltage—capacitance dependence defined by 
Equation (6.1) in Chapter 6 give the following equation for the oscillation frequency of the 


series resonant circuit: 
Cin V, Y 
wo = w1, |1 + (1 + *) (8.8) 
Cyo (A 


The frequency tuning bandwidth is calculated in general form through the varactor ca- 
pacitance ratio at maximum and minimum bias conditions. Equation (8.8) for maximum and 
minimum varactor bias conditions can be rewritten as 


1 
K= gota (8.9) 
K. + q 


where q = Cin/Cymin, Kf = @max/@min 18 the frequency tuning ratio, @max is the high tuning 
bandwidth frequency, @min is the low tuning bandwidth frequency, Ke = Cymax/Cvmin is the 
varactor capacitance ratio, Cymax is the maximum varactor capacitance, Cymin is the minimum 
varactor capacitance. 

From Equation (8.8) it follows that close to linear frequency tuning can be realized using 
varactors with sensitivity of y = 2. However, even for hyperabrupt varactors, sensitivities 
typically range from 1.1 to 1.6. Therefore, it is very important to define a circuit solution 
minimizing the tuning nonlinearity. To approximate wo(V,) to the linear function within a 
voltage range of Vymin < Vy < Vmax, Such a function ideally should be continuous and must 
have equal derivatives at each point within this range in accordance with 


doo(Vy 2 v! 
s(v) = 220M) _ 0 (yy = const (8.10) 
dV, 2w Q p 











where @yo = 1/./LCyo. The tuning slope characteristic $(V,) will be constant if 








dS (V, 
oy =0 (8.11) 
dV, 
at each point in the voltage range Vymin < Vv < Vvmax- 
Applying the condition stated in Equation (8.11) to Equation (8.10) results in 
Cin YW K 
(1+ ) (vy —2)+2%y—-1)=0 (8.12) 
Cvo p 


which has a singular solution only. Since (Cin, Cvo) > 0 and (1 + V,/g)” > 0, there is a bend 
point of the dependence woọ(Vy), shown in Figure 8.4c for varactor sensitivities within the range 


l<y<2 (8.13) 


Consequently, using varactors with sensitivity y defined by Equation (8.13) gives the ca- 
pability of reducing the tuning slope variation and improving VCO linearity. The tuning slope 
variation can be defined as the ratio of maximum slope value of the varactor tuning characteristic 
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Figure 8.5 Series resonant circuit VCO with linear varactor tuning range [10] 


to its minimum value in accordance with 


day day 
a= (8.14) 
dV, max dV, min 


Since |dC,/dV,| decreases with the increase of V,, for a theoretical evaluation of the fre- 
quency tuning nonlinearity for the series resonant circuit when y < 1, it is convenient to use 
the expression obtained from Equation (8.14) in the form 


Vymax Si 
CERK: (=) (8.15) 
Q F Vymin 








For a given value of Ky, the tuning slope ratio œ decreases with the increase of y and 
becomes minimally equal to œ = Ky when y = 1. As a result, the series resonant circuit with 
properly chosen varactor enables one to improve VCO tuning linearity ideally in an octave 
frequency tuning bandwidth, obtaining a minimum value of a = 2. 

Figure 8.5 shows the circuit schematic of a wideband VCO with linear varactor tuning using 
a series resonant circuit configuration [10]. For such a VCO, varactor voltage tuning from 0.9 
to 8.8 V provides a tuning frequency bandwidth from 2.6 to 3.9 GHz. This VCO circuit also 
includes two voltage regulators to vary the transistor input capacitance as its value depends on 
the dc bias conditions. Consequently, the total circuit capacitance Cr = CyCin/(Cy + Cin) is 
a function of both the varactor bias and dc supply voltages. Such an approach enables one to 
maximize the effective sensitivity y, making its value close to 2. As a result, a linear tuning 
characteristic over a frequency bandwidth of more than 40% with a tuning slope ratio of less 
than 1.25 or tuning linearity relative to a best-fit straight line of less than 0.5% was achieved. 





8.2.2 Parallel resonant circuit 


Figure 8.6a shows the parallel equivalent VCO resonant circuit, representing a parallel connec- 
tion of a circuit inductance L, a varactor junction capacitance Cy and equivalent input transistor 
capacitance Cin [9]. The oscillation frequency wọ that corresponds to the intersection point 
of two curves, i.e., the frequency dependencies of varactor and device reactances shown in 
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Figure 8.6 Equivalent VCO parallel resonant circuit and its frequency performance 


Figure 8.6b, can be defined using Equation (8.7). In this case, the reactance Xj, for the parallel 
resonant circuit is expressed as 

= wL o1 w 

~ 1—@LCin Chn W? — w 





Xin (8.16) 


where w = 0 and w = œw; are the zero and pole of the reactance Xin, respectively. 
Solving Equation (8.7) for a parallel resonant circuit yields the following equation for the 
resonant frequency as a function of the circuit parameters: 


CG VA” 
aso f jis (1+) (8.17) 


By using Equation (8.17), the frequency tuning ratio Kr as a function of the varactor 
capacitance ratio K. can be written as 








Ke 
re ta (8.18) 
+q 





Following the derivation procedure which was applied to evaluate the linearity properties of 
the series resonant circuit, we can obtain the following equations required to define the parallel 
resonant circuit linearity conditions: 





3 V, -y-1 
es eee (1 + *) (8.19) 
2059 P C 
Cy Vy\" 
oY —2)— Uy + p(i4 *) =0 (8.20) 


From Equation (8.20) it follows that the bend point of a function wo(V,) exists only for 
y>2 (8.21) 


The tuning nonlinearity of parallel resonant circuit in the range y < 2 can be evaluated as 


1 p + Vvmax en 
= (se _ wae (8.22) 
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Figure 8.7 Parallel resonant circuit VCO with octave varactor tuning range 


A comparison of Equations (8.15) and (8.22) shows that using the series resonant circuit 
for the VCO design enables one to reduce significantly the frequency tuning nonlinearity in a 
wideband frequency range compared with the parallel resonant circuit. If an abrupt varactor 
with y = 0.5 is used and an octave frequency bandwidth for maximum varactor bias range is 
realized, a tuning slope ratio for the series resonant circuit can be reduced by a factor of 3—4 t. 
Using hyperabrupt varactors with sensitivity 1 < y < 2, the tuning slope ratio can be reduced 
by an order of magnitude. 

Figure 8.7a shows an octave-band VCO common base schematic using a parallel resonant 
circuit configuration. In this case, we should take into account that, in order to achieve full- 
octave coverage, the equivalent transistor input capacitance should be relatively low. At the 
same time, the varactor voltage tuning range must be high. However, it is necessary to be 
very careful when VCO is tuned below a varactor bias voltage of 1 V where the varactor 
quality factor becomes very low. An example of the frequency tuning characteristic is given 
in Figure 8.7b [11]. It is clearly seen that the frequency range 200—400 MHz is achieved at 
the expense of the significant variation of the tuning slope ratio. Thus, when using a parallel 
circuit configuration to realize a stable linear VCO frequency tuning, the tuning voltage at the 
varactor must not be too low or too high. 

To improve VCO tuning performance, it is advisable to connect an additional varactor 
between the base and the emitter of the transistor, resulting in a T-type connection of the 
varactors. Figure 8.8a shows a common collector VCO schematic with a parallel inductor, a 
T -type varactor connection and an inductively coupled load [12]. In this case, by varying the 
varactor capacitance from 15 to 5 pF, a frequency tuning bandwidth from 250 to 400 MHz was 
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Figure 8.8 VCO schematic with T -type varactor connection [12] 


achieved with stable oscillations, high purity of the output frequency spectrum and flat output 
power over the entire frequency tuning bandwidth. 

To minimize the VCO phase noise level, it is very important to correctly choose elements in 
the varactor bias circuits. For instance, it is better to replace the large resistor or choke inductor 
between the varactor and its dc bias by a series connection of the inductor, whose inductance 
value should be high in the tuning range and low below the tuning range, and the resistor, 
whose resistance value is large enough to prevent parasitic oscillations that can be caused by 
a realized double-resonant circuit configuration. In this case, inductance works as an effective 
short-circuit for low-frequency noise through the varactor bias circuit. As an example, the 
choke inductor in the VCO schematic shown in Figure 8.5, and large-value resistors in VCO 
schematics, shown in Figure 8.8, should be replaced by series RL circuits. By using the series- 
connected 50-Q resistor and 80-nH inductor between varactor and its dc bias, noise reduction 
from 8 to 12 dB was achieved at 10 kHz offsets from the carrier over the frequency tuning 
range 750-1250 MHz [13]. 


8.3 DOUBLE-RESONANT CIRCUIT WITH LUMPED ELEMENTS 


Figure 8.9a shows two coupled resonant circuits (double-resonant circuit), where the equivalent 
transistor input capacitance and the varactor junction capacitance are connected through the 
inductive T -transformer [9]. To define the linearity conditions for such an oscillation system in 
a wide frequency range, it is necessary to solve Equation (8.7) with the reactance Xj, defined 
by 


(8.23) 





Ld - 2L naCin 2 w 
a o 


Xin = OLY + = 
7 y 1 — w?Cin(Lin + L) w -o 


where w = 0 and w = œ are zeros and w = œ; is a pole of the reactance Xin, 





k = L/L + Lin) (L + Ly) 
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Figure 8.9 Equivalent VCO double-resonant circuit and its frequency performance 


is the inductive coupling coefficient, 
a = 0 /V1—k 
w = 1/y Cin(L + Lin) 


In this case, the values of the oscillation frequency wo are located above the second zero 
@, as shown in Figure 8.9b. 


The resonant frequencies of a double-resonant circuit with lumped elements can be obtained 


as 
i y0 2 V, 5 Wk $ 
wo = @,,/1+ (=) (1 + *) + (=) J 2(1 — k?) (8.24) 
w1 (a w1 


Seea pe 
w1 w1 p (OJI p 
Oyo = 1/y Cvo (L + Ly) 


Applying a condition given by Equation (8.11) to Equation (8.24) yields the following 
equation to evaluate linearity properties of double-resonant circuit: 


(=) - 

2 -y 2 -a Cr 

ee + p(i+4) (22) = (2) en (8.25) 
2o a5 Q w, w1 
@ 


which shows a bend point of the frequency tuning characteristic for 





where 

















y<l. (8.26) 


Unlike the single series resonant circuit, such a result can be achieved by an appropriate 
choice of the inductive coupling coefficient k. To calculate the frequency tuning characteristic, 
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Figure 8.10 Frequency tuning bandwidth versus varactor bias voltage 


it is best to rewrite Equation (8.24) in normalized form as 


2 y 2 
V! VY Vy 
1+(2) (1+ ) [e l 
wo w1 g w1 


= a GF eae (8.27) 
min 1+ (=) (1 + me) + E vmin | 
Ww) p wı 


where (wy0/@1) = qo(1 + Lin/LYK?, qo = Cin/Cvo. 

Figure 8.10 shows the frequency tuning curves of a double-resonant circuit for Vymin = 
0, Lin = Ly, various values of qo and k using (a) an abrupt varactor with the values of y = 0.5 
and = 0.6 V and (b) a hyperabrupt varactor with the approximated values of y = 1 and 
gy = 2.5 V. From comparison of curves shown in Figure 8.10a for go = 0.5 it follows that a 
decrease of k from 0.7 to 0.2 results in a decrease of the tuning slope ratio by a factor of almost 
two, and reaches its minimum value of œ = 3.2 in a frequency range of Ks = 1.7. For qo = 1, 
at which the octave tuning bandwidth is realized, œ does not practically depend on coupling 
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Figure 8.11 L-band bipolar VCO circuit schematic 


coefficient k having a value of a > 6. Using the oscillation system with go < 0.5 results in a 
significantly smaller frequency tuning bandwidth with abrupt varactors. However, it follows 
from Figure 8.10b that using hyperabrupt varactors enables one to improve tuning linearity, 
and there is an optimum value of k = 0.5 for gg = 0.5 when a < 1.4 in a frequency range of 
Ky = 2.2. The main advantage of such an oscillation system with two coupled resonant circuits 
is a wide linear varactor frequency tuning for different values of qo. 

Figure 8.11 shows the electrical schematic of the L-band bipolar VCO circuit. The optimum 
qo was realized using two back-to-back connected silicon hyperabrupt varactors with Cyo = 
20 pF. The active device represents a microwave bipolar transistor characterized by transition 
frequency fr = 2.3 GHz and collector capacitance Ce = 5 pF. In this case, when the collector 
terminal of the bipolar transistor is RF grounded, the collector capacitance can be considered 
as the first approximation for the equivalent input device capacitance Cin. The calculated 
values of lumped inductances are identical and equal to L; = L2 = L3 = 9 nH. To provide 
the frequency stable and monotonic varactor tuning, the load circuit includes the variable 
feedback capacitance in the range 1—5 pF and series inductance L4 of 3—10 nH. 

Figure 8.12 shows the comparative tuning bandwidth characteristics and modulation sensi- 
tivities of L-band VCOs with a double-resonant circuit (curves 1 and 3) and a single-resonant 
circuit (curves 2 and 4). The single-resonant circuit is represented by a series inductance 
L = Lı +L and an ideal choke instead of inductance L3. Comparison of the curves shows 
that using the oscillation system with two coupled resonant circuits widens the frequency 
tuning bandwidth (curve 1) and reduces the tuning nonlinearity. The tuning slope ratio a = 9 
(curve 4) for the single-resonant circuit decreases to œ = 2.3 (curve 3) for the double-resonant 
circuit. This means that the tuning linearity relative to a best-fit straight line improves from 
+3.5% to +0.7% for a tuning bandwidth of 45%. 

By minimizing the varactor lead inductances and optimizing the inductances Lz and L3, it 
is possible to realize maximum tuning bandwidth using a common base device configuration. 
Figure 8.13 shows the electrical schematic of the microwave X-band bipolar VCO designed 
for a very wide frequency range monotonically tunable from 3.0 to 9.4 GHz [14]. The possible 
negative resistance bandwidth was calculated and measured in a frequency range 2.5—11 GHz 
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Figure 8.13 Microwave X-band bipolar VCO circuit schematic 


50 Ohm 


for a NECS567 bipolar transistor using a feedback inductor Lı and a capacitor C1. Such a 
wideband frequency tuning was provided by a GaAs hyperabrupt varactor with Cyo = 1.2 pF 
and K, = 11. 


8.4 TRANSMISSION LINE CIRCUIT REALIZATION 


At microwave frequencies, the VCO oscillation systems very often represent structures with 
distributed parameters using microstrip transmission lines. It allows one to achieve, for both 
hybrid and monolithic VCO realizations, higher quality factors of the oscillation systems with 
optimum temperature stability and noise characteristics in comparison with LC-oscillators 
[15]. One of the basic problems for microstrip VCO design is the realization of a wide tuning 
bandwidth with a high tuning linearity. 


8.4.1 Oscillation system with uniform transmission line 


Among VCO oscillation systems with distributed elements the structures with uniform trans- 
mission line are the most popular in view of simplicity of their practical microstrip implemen- 
tation. For the first time an opportunity arose to use a uniform transmission line as a two-port 
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Figure 8.14 Equivalent circuits of oscillation systems with uniform transmission line 


transforming network between the transistor and varactor in order to increase the oscillation 
system sensitivity to a varactor capacitance tuning [16]. In some cases, the sensitivity of such 
an oscillation system to varactor capacitance tuning becomes higher than that of the oscilla- 
tion system without a transmission line, taking into account the varactor and transistor lead 
inductances [17]. In practice, the two back-to-back varactors are often used, being connected 
either (a) at both sides of a transmission line or (b) at its opposite side, as shown in Figure 8.14. 
It is crucial to determine the relationship between the varactor capacitance, equivalent input 
device capacitance and the parameters of the transmission line to achieve maximum tuning 
bandwidth for minimum voltage range of the varactor tuning. Note that an increase in the 
number of varactors is undesirable, because it leads to a growth of losses in the oscillation 
system and their complexity. 
For the circuit shown in Figure 8.14a, the oscillation frequency can be obtained as 





1 
j Ly + Lin “eS 
JoCin i jol } jal, 





+Zr(@)=0 (8.28) 


where 


Zy + jZotan0 


Zr=Z 
T 97) + jZ, tand 


is the input impedance of a loaded lossless transmission line, is the electrical length of a 
transmission line and Zy = jæLy + (1/j@Cy,) is the load impedance. 

Solving Equation (8.28) for tan@ allows us to determine the oscillation frequencies of the 
resonant circuit with two varactors connected between a transmission line as 


A+(1—@*LyCy)Cin/Cy 
o? CnC, Z? — ACL — wL Cy) 





tanð = a@CyZo (8.29) 
where A = 1 — Cin (Lin + Ly) + Cin/Cy. 

Similarly, the same equation for the resonant circuit with two varactors connected to the 
opposite side of the transmission line, shown in Figure 8.14b can be written as 


At (1 —@LyCy)Cin/Cy 


tan = oC, Z 
MIE CT A ay ba abe.) 





(8.30) 
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A comparison of Equations (8.29) and (8.30) shows that both resonant circuits provide the 
same tuning properties if 
OCC Ze > AG — L,C) 
when the oscillation frequency can be determined from 


Cin + Cy 1 
~ CaCy © (Lin + 2Ly) + Zo tand 





(8.31) 


For a short transmission line with electrical length of 0 < 2/4, the frequency tuning coef- 
ficient K¢ depends on varactor capacitance tuning coefficient K, as 





K = Keg (8.32) 
The required value of K. for a given value of K¢ can be obtained as 
AK? + AKo + Ao = 0 (8.33) 
where 
A2 = OmaxCyvminZoK¢ [K? — wb Cin (Lin + 2Ly)] 
+ [OnaxCinLy (Lin + Ly) — Kf Omax (Z0Cin + Ly) | Cvmin tan 0 
A, = KÈ {2K p@maxCinZo + [KF — oZaxCin (Lin + 2Ly)] tan 6} 
Ao = Ke = tan 0 
where 


in 


1— W2 axCin (Lin T Ly) + 





0 = : tan! 1 = @haxCominbov + : tan! 
Ke ®maxCyminZo Kr ®maxCinZo 


vmin 





However, it is advisable to analyse resonant circuits with transmission lines in a general 
form to obtain the common regularities and particular features. In this case, the coefficients 
Az, A, and Apo in quadratic Equation (8.33) can be rewritten in a general form [18] 


Ay = mKy[K? -n° (1 + 2q)] + {p [0 +24)n? — qp’°] — Kj (qm? + p’)} tano 
A, = KẸ {2Kiqm + [Kj — n° (1 + 2q)]tan6} 
Ap = Kiq tan 0 

where 


1 l=- pP 1 _1+0+pòq — + 2q)n? 
+ tan 
Ke m Ke mq 





using the following independent normalized parameters: 
M = OmaxCyminZ0 n= Wmax /@max0 


Pp = Wmax /@vmax q= Cin/Cymin 
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where 


Wymax = 1/y LyCymin 


CinCymin 
max0 = 1 a a a Lin 2Ly 
is j H£ + Cymin ; ji 


The electrical length of a transmission line at high bandwidth frequency can be determined 
from 





(8.34) 


A+A- p? 
Omax = tan! lm + ¢ p )q | 


qm? — AC — p?) 


where A = 14+ g(1 + p°’) — (1 + 2q)n?. 

Figure 8.15a shows the dependencies K;(K,) for the resonant circuit with a transmis- 
sion line between two varactors with various values of normalized parameters: 0.25 < m < 
2,n = 0.8, p = 0.7 and 1 < q < 10. The dotted lines indicate the dependencies K¢(K,) for the 
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Figure 8.15 Dependencies K;(K.) of oscillation systems with uniform transmission line 
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oscillation system without a transmission line merged with the dependencies K+(K,) for the 
oscillation system with a transmission line with m = 2 (q = 1, 10). The same dependencies 
for the resonant circuit when a transmission line is connected between the active device and 
two back-to-back varactors are shown in Figure 8.15b. A comparison of curves shows that in 
both cases their behaviour is practically similar. For high q, it is preferable to use an oscillation 
circuit without a transmission line or to choose a transmission line with high characteristic 
impedance. However, at low q and m, it is possible to widen the frequency tuning bandwidth 
using a transmission line. This means that, in this case, it is necessary to choose a transmis- 
sion line with the lowest possible characteristic impedance. For some intermediate value of 
q(q = 2.5 for the first case and q = 1.5 for the second), the band properties of both oscillation 
systems are the same and do not depend on m. 

Nevertheless, the oscillation system with a transmission line between two varactors has 
some advantages in band properties compared with the oscillation system with a transmis- 
sion line between the active device and the varactors. A comparison of the curves K.(m) 
shown in Figure 8.16 for p = 0.7,n = 0.8 shows that, at low m, the same octave tuning 
bandwidth for the oscillation system (a) with a transmission line between two varactors is 
realized with lower K. than (b) with a transmission line between the active device and two 
varactors. 
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Figure 8.16 Dependencies K;(m) of oscillation systems with uniform transmission line 
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Figure 8.17 Oscillation systems with (a) uniform and (b) two-section transmission lines 


8.4.2 Oscillation system with multi-section transmission line 


The band properties of a resonant circuit containing a short-circuited transmission line shown 
in Figure 8.17a can be improved if, instead of a uniform transmission line, a nonuniform 
transmission line is used, the spectrum of natural frequencies of which is nonequidistant. 
Figure 8.17b shows an example of the short-circuited two-section transmission line. Among 
the oscillation systems with nonuniform transmission lines, the oscillation systems with a multi- 
section line with alternating high and low characteristic impedance of its uniform sections are 
ideal from the standpoint of maximum frequency tuning bandwidth. A sensitivity variation of 
such a multi-section line is determined by a spectrum rarefaction near the resonant frequency 
for a tuning band widening and spectrum narrowing in the case of frequency stabilization. 

The main difference in frequency properties between the oscillation system with (a) a short- 
circuited uniform transmission line with an equidistant spectrum and (b) a multi-section line 
with a nonequidistant spectrum is shown in Figure 8.18. The graphical results show that it is 
preferable to use a multi-section line for wideband varactor tuning on a fundamental resonant 
frequency when a smaller change in K, causes a larger change in Kr. The section adjacent to 
the varactor should have high characteristic impedance [17]. 

A comparative analysis of various structures of oscillator resonant circuits with multi-section 
lines shows that the simplest in practical implementation, ensuring at the same time close to 
the maximum frequency tuning bandwidth for a given value of K., is the oscillator resonant 
circuit with a two-section line (see Figure 8.17b). Figure 8.19 shows the resonant circuit with 
a two-section transmission line, where M is the characteristic impedance ratio, 6, and 62 are 
the electrical lengths of the high-impedance and low-impedance sections, respectively. 

The tuning frequency bandwidth can be found from the phase balance condition given by 


1 
2 (jor, + =z) + Zin (@) = 0 (8.35) 
Joc 


Vv 
which can be represented in general form 


2K? 


K. = (8.36) 





mKe 
2p? + ——Zin(Ks) 
Zo 


where 





1 2—k kOmax 
Zin = Zotan (in (a (n (MXL)+ a am) ) + K: ) 


Xi = [0 + 2q)n? — 2p°q4 — KẸ] /mqK; 


k = 201 /(01 + 02), Omax = (Omaxı + Omax2)/2, Omaxı and Omax2 are the electrical lengths of the 
high-impedance and low-impedance sections at a high bandwidth frequency, respectively [17]. 
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Figure 8.18 Frequency behaviour of oscillation system with (a) short-circuited uniform and (b) stepped 
transmission line 
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Figure 8.19 Equivalent VCO resonant circuit with two-section line 


The maximum electrical length Omax is determined as a result of numerical solution of Equa- 
tion (8.36) with a single unknown parameter at fixed values of normalized parameters m, n, 
p,q and k when Ky = K. = 1. 

The numerical calculations have shown that, for various values of a normalized parameter 
m, there is an optimum value k, at which K, is minimal. Forn = 0.8, p = 0.7, M = 20,q = 1 
and m = 1, an octave bandwidth is realized for K. = 4.7 with 62/0; = 2.3. For equal electrical 
lengths when 62 = 6), the octave bandwidth is provided with K. = 5. The dependencies K¢(Ke) 
for various values of (a) 0.25 < m < 2, (b) 1 < M < 30 and (c) 0 <n < 0.8 at fixed values 
of p = 0.7 and k = 1 are shown in Figure 8.20. Comparison of the curves shows that the 
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Figure 8.20 Frequency dependencies of oscillation system with two-section line 
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Figure 8.21 Circuit schematic of common drain MOSFET VCO with two-section line 
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oscillation system with a two-section line provides wideband tuning for both low and high 
q. Maximum sensitivity to varactor capacitance tuning is realized in the range m = 0.5-1, 
as follows from Figure 8.20a. An increase in the characteristic impedance ratio M leads to a 
substantial widening of the tuning bandwidth, shown in Figure 8.20b. Besides, a smaller value 
of the parameter n results in a narrower frequency tuning bandwidth, as shown in Figure 8.20c. 
This means that the lead lumped inductances contribute to an additional widening of the tuning 
bandwidth. 

Figure 8.21 shows the electrical circuit of the common drain MOSFET VCO with an optimal 
two-section line. The active device is characterized by the transition frequency fr = 1 GHz 
and the equivalent input capacitance C;, = 2 pF. The varactor minimum capacitance Cymin is 
equal to 2 pF with tuning coefficient K, = 4.5—-6.5 in a bias range from 3 to 25 V. A high value 
of the characteristic impedance ratio M > 16 was provided using a high-impedance coaxial 
transmission line and low-impedance symmetric stripline. The measured frequency tuning 
characteristics of the MOSFET VCO with a two-section line (curve 1) and with a lumped 
inductance (curve 2) are shown in Figure 8.22. In the latter case, a two-section line is replaced 
by a series lumped inductance to realize a lumped VCO with the series resonant LC-circuit. 
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Figure 8.22 Frequency tuning characteristics of MOSFET VCO with two-section line 
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The calculated frequency tuning characteristics are shown by dotted lines for both cases. Using 
a two-section line allows one to widen significantly the frequency tuning bandwidth. A full- 
octave frequency bandwidth from 250 to 500 MHz was achieved within a varactor bias range 
from 2 to 25 V. The tuning slope ratio œ < 2 can be provided for a tuning bandwidth of 46% 
with Kr = 1.6. 


8.5 VCO CIRCUIT DESIGN ASPECTS 
8.5.1 Common gate MOSFET and MESFET VCOs 


To analyse the frequency tuning possibility of the MOSFET VCO resonant circuit, it is sufficient 
to consider the simple device equivalent circuit, especially when the operating frequencies are 
not too high. Figure 8.23 shows the common gate MOSFET VCO equivalent circuit where 
Z, = 1/j@C is the capacitive source reactance, Z = jwL is the inductive gate feedback 
reactance and Z = Ry + jwL is the load impedance [19]. Since the device feedback gate— 
drain capacitance Cga is usually much smaller than the device gate-source capacitance Cg, 
its influence on the VCO impedance characteristic can be neglected, which simplifies the 
analytical calculations significantly. 
The start-up conditions for such an oscillator can be written as 


ReZin, < 0 (8.37) 
Im (Zin + Z1) = O (8.38) 


where the input impedance Zin is determined through the device small-signal common source 
Y -parameters by 


1+ YZ + Y2 + Z2AY) ZL 





(8.39) 


in 


~ Yu H¥ 2 + Ya + Yn + AY (Z2 + Zz) 











Figure 8.23 Common gate MOSFET VCO equivalent circuit 
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Figure 8.24 Frequency dependencies of impedance curves for different feedback parameters 


Substituting the small-signal Y-parameters expressed through the parameters of the 
MOSFET equivalent circuit into Equation (8.39) yields 


Z = ad PE CaL) _ CL) an @CasC os(RL aE Ra) Regs + 
> &m — w?CasC (RL + Ra + Rgs) + 


N jol a wC gsL)Cas (RL T Ra) F ad P- w CasLL)Cgs Res] 
JolCgs F Cas <a @?CgsCas(L F Ly)] 








(8.40) 


Figure 8.24 shows the theoretical impedance (resistance and reactance) curves versus fre- 
quency for different values of L and Ly and Ry = 50 Q (curve 1: L = 200 nH, Ly = 50 nH; 
curve 2: L = 200nH, Ly = OnH, curve 3: L = 100nH, Li = OnH). The MOSFET device has 
a 5-um gate length and its small-signal equivalent circuit parameters are of gm = 27 mA/V, 
Cys = 5 pF, Rgs = 25 Q, Cas = 3.6 pF, and Ra = 70 Q. These dependencies show that, for 
different values of the inductances L and L 1, the input resistance Rin becomes negative in a 
frequency range from 200 to 400 MHz. With decrease of the inductance Ly, a frequency range 
with negative resistance extends to higher frequencies. The same influence is challenged by 
the feedback inductance L, but at the same time this inductance has practically no effect on 
the width of the frequency range with the negative resistance. The input reactance is inductive 
at low frequencies, whereas it becomes capacitive at higher frequencies. 

To analyse the possibility of the maximum frequency tuning bandwidth, it is best to consider 
the required variation of the feedback inductance L when ReZj, = 0 in Equation (8.40). As a 
result, the feedback inductance can be calculated from 


1 p_ |P 
L= 1 N 8.41 
o? Cys ( eva S wey 


_ gm = wCasL1) 
CRR + Ra) 


_ (E) Rgs(1 = a’ CasLL)? 
= Cas Ry + Ra 





where 








Cos 
T Rgs [oC ysCas(RL + Ra F Rgs) Er 8m] a 
ds 
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Figure 8.25 Frequency dependencies of feedback (a) inductance and (b) capacitance 


Figure 8.25a shows the frequency dependencies of the feedback inductance L for different 
values of the load inductance Lı (curve 1: Li = 0. curve 2: L = 50 nH, curve 3: Ly = 75 nH). 
An improved tuning sensitivity to the variations of the feedback inductance is realized with 
minimum load inductance. To provide such a behaviour of the feedback inductance, resulting 
in a wideband tuning, it is necessary to connect a varactor in series to the gate inductor L. At 
high bias voltages, the variations of the varactor capacitance are not so significant. However, 
at low bias voltages, the greater variations of the varactor capacitance result in a significant 
increase of the equivalent inductance. 

By using Equation (8.38), the value of the capacitance C expressed through the device 
equivalent circuit parameters can be obtained for a given value of the feedback inductance L 
from 


Cos(1 — @CasLL) + Cas(1 — ©? Cosh 
C= g ( w Cds L) + ds( wW L gs ) (8.42) 
7 CgsCas(RL F Ra)Rgs TT ad a wCasLi)(1 = w?CyL) 





Figure 8.25b shows the frequency dependencies of the source capacitance C for different 
values of the device transconductance gm (curve 1: 2m = 10 mA/V. curve 2: 2m = 20 mA/V, 
curve 3: gm = 30 mA/V). It is clearly seen that, at fixed frequency, smaller values of the 
device transconductance gm result in a significantly smaller value of the capacitance C. As a 
result, by setting the minimum capacitance value at high bandwidth frequency with maximum 
transconductance, it is possible to achieve more than octave-band frequency tuning using a 
varactor connected in series to the feedback inductor. In this case, the transconductance reduces 
at lower frequencies, contributing to the minimum variations of the output power. Analysis of 
Equation (8.41) shows that the variations of the device transconductance gm have negligible 
effect on the value of gate feedback inductance L. 

For clear qualitative demonstration of the appearance of the negative resistance and its 
dependence on the main parameters of the device equivalent circuit, it is enough to set to zero 
the values of Cas, Ra and Li. Then, Equation (8.40) can be simplified to 





= &m(1 a @ Cyl) + w? Ch Rgs + JOC gs(8mRgs — 1+ w’ CgsL) 


Z: 
m Be +o? C2 g2 + C2 


(8.43) 
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Figure 8.26 Circuit schematic of common gate MOSFET VCO 


From Equation (8.43) it follows that the negative resistance is a result of the presence of 
the feedback gate inductance L, and it occurs at frequencies 


1 
o> (8.44) 


CosRos 
Cx (: Z ct) 
8m 


Hence, the low tuning bandwidth frequency can be chosen by using a proper value of the gate 
feedback inductance L for a particular active device with measured or modelled values of the 
gate time constant Te = Ces Rgs and small-signal transconductance gm. Depending on values 
of the gate-source resistance Rgs, the input reactance can change its values from inductive to 
capacitive. 

Figure 8.26 shows the practical realization of such acommon gate MOSFET VCO using two 
hyperabrupt varactors with K, = 10 and Cymin = 2 pF. This allows one to achieve output power 
of 17 +5 dBm in the frequency tuning bandwidth from 170 to 390 MHz with varactor bias 
range 0.4—30 V. The output power reduces at low bandwidth frequencies for low varactor bias 
voltages when the oscillator loaded quality factor degrades due to decrease in the varactor 
quality factor. The variable capacitance connected to the device source terminal is used to 
fulfil the phase balance condition over the entire tuning bandwidth. Despite some limitations 
in applying the small-signal analysis and using the simplified device equivalent circuit, the 
experimental results are in a very good agreement with the theoretical estimate of the frequency 
tuning bandwidth. 

Similar small-signal analysis can be applied to the common gate MESFET oscillator. By 
using the NE32684 device with 8m = 38 mA/V, Cy, = 0.24 pF and Cas = 0.108 pF (under 
bias conditions of Vaa = 2 V and J4 = 20 mA) and gate feedback inductance of 7 nH, the 
negative resistance occurs above 3 GHz and disappears at around 7 GHz [20]. The major part 
of input reactance is capacitive and needs an inductive part to provide the phase compensation. 
Figure 8.27 shows the practical circuit schematic of the common gate MESFET VCO. By using 
a tank resonator with parallel inductor of 1 nH and a varactor with capacitance tuning range 
from 0.2 to 1.4 pF, the frequency tuning bandwidth from 2.6 to 5.2 GHz with output power 
of 3+5 dBm at 50-Q load (connected through blocking capacitance to the drain terminal) 
were achieved. The difference between practical schematics of the MOSFET VCO shown in 
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Figure 8.27 Circuit schematic of common gate MESFET VCO (permission by IEICE) 








Figure 8.26 and the MESFET VCO shown in Figure 8.27 is in the location of the varactors. 
The frequency tuning of the MOSFET VCO is realized by varactors located in the gate circuit, 
whereas a varactor located in the source circuit provides frequency tuning for the MESFET 
VCO. 


8.5.2 Common collector bipolar VCO 


The tuning possibility of a bipolar VCO resonant circuit can be evaluated by using the simple 
device equivalent circuit shown in Figure 8.28 [19]. Here, the collector terminal is common 
and usually RF grounded in the practical realization with a bypass capacitor. The simpli- 
fied equivalent circuit includes the collector capacitance Ce, the base-emitter capacitance Cz 
(including diffusion and junction capacitances) and a current source described by the small- 
signal transconductance gm. To provide wideband frequency tuning, the two varactors, C p and 
C£, are used in the base and emitter circuits, respectively. 

For a common collector bipolar VCO, the equation for resonant frequencies in a steady-state 
operation mode can be given by 


CCS CCS 
CaF CS Cy ECS 
To characterize the VCO band properties, it is convenient to use the generalized depen- 


dencies K¢(K¢1, Ke2), where Ke1 = C? Fi Os Koa = Coax CS To obtain the results 


vmax vmin? vmax vmin* 


regardless of the particular values of the circuit parameters, it is best to introduce normalized 


w LC (c. + ) =C? +C. + (8.45) 





Figure 8.28 Equivalent circuit of common collector bipolar VCO 
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Figure 8.29 Frequency tuning performance of common collector bipolar VCO 
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parameters. By using the normalized parameters mo = w@rCe/8m, q1 = Cc/Cymin and q2 = 
Co/C ymin> Equation (8.45) can be rewritten in general form as 
1 m Ka (l +m 
KESIK A +q) (m0 + 42) +qı 2 (1 +mo)+q2 (8.46) 
(qı + Kei) (moKe2 +q2)+qıK2 = 1 +mo + 42 


Figure 8.29 shows the different dependencies K¢(K.1, Ke2) for various values of the nor- 
malized parameters q1, q2 and mp = 0.012. Here, curve 1 is plotted for qı = 1 and q2 = 0.5 
with varactor tuning in the base and emitter circuits simultaneously. Curve 2 is characterized 
by qı = 1 and q2 = 0.05, with varactor tuning only in the base circuit when Ke2 = 1. Curve 
3 is calculated for qı = 0.1, q2 = 0.5 with varactor tuning only in the emitter circuit when 
K., = 1. A comparison of the curves shows that, for varactor tuning in the base and emitter 
circuits simultaneously, maximum tuning bandwidth is achieved (curve 1). Using varactors 
only in the base circuit (curve 2) gives larger tuning bandwidth than in the case of the varactor 
tuning only in the emitter circuit (curve 3). In this case, decreasing q2 and increasing qı can 
increase the tuning bandwidth. To increase the tuning bandwidth by emitter varactor tuning 
only, it is necessary to reduce the parameter qı significantly, provided q2 = 1. 

Figure 8.30a shows a typical common collector lumped VCO circuit where the two back-to- 
back varactors provide wideband tuning [21]. In this circuit, the load is conductively connected 
to the resonant circuit inductor. The choke inductors Len and bypass capacitors Cy form low- 
pass filters with high impedance at the fundamental frequency to isolate voltage supplies and 
low impedance for the modulation frequencies. By using abrupt varactors with K, = 3 ina 
bias voltage range 0-5 V and minimum capacitance Cymin = 0.6 pF, it is possible to provide 
wideband tuning in a frequency range with Kẹ = 1.6. Similar tuning bandwidth is predicted 
by curve 2 in Figure 8.29. Taking into account that the equivalent device input capacitance is 
equal to 1.5 pF, the tuning bandwidth from 5.5 to 8.0 GHz was realized with a tank inductor 
of L = 1.9 nH. To maintain the output voltage flat with frequency, a third varactor can be 
connected between collector and emitter terminals, as shown in Figure 8.30b [22]. As the 
tuning frequency increases, the capacitance of the varactor decreases, thus minimizing the 
variations of the output impedance across the collector of the transistor. Without this varactor, 
the collector voltage amplitude decreases with increasing frequency. 
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Figure 8.30 Typical common collector lumped VCO circuits 











Figure 8.31 Simplified VCO schematic with two combinations of base and emitter circuits 


However, for a common collector VCO, the conductive load connection is not the only way 
to realize a maximum level of output power. In addition, it is very important to provide its 
minimum flatness over the entire tuning bandwidth. The load can also be connected to the 
emitter terminal, thus decreasing the influence of the load impedance on the resonant circuit, 
which enables one to realize its higher quality factor. Figure 8.31 shows (a) the simplified 
common collector VCO schematic and (b) two possible combinations of the admittances in 
the base and emitter circuits. In the first case, the load is connected to the resonant circuit 
conductively or inductively, provided the impedance in the emitter circuit is capacitive. The 
second combination requires inductive impedance in the base circuit when the load is connected 
in parallel to the device emitter and collector terminals. 
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Figure 8.32 Output power versus oscillation frequency 
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Figure 8.33 Circuit schematic of common drain MESFET VCO 





Figure 8.32 shows the calculated dependencies of the normalized output power versus 
normalized frequency for both above-mentioned cases [23]. For case 1, the load is connected 
to the base circuit and the output power has maximum when w = wg. For case 2, the output 
power comes from the device emitter and its level changes negligibly up to w = 0.5@,. As 
a result, for the latter case, VCO can be tuned easily in a very wide frequency range by a 
simple tuning of the value of the series inductance in the base circuit using a varactor diode 
in reverse-bias operation. The series or parallel RC-circuit with constant capacitance and load 
resistance can realize the capacitive impedance in the emitter circuit. 

To match device output impedance to the standard load and make the output power flat 
over a very wide frequency range, the T-type matching circuit consisting of a shunt pair 
of the two back-to-back varactors and two series inductors can be used. Figure 8.33 shows 
the simplified schematic (without bias circuits) of the monolithic MESFET oscillator where 
hyperabrupt varactors with a capacitance ratio of 10:1 provide wideband frequency tuning 
from approximately 7 to 18 GHz [24]. 


8.5.3 Common base bipolar VCO 


Figure 8.34 shows the schematic of the common base VCO with varactors in both the base and 
emitter circuits [19, 25]. The resonant frequencies can be found from 


CÊ aCe aCe C? ce ce+c 
2 b v Tey TY y v v v v 

LC; | 1+— l+gmR =(1 1 mR 
w 7 | + a + 2 ( +g D| ( + 2 ) ( + =) + a; + a; 8 L 











(8.47) 
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Figure 8.34 Circuit schematic of common base bipolar VCO 
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Figure 8.35 Frequency dependencies of common base bipolar VCO 


In a general form, Equation (8.47) can be rewritten as 








K. 
K= J q2(qı + no) + qı(no + mo) + mo q2 + K.2(no + mo) (8.48) 


1 
“ qalqi +noKa) + 1K 2(no + Mmo) +mMoKoiKe2 q2 + no + mo 


where no = 1 + @rRLCe. 

Figure 8.35 shows the dependencies K;(K.1, Ke2) for various values of the normalized 
parameters q1, q2 and mp = 0.012, no = 1.6. A comparison of the curves shows that, for the 
simultaneous varactor tuning in the base and emitter circuits, three-fold frequency overlapping 
(curve 1: q; = 1, q2 = 0.5) can be achieved. At the same time, the bipolar VCO with varactors 
only in the base circuit (curve 2: qı = 1, q2 = 0.05, K.2 = 1) is characterized by a larger 
sensitivity to the varactor capacitance tuning than the emitter—-varactor VCO configuration 
(curve 3: q1 = 0.1, q2 = 0.5, K., = 1). For the purpose of frequency bandwidth widening, it 
is best to reduce the parameter q2 and increase the parameter q1. The influence of the parameter 
no is negligible and need not be taken into consideration. 

Figure 8.36 shows the practical L-band bipolar VCO manufactured using hybrid technology. 
To achieve wideband tuning, silicon hyperabrupt varactors with a minimum capacitance value 
of Cymin = 1.2 pF and capacitance ratio of Ke > 10 within a varactor bias range 0-25 V were 
used. Using the lead inductances of the bipolar transistor and varactors provides the required 
value of the base inductance L. Experimental results are shown in Figure 8.37. The minimum 
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Figure 8.36 Practical L-band bipolar VCO schematic 


flatness of the VCO output power can be achieved by proper tuning of the variable capacitor C 
within its capacitance range from 0.5 to 2 pF. To provide a frequency tuning range from 0.65 
to 1.76 GHz, it is necessary to tune the varactor bias voltage V, from 0 to 25 V. The resulting 
tuning slope ratio @ is less than 6 over the entire frequency tuning range. 


8.6 WIDEBAND NONLINEAR DESIGN 


There are many different computer-based approaches to design and optimize VCOs according 
to their parameter specifications. For example, a simple quasilinear method can be applied 
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Figure 8.37 Experimental frequency tuning characteristics of L-band bipolar VCO 
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Figure 8.38 Electrical bipolar VCO circuits with (a) two-section line and (b) L-transformer 





to provide the nonlinear design of wideband linear bipolar VCO [17]. Figure 8.38 shows the 
common collector bipolar VCO circuits with (a) two-section line and (b) L-transformer. The 
two back-to-back hyperabrupt varactors are capable of realizing a wide tuning bandwidth in a 
full-octave frequency range from 4 to 8 GHz. The nonlinear properties of the bipolar transistors 
can be described with the help of the simplified equivalent Gummel—Poon model of the bipolar 
transistor including the device lead inductances. A frequency-tuning bandwidth is determined 
iteratively for each value of varactor bias V, using the common-collector bipolar transistor 
Z-parameters under the numerical solution of two nonlinear equations with two unknown 
parameters in the form 


Re[Zin(Vie, w)] + Re[Zour(@)] = 0 (8.49) 
Im[Zin(Voe, w)] + Im[Z our(@)] =0 (8.50) 


where Ve is a fundamental voltage amplitude across the emitter—base junction. 
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As an example, let the bipolar transistor be characterized by the following parameters: transi- 
tion frequency fr = 6 GHz, collector capacitance C, = 0.5 pF, small-signal transconductance 
&m = 1.6 A/V, base resistance rp = 4 Q, collector resistance re = 1.75 Q, emitter resistance 
re = 0.3 Q, lead inductances Ly, = 0.3 nH and Le = L. = 0.5 nH. To provide wideband var- 
actor tuning, the hyperabrupt varactors were chosen with capacitance Cyo(V, = 0) = 3 pF, 
sensitivity y = 0.9, contact potential g = 1.5 V and lead inductance Ly = 0.5 nH. It is as- 
sumed that the values of the choke inductances and bypass capacitances are too large to have 
any significant influence on VCO band properties, and the losses in the resonant circuit are 
negligible. The required value of the series emitter capacitance was chosen to keep the os- 
cillator amplitude balance condition given by Equation (8.49) in an entire tuning frequency 
bandwidth. To satisfy the phase balance condition expressed by Equation (8.50), it is necessary 
to choose the appropriate value of the lumped inductance or electrical lengths of transmission 
lines at high bandwidth frequency. 

The numerical design approach, including the circuit analysis and its optimization based 
on an iterative computation procedure should include the following main steps: 


¢ choosing the device equivalent circuit and determination its linear and nonlinear elements; 


e choosing the varactor with maximum tuning capacitance factor to provide maximum tuning 
bandwidth; 


e calculating the dc and fundamental current components using a Fourier series expansion on 
the basis of the exponential bipolar current model; 


e calculating the average nonlinear device elements, for the simplest case, limiting them to the 
large-signal transconductance and collector capacitance; 


e fora given maximum varactor bias voltage and maximum bandwidth frequency, the elements 
of the resonant circuit are calculated by solving a system of Equations (8.49) and (8.50); 


¢ by changing the varactor bias voltage, the next bandwidth frequency is calculated with the 
appropriate calculation of the tuning slope ratio; this process continues as long as the varactor 
bias voltage becomes minimal required; 


e to provide a minimum tuning slope ratio, an optimization procedure is undertaken when a 
system of two equations is solved for different values of the circuit parameters, including 
the characteristic impedances and electrical lengths of the transmission lines. 


The frequency dependencies calculated numerically are shown in Figure 8.39. The oscilla- 
tion system (curve 3) with a uniform transmission line (Zo = 50 Q, 6 = 54°) is less sensitive 
to a varactor capacitance tuning compared with the oscillation system (curve 5) with a lumped 
inductance (L = 2.4 nH) connected between the points A—A’, as shown in Figure 8.38a. To 
increase the frequency tuning bandwidth, the transistor base lead inductance is minimized and 
the characteristic impedance Zp is increased. The oscillation system with an L-transformer 
shown in Figure 8.38b is characterized by approximately the same band properties (curve 2) 
with k = 2 x 75°/(75° + 154°) = 0.65. However, in this case, it is possible to improve tuning 
nonlinearity by changing the ratio between the electrical lengths of the transmission lines. As a 
result, an increase of the value k from 0.65 to 1.2 leads to linear frequency tuning with a < 1.5 
in the frequency bandwidth 10-15% (curve 1). The oscillation systems with the L-transformer 
or two coupled transmission lines instead of a single transmission line have a higher phase 
slope and, therefore, a higher quality factor. The resonator consisting of open-circuited coupled 
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Figure 8.39 Theoretical frequency dependencies for various oscillation systems 


microstrip lines exhibits a quality factor twice as high as the quality factor of a single microstrip 
line resonator in the frequency range 10-20 GHz and contributes to the phase noise reduction 
of about 8 dB at a varactor bias of —4 V [5]. The tuning bandwidth can be greater by 25% for 
the oscillation system with two short-circuited coupled transmission lines [26]. The oscillation 
system with a two-section line has the greatest sensitivity to varactor capacitance tuning. Al- 
ready at a value of the characteristic impedance ratio M = 4 (curve 4), it provides a full-octave 
frequency tuning similar to the oscillation system with lumped inductance. In contrast to the 
latter case, the oscillation system with a two-section line enables one to realize the frequency 
tuning bandwidth up to 45% with œ < 3 in a smaller varactor bias range from 3 to 16 V. 


8.7 DUAL MODE VARACTOR TUNING 


In the oscillation system with two coupled transmission lines, a dual mode control can result 
in a very wide frequency bandwidth. In this case, the frequency tuning is realized by means 
of separate adjustment of even and odd mode fields describing the propagation of an electro- 
magnetic wave in a system of two coupled transmission lines in a transverse electromagnetic 
(TEM) approximation. For example, the mechanical tuning of the microwave bipolar oscillator 
with two coupled coaxial transmission lines could provide an octave frequency tuning from 
1.5 to 3.0 GHz [27]. 

The circuit schematic of the oscillation system using a system of two coupled transmission 
lines is shown in Figure 8.40, where C is the varactor capacitance. Generally, it is required to 
define the ABCD-parameters of the two-port network, which characterizes the VCO oscillation 
system and is derived from a four-port network with the appropriate boundary conditions. Then, 
it is necessary to express the parameters of the equivalent two-port network through these 
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Figure 8.40 Equivalent oscillation system with two-coupled transmission lines 
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Figure 8.41 Electric field distribution for (a) even and (b) odd TEM modes 


ABCD-parameters and to determine the VCO characteristics under the steady-state oscillation 
conditions in view of the nonlinear active device equivalent circuit. 

It is known, that two mode fields exist in a system of two coupled transmission lines: even 
(symmetric) and odd (antisymmetric) excitation modes. The TEM (a) even and (b) odd mode 
electric field distributions in a homogeneous dielectric medium are shown in Figure 8.41. 
Figure 8.41 demonstrates that the stronger coupling between the transmission lines takes 
place at an odd excitation mode. For each excitation mode, the characteristic impedance Zoe 
corresponds to an even mode, while the characteristic impedance Zoo corresponds to an odd 
mode. 

In this case, 


Zoe > Zo > Zoo (8.51) 


where Zo = ~ ZoeZoo is the characteristic impedance of a single transmission line. To derive 
the four-port ABCD-matrix for lossless transmission lines, symmetric and antisymmetric port 
excitations are assumed. The overall result is defined by a superposition of the results at both 
types of excitation. 

Then, the four-port chain ABCD-matrix of a system of two identical lossless transmission 
lines in an inhomogeneous dielectric medium can be written as 


Vı ay a2 bu dy V3 
V2 anı an bn bn V4 

= 8.52 
h cn cy du dy I; (8:32) 


h cu cn dnu dn l4 
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where 





1 
a, =ay = dı; = d = 5 (cos Oe + cos A) 





1 
an = ay, = dn = dq, = z (cos ĝe — cos 6o) 


bii =bn = 1 (Zoe sin 0e + Zoo sin 6s) 
bn = bn = L (Zoe sin 8s — Zoo sin 6%) 
Ci = C2 = Z (Yoe sin Oe + Yoo sin 6o) 


C12 = C21 = 1 (Yoe sin 6e — Yoo sin Oo) 


where Yoe = 1/Zoe, Yoo = 1/Zoo, Oe is the even mode electrical length, and 6, is the odd mode 
electrical length of the transmission lines, respectively [28]. In a homogeneous dielectric 
medium, the electrical lengths for even and odd modes are equal, i.e., 0 = 0. = 0o. In this 
case, the coupling coefficient between transmission lines can be written as 


Zoe = Zoo 


= ——. 8.53 
Zoe + Zoo ( ) 


where C = 0 for zero coupling and C = 1 for completely superposed transmission lines [29]. 
The four-port ABCD-matrix of the circuit, consisting of two parallel varactors, is written by 


1 0 00 
0 1 00 

BCDI=| nc, 0 10 (8.54) 
0 joc, 0 1 


Multiplying the two ABCD-matrices from Equations (8.52) and (8.54) and imposing the 
boundary conditions J, = —h, and 1; = 1, = 0 yield the resulting ABCD-matrix of the 
remaining two-port network in the form 


Yoo tan 00o + Yoe tan Ope 2j 





Yoo tan O09 — Yoe tan 0, Yoe tan oe — Yoo tan A 
[ABCD]r = 0o 0o l Oe Oe Oe Oe 0o 0o (8.55) 
2j Yoo tan 00o + Yoe tan Ope 


Zoe COt Me — Zoo COtAD, Yoo tan Ooo — Yoe tan Oe 





where O92. = Oe + tan™!(ZoewCy), O00 = Oo + tan™!(ZoowC,). 
The admittance elements of the two-port m-network shown in Figure 8.42 which are 
expressed through the ABCD-matrix elements as 


D-1 A-1 
(8.56) 
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Figure 8.42 Equivalent 7x -network of dual mode oscillation system 
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Figure 8.43 Equivalent circuits of (a) Clapp and (b) Seiler oscillators 


can be rewritten as 
Yı = Y2 = J Yoe tan Ope (8.57) 
Y, Y, 
a ic tan Oe + i tan Oo (8.58) 


From Equations (8.57) and (8.58) it follows that the dual mode VCO oscillation system 
represents a three-point capacitive resonant circuit. When tuning is provided by two varactors 
connected to the ends of resonators, a simultaneous change of the inductive and capacitive 
reactances occurs. In contrast to well-known three-point capacitive oscillation systems with 
(a) series (Clapp oscillator) and (b) parallel (Seiler oscillator) tuning circuits, which are shown 
in Figure 8.43, the dual mode VCO provides the minimum amplitude variations in a wide 
frequency tuning range. This can be explained by the fact that all feedback admittances Y1, Y2, 
and Y3 change their values simultaneously, resulting in substantially smaller variations of the 
amplitude and phase feedback factors. To improve frequency stability and to decrease a phase 
noise at a high power output level the bipolar transistor in the VCO oscillation circuit can be 
configured with a common emitter. 

Numerical calculations were performed for the common emitter bipolar oscillator with 
emitter bias V. = —2 V and self-bias resistor Re = 100 Q. The transistor equivalent circuit 
parameters and detailed circuit design procedure using an analytical optimum approach for a 
dual mode bipolar oscillator are given elsewhere [30]. 

Figure 8.44 shows the circuit schematic of such a microwave dual mode wideband bipolar 
VCO. The values of the oscillation system parameters are chosen at a maximum oscillation 
frequency f = fmax that corresponds to a minimum varactor capacitance Cy = Cymin at a 
maximum bias varactor voltage V, = Vmax. The wide frequency tuning bandwidth is realized 
using the two hyperabrupt varactors with the following approximation parameters: Cyo = 3 pF, 
y = 0.9 and g = 1.5 V. Such approximation parameters are easily provided with commercially 
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Figure 8.44 Circuit schematic of microwave dual mode wideband bipolar VCO 



































f, GHz Pous MW 
3.5 60 
3.0 40 
25 20 

0 5 10 15 20 Vo, V 


Figure 8.45 Output power and frequency versus varactor bias voltage 


available silicon or GaAs hyperabrupt varactors having capacitance ratio more than 10:1. 
According to the numerical calculations, the value of a lead varactor inductance Ly must be 
equal to 2.5 nH at the high tuning bandwidth frequency of 4 GHz. In that case, the required value 
of electrical lengths of the two coupled transmission lines with the characteristic impedances 
Zoe = 75 Q and Zoo = 25 Q in a homogeneous dielectric medium is equal to 0 = 6. = 0) = 
102.5°. The value of the additional capacitor C4 in accordance with a balance phase condition 
must be equal to 1.2 pF, which enables connection of the VCO output directly to the standard 
load of 50 Q without impedance matching. 

Figure 8.45 shows the calculated dual mode VCO tuning oscillation frequency f and fun- 
damental output power Pout versus varactor bias voltage V,. The values of choke inductances 
Len and bypass or blocking capacitances Cp are assumed to be quite large, having negligi- 
ble influence on the VCO band properties. As a result, the frequency tuning bandwidth of 
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Figure 8.46 VCO schematic with interdigital bandpass filter [31] 


2.25—4.00 GHz with the output power from 30 to 50 mW can be realized when the varactor 
bias voltage V, changes from | to 25 V. 

To maximize the frequency tuning bandwidth, the feedback circuit can contain a band- 
pass filter as a frequency-selective element. For example, for a microstrip oscillator shown in 
Figure 8.46, the feedback network includes a varactor-tuned interdigital bandpass filter [31]. 
The phase velocities corresponding to the odd and even excitation modes in the coupled mi- 
crostrip line array are controlled by three silicon hyperabrupt varactors BB833 with minimum 
capacitance of 0.75 pF each. Another three varactors of the same type are connected in series, 
each to separate microstrip lines to adjust both the centre bandwidth frequency and overall 
phase shift of the feedback circuit. Due to the low quality factor of the varactors used, the 
insertion loss of the feedback network is rather high. Therefore, the bipolar transistor BFP420 
with fr = 25 GHz is required as the active device. The two resistors of 4.7 kQ, connected 
in series to simplify the printed-circuit-board layout, provide the dc biasing. By changing the 
varactor bias voltage from 0 to 30 V, a frequency tuning bandwidth from 2.05 to 4.05 GHz was 
achieved. The tuning curve is quite nonlinear, having tuning slope of more than 100 MHz/V 
at a approximately 7 V and below 10 MHz/V at a tuning voltage of approximately 30 V. The 
varactor bias resistors of 22 kQ cause an increased phase noise. However, lower values of these 
resistances result in additional losses and output power reduction. 

Figure 8.47 shows the schematic of a microstrip oscillator where the feedback network 
includes the varactor-tuned combline bandpass filter [32]. The advantage of using a combline 
filter is its compact size, wide tuning range and sizeable spacing between resonator lines to 
provide adequate coupling. In this case, the combline bandpass filter with only one resonator 
(2) with series connected varactor and two short-circuited microstrip lines (1 and 3) are used. 
In such an oscillator architecture based on combline bandpass filter, the single varactor can 
tune the oscillation frequency within the tuning range of 1:3.5. To maintain the total phase 
shift of 360° in the oscillator loop, so that oscillation conditions could be satisfied over the 
entire frequency tuning range, two phase shifters in the form of low-pass filters using the same 
varactors are connected. By using the bipolar transistor BFP520 with fr = 45 GHz and silicon 
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Figure 8.47 VCO schematic with variable combline bandpass filter [32] 


hyperabrupt varactors BB857 with a capacitance tuning range from 0.55 pF at 28 V to 6.5 pF 
at 1 V, more than three-fold frequency tuning range from 580 to 2200 MHz was achieved. The 
output power varied from —10 dBm at 600 MHz to 5 dBm at 2200 MHz. The 1-mm-thick 
FR-4 board was used for oscillator circuit hybrid implementation. 

Wideband frequency tuning and low phase noise are assumed to be opposing design param- 
eters since an increase in a tuning range normally results in an increase in VCO phase noise. 
However, using an improved complex design approach based on either a single-device or a 
push—push topology, a coupled resonator with optimized loaded quality factor and noise filter- 
ing in the emitter of the bipolar device has resulted in wideband VCOs capable of delivering 
stable, low-noise output signals with tuning range as wide as 4.2 GHz [33]. For example, by 
changing the varactor bias voltage from 0 to 25 V, a frequency tuning bandwidth from 350 to 
1050 MHz with typical tuning sensitivity of 20 to 48 MHz/V and phase noise of —112 dBc/Hz 
at 10 kHz offset from the carrier can be achieved. The tuning bandwidth from 1.5 to 3.2 GHz 
with tuning sensitivity of 100 to 200 MHz/V and phase noise of —92 dBc/Hz at 10 kHz offset 
is provided via varactor tuning voltages of 0.5 to 20 V. 


8.8 PRACTICAL RF AND MICROWAVE WIDEBAND VCOs 
8.8.1 Wireless and satellite TV applications 


A typical receiver for wireless handset applications requires converting frequency bandwidths 
of 850/900 MHz or 1800/1900 MHz to the intermediate frequencies covering a range of 
90—400 MHz. Satellite TV broadcasting in different countries usually covers frequency band- 
widths of 620-790 MHz, 2.5-2.7 GHz or 11.7—12.5 GHz. For a frequency bandwidth of 11.7— 
12.5 GHz, the typical TV set-top dual down-converter after the first conversion of complete 
frequency-modulated TV signal requires a wideband VCO usually tuned from approximately 
1.0 to 2.0 GHz to provide the second conversion to the intermediate frequency in a range of 
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Figure 8.48 Circuit schematic of common collector wideband VCO [34] 


480-612 MHz. In this case, a control voltage for VCO usually varies from 1 to 20 V, with 
high linearity of the varactor tuning characteristic. Consequently, the wider frequency tuning 
bandwidth, the better linearity for a given range of the control bias voltage can be provided. 

Figure 8.48 shows the circuit schematic of a simple wideband VCO structure with grounded 
collector where a microstrip line is used between the transistor and two back-to-back varactors 
[34]. The lumped inductor of 5.6 nH and the geometry of the microstrip line were optimized 
to fit the desired frequency bandwidth, whereas the feedback capacitances of | and 1.62 pF 
are chosen to provide minimum flatness of the output power. As a result, by using the bipolar 
transistor NE68519 and silicon hyperabrupt varactors with capacitances changed from 22.5 pF 
at zero bias voltage to 0.8 pF at V, = 20 V, a large frequency coverage of 980-2120 MHz with 
the output power of 4+2 dBm was realized. The circuit is very sensitive to the choice of the 
transistor type due to the very wide bandwidth requirements. 

The very wide frequency tuning bandwidth can also be achieved with a push—pull VCO 
configuration, shown in Figure 8.49 [34]. In the push—pull operation mode, the current circu- 
lates between two transistor bases so as to drive them with a 180° shift. By using the same two 
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Figure 8.49 Push-pull VCO configuration with emitter varactors [34] 
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Figure 8.50 Push-pull VCO configuration with base varactors 


back-to-back varactors in emitter circuits and the bipolar devices NE68119, a frequency band- 
width from 820 to 2120 MHz can be achieved. In this case, the output power was 4.5+2 dBm 
for the supply voltage of 7 V. The choke inductances of 33 nH and series resistances of 33 Q 
provide the device self-biasing conditions. Unlike the common collector VCO with one active 
device, the push-pull VCO circuit very often does not require the feedback capacitances to 
provide the necessary phase shift. The series circuit capacitances of 10 pF were optimized 
to provide smooth tuning over the design frequency bandwidth. The necessary circuit re- 
sponse at high bandwidth frequencies is achieved by using a microstrip line with geometry of 
15 x 0.7 mm, which has only a small effect on the lower bandwidth frequencies due to its dom- 
inantly capacitive reactance. The function of the microstrip line connected directly between 
the transistors is both feedback and phase alignments to minimize output power response. All 
microstrip lines were fabricated on a 1-mm-thick FR4 substrate. A relatively large thickness 
was selected to minimize the shunting effects of the mounting pads. 

An alternative push-pull common collector VCO configuration, where two pairs of back- 
to-back varactors are located in base circuits incorporated into the transmission line structure, 
is shown in Figure 8.50 [35]. Due to the symmetric disposition of transmission lines TL; and 
TL, having equal electrical lengths and similar varactors resulting in a virtual ground at the 
centre point of the transmission line TL3, the self-excitation of the fundamental frequency in 
a push-pull mode is established. In each bias circuit connected to the device base or back-to- 
back varactor pair, a damping resistor is connected in parallel with the choke coil to provide 
sufficient isolation between voltage supply and resonant circuit, also inhibiting spurious modes 
of oscillation. A negative bias voltage V. is applied to each emitter terminal through the series 
connected choke coil and resistor, which value regulates the de collector current. Applying 
wide-range varactor tuning voltage could provide a wideband frequency tuning from 940 to 
2060 MHz. Wider frequency tuning bandwidth can be achieved by using hyperabrupt varactors 
with smaller minimum capacitance and greater capacitance ratio. 

Figure 8.51 shows the electrical circuit of the monolithic common drain MESFET VCO 
developed for phase-locked loop application in the telecommunication system at 14 GHz [36]. 
A planar Schottky-barrier diode with 0.5 x 280 um stripe suitable for monolithic integration 
with the MESFET device of the same gate geometry is used as a varactor. The varactor junction 
capacitance is tuned from 1.0 to 0.5 pF by applying a reverse-bias voltage from 0 to 5 V. To 
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Figure 8.52 X-band common-gate GaAs MESFET VCO schematic (© 1986 IEEE) 


provide inductive reactance in the gate circuit, the microstrip line is used as a quarter-wave 
transformer between the varactor diode and the MESFET device. A 50-Q resistor was inserted 
into the source circuit for self-biasing, resulting in a drain current stabilization. Another 50-Q 
resistor was connected to the microstrip impedance transformer to provide a gate zero bias 
point. These resistors are necessary to prevent low-frequency oscillations when they contribute 
to a significant decrease of the loaded quality factor for frequencies much lower or higher than 
resonant frequency. A output series capacitance is small enough to reduce the pulling effect, as 
well as the output power. A frequency tuning bandwidth from 11.3 to 14.3 GHz was realized 
by varactor tuning in a bias range from 0 to 7 V with output power of —4 dBm. 

Using a T -type two-port network between the varactor and active device helps to improve 
linearity of the VCO frequency tuning characteristics. Figure 8.52 shows the X-band common 
gate GaAs MESFET VCO schematic where the T -type two-port network is represented by 
microstrip lines [6]. The length and width of microstrip lines realized on 0.25-mm-thick alumina 
substrate are given in millimetres. The GaAs MESFET device with a geometry of 0.8 x 
200 um is determined by its equivalent circuit small-signal parameters: gm = 35 mA/V, Cy. = 
0.23 pF, Cga = 0.017 pF and Rg + Rgs + Rs = 6.6 82. To provide a wideband frequency tuning, 
a hyperabrupt GaAs varactor was chosen with a maximum capacitance Cymax = 2.5 pF, a 
minimum capacitance Cymin = 0.15 pF and a series resistance R, = 6 Q. For a maximum 
varactor bias range from 0 to 30 V, the frequency tuning bandwidth from 7.055 to 11.93 GHz 
with a frequency tuning coefficient Kp = 1.67 was realized. If the same two back-to-back 
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Figure 8.53 Microwave monolithic wideband VCO circuit schematic 


varactors are used in the source circuit (instead of the 0.47 pF capacitance), it is possible to 
improve the linearity in a sufficiently wide frequency bandwidth. In the frequency range from 
7 to 10 GHz, a frequency deviation from linear tuning law of +30 MHz was obtained, which 
yields a reduced tuning slope ratio of about œ = 1.5 compared with æ = 2.1 for the VCO 
without additional varactors. 





8.8.2 Microwave monolithic VCO design 


Figure 8.53 shows the wideband VCO circuit that was used to design and fabricate four GaAs 
monolithic VCO chips that cover 2—4, 4-7, 7—12 and 12-18 GHz frequency ranges, respectively 
[37]. Each monolithic chip includes a MESFET device, two varactors, gate inductance Lg, 
source inductance L, and bypass capacitances Cp. The varactor diode represents a single 
implanted structure into semi-insulating material and is formed with the same active region 
as for the MESFET device. Its capacitance ratio is typically of 8:1 or greater. The common 
gate VCO configuration using the gate inductor as the regenerative feedback element exhibits 
negative impedance at the source terminal across the entire tuning bandwidth for the equivalent 
load resistance connected to the drain terminal of approximately 15 Q. To provide output 
matching with standard load of 50 Q, the L-type matching circuit with the series inductance 
Lı and shunt capacitance C, is used. Due to the required additional area, the output matching 
circuit was not included on the chip. A summary of the electrical performances and the circuit 
parameters of the four designed VCOs is given in Table. 8.1. 

A similar design philosophy and circuit schematic was applied to the design of a GaAs 
MMIC VCO with varactor tuning bandwidth of 2.5-6.0 GHz [38]. For wideband frequency 
tuning, the GaAs hyperabrupt varactor with high capacitance ratios from 0.2 to 3 pF in the 
gate and the silicon hyperabrupt varactor from 0.5 to 3 pF in the source were used. The values 
of the varactor capacitance are chosen so that they provide simultaneous tuning from one 
biasing voltage. The frequency tuning bandwidth can be easily shifted down, for example, to 
1.5-4.0 GHz by increasing the length of the gate inductance. Using a silicon varactor in the 
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Table 8.1 Electrical performances and circuit parameters of wideband VCOs [37] 


Tuning bandwidth (GHz) 2.044.46 3.56-6.74 6.97-12.2 11.6—20.0 


Output power (dBm) 12.6-19.4 13.3-17.1 15.2-20.1 5.5-15.8 
MESFET gate width (um) 2400 1200 600 300 
Cys (V, = 0) (pF) 2.9 2:3 1.5 1.1 
Cye(Vy = 0) (pF) 5.1 3.6 2.2 1.4 
L,(nH) 1.3 1.4 0.17 0.06 
LH) 13.5 5.9 2.1 0.6 
C» (pF) 45 45 40 21 


gate circuit leads to the slight decrease of the frequency bandwidth from 85 to 78%. However, 
the post-tuning drift when using a GaAs varactor is about 50 times slower in reaching the final 
frequency within 2 MHz. 

To improve a loaded quality factor of the VCO resonant circuit and minimize the effects 
of frequency pulling, it is best to incorporate an additional buffer amplifier stage. This also 
gives the possibility of connecting its output terminal to the standard load of 50 Q. A very 
wideband tuning from 6.9 to 15 GHz with minimum output power of 9 dBm via varactor bias 
range from 0.4 to 25 V was achieved for the VCO with buffer amplifier stage using both HBT 
devices [39]. The circuit functional schematic is shown in Figure 8.54, where the HBT device 
of VCO circuit is designed with a common base configuration. The buffer amplifier stage has 
a common emitter configuration and operates at saturation to minimize output power variation 
with temperature. The circuit, which is realized on the chip of size 0.8 x 1 mm, requires only 
two external varactors to form a complete wideband VCO. 

To minimize the excessive losses in the resonant circuit under wideband varactor tuning, it 
is necessary to choose the varactors with maximum quality factors and provide the required 
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Figure 8.54 Circuit schematic of wideband VCO with buffer amplifier 
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Figure 8.55 Microwave monolithic very wideband VCO circuits 


broadband matching. For example, the matching of the device output impedance with the 50-2 
load can be provided by a microstrip transformer of a quarter-wavelength at highest bandwidth 
frequency, as shown in Figure 8.55a. Using the commercially available hyperabrupt GaAs 
varactor diodes with a quality factor of 3000 at a bias voltage of 4 V provides a frequency 
tuning bandwidth from 7.25 to 14.65 GHz with a tuning linearity of +5% and harmonic level 
of less than —20 dBc [40]. Such an octave frequency tuning requires the varactor voltage bias 
range from 2 to 22 V because it was impossible to provide the steady-state oscillation process 
below bias voltage of 2 V. A three-stage buffer amplifier connected to the MESFET VCO 
output contributed to the increased level of the output power of 16 to 19 dBm. Using the 
lumped inductances in parallel to both varactor diodes provides an additional improvement of 
the circuit sensitivity to the varactor tuning. Improvement occurs when the VCO oscillation 
frequency is close to the natural resonant frequency of the parallel circuit consisting of the 
varactor capacitance and parallel inductance. However, to avoid the unstable operation mode 
accompanied by jumping effects, it is necessary to provide the capacitive reactance of the source 
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circuit and the inductive reactance of the gate circuit over the entire frequency tuning bandwidth. 
Greater than full-octave tuning range at frequencies above 8 GHz can be achieved using a triple 
varactor design, as shown in Figure 8.55b. In this case, the ultrawideband frequency tuning 
from 6.5 to 16.1 GHz with tuning linearity within +1% up to 14 GHz for a varactor bias range 
of 0 to 25 V was realized [41]. 





8.8.3 Push—push oscillators and oscipliers 


Push—push VCOs are used in many applications due to their wide tuning bandwidth, low noise, 
low frequency pulling and possibility of increasing tuning frequencies by a factor of two. Such 
an oscillator represents a balanced circuit, in which two transistors provide opposite-phase os- 
cillations at the fundamental and odd frequencies and in-phase oscillations at even harmonics. 
As a result, provided there is a sufficient suppression of fourth and higher harmonic compo- 
nents, the second harmonic signal is delivered to the load, which is connected appropriately 
to the circuit inductive element, lumped inductance or microstrip line. Therefore, to realize 
maximum output power, the generating current waveform should contain a high level of sec- 
ond harmonic component. A push—push oscillator combines both: a balanced oscillator and a 
balanced doubler. Therefore, it is called osciplier [42]. 

The main advantage of a push—push oscillator is a high quality factor of the resonant 
circuit because the fundamental resonator is decoupled from the second harmonic load that 
improves both load pulling and noise performance. To use a common collector configuration, 
a series tank circuit connected between the device bases can be realized. The overall resonant 
circuit also includes transistor collector—base capacitances, varactor capacitances and bondwire 
inductances. In this case, the load can be connected conductively to the centre point of the 
circuit inductance when the cancellation of the even harmonic can be provided, as shown 
in Figure 8.56a. For symmetric parts in the odd mode of the operation, this centre point 
becomes a virtual ground. Such a push—push VCO enables one to provide very wideband 
varactor tuning over a frequency range from 6.94 to 19.22 GHz with the fundamental harmonic 
suppression of about 10 dB when additional varactors are used instead of collector—emitter 
feedback capacitances [43, 44]. Such a wideband frequency tuning can be realized using double 
pairs of GaAs hyperabrupt varactors with a sensitivity of y = 1.1 in a bias range of 0-20 V. 

An inductive connection of the resonant circuit to the load shown in Figure 8.56b makes 
it possible to further increase the output operating frequency. By properly unbalancing both 
transistor circuits, the fundamental can be mixed with the second harmonic to enhance the 
third harmonic [45]. In this case, the resonant circuits of the two transistors are different 
since the resonant frequency of one is chosen to be at the fundamental frequency and the 
other at the doubled frequency. The osciplier designed on the basis of such a technique uses 
high-impedanced bias lines of a quarter-wavelength at the fundamental on the top half of the 
circuit and a quarter-wavelength at the second harmonic on the bottom half. The varactors 
have different capacitance values at zero bias voltage. The tuning voltage is applied to the 
varactors through a low-pass filter to minimize the RC time constant that limits frequency 
tuning speed. To optimize VCO performance, it is best to use the feedback capacitances Cs 
connected between the collector and emitter terminals. The output matching circuit tuned for 
the third harmonic provides matching to a 50-Q load 

Using a microstrip line between the varactors enables to provide simultaneous fundamental 
and second harmonic tuning when the fundamental components from both transistors are 
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Figure 8.56 Circuit schematics of push—push wideband VCOs 


delivered to the load using a coupled microstrip line, whereas the second harmonic components 
are delivered to the other load conductively connected to the centre point of the resonant 
circuit microstrip line. Such a balanced microstrip VCO using a high-voltage MOSFET device 
with the gate geometry of 5 um x | mm, small-signal transconductance gm = 29 mA/V and 
fr = 1 GHz, which provides both push-pull and push—push operation modes, is shown in 
Figure 8.57 [18]. By using the hyperabrupt varactors with minimum capacitance of 2 pF and 
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Figure 8.57 Balanced MOSFET VCO with gate varactors 


capacitance ratio of about 10, the microstrip lines with a characteristic impedance of 70 Q, an 
electrical length of about 45° and a coupling coefficient C = 0.45, stable operation conditions 
were realized when the variable capacitor is properly tuned within its tuning range of 1-5 pF. 
As a result, the fundamental frequency can be tuned from 325 to 600 MHz with output power 
of 24+1.5 dBm and second harmonic suppression of better than 25 dB. At the same time, the 
second harmonic signal is delivered to the port Pou tuned from 650 to 1200 MHz with output 
power of 21-2 dBm and suppression of the fundamental-frequency component better than 








—15 dBc. 
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Noise reduction techniques 


This chapter discusses phase noise reduction techniques and gives specific resonant circuit 
solutions using lumped and distributed parameters for frequency stabilization and phase noise 
reduction. Phase noise improvement can also be achieved by appropriate low-frequency loading 
and feedback circuitry optimization. The feedback system incorporated into the oscillator bias 
circuit can provide significant phase noise reduction over a wide frequency range from high 
frequencies to microwaves. Particular discrete implementations of a bipolar oscillator with 
collector and emitter noise feedback circuits are described. Also a filtering technique based on 
a passive LC-filter to lower the phase noise in the differential oscillator is presented. Several 
topologies of fully integrated CMOS voltage-controlled oscillators using filtering technique are 
shown and discussed. A novel noise-shifting differential VCO based on a single-ended classical 
three-point circuit configuration with common base can improve the phase noise performance 
by appropriate circuit realization. An optimal design technique using an active element based 
on a tandem connection of a common source FET device and a common base bipolar transistor 
with optimum coupling of the active element to the resonant circuit is presented. The phase 
noise in microwave oscillators can also be reduced using negative resistance compensation, 
increasing the loaded quality factor of the oscillator resonant circuit. Finally, a new approach 
utilizing a nonlinear feedback loop for phase noise suppression in microwave oscillators is 
discussed. 


9.1 RESONANT CIRCUIT DESIGN TECHNIQUE 


Microwave transistor oscillators have received much attention in recent years due to significant 
progress in device technology which enables the development of local oscillator and VCO com- 
ponents with reduced size, power consumption and improved overall electrical performance. 
For example, by using HBT devices, excellent low-noise characteristics are realized in mono- 
lithic oscillator applications up to about 20 GHz. Despite the high level of low-frequency 
noise, the MESFET and HEMT devices provide a widening of the oscillator operating fre- 
quency range to more than 100 GHz. JFET devices are a good choice to achieve low-noise 
oscillator performance at UHF band. One way to improve oscillator noise characteristics is 
to use the optimal bias condition, whereas a second way lies in the increase of the loaded 
quality factor of the oscillator resonant circuit by appropriate choice of the circuit topology. 
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Figure 9.1 Oscillator series resonant circuit with variable capacitance and its frequency performance 


An increase in the quality factor implies a decrease in the frequency sensitivity of the resonant 
circuit to the variation of its parameters. 


9.1.1 Oscillation systems with lumped elements 


Figure 9.la shows the oscillation system with a series resonant circuit representing a simple 
series connection of the variable capacitance Cy, circuit inductance L and capacitance C , where 
Cy is considered the equivalent active device nonlinear capacitance varying over temperature, 
signal amplitude or supply voltage. The frequency behaviour of such a resonant circuit is 
given by Figure 9.1b, where w = 0 and w = @, = 1/\/LC are the pole and zero of the circuit 
reactance X, respectively. The oscillation frequency wọ of such a series resonant circuit can 
be found from 


CCG 
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Figure 9.2 Oscillator parallel resonant circuit with variable capacitance and its frequency performance 
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The relative sensitivity of the series resonant circuit to the variation of the variable capaci- 
tance C, can be obtained from Equation (9.1) in the form 


dw ;dCy 1 C 
oal Cy 2C+C, 


From Equation (9.2) it follows that maximum sensitivity is realized for the series resonant 
circuit representing the only inductance and variable capacitance when C — ov, being equal to 
dw /sdcCy ie ae (9.3) 

Wo C v 2 

At the same time, minimum sensitivity of the series resonant circuit to the variation of 
capacitance Cy is realized under the extreme condition when C — 0. 

Figure 9.2a shows the oscillation system with parallel resonant circuit representing a simple 
parallel connection of the variable capacitance Cy and circuit inductance L and capacitance 
C. The frequency behaviour of such a resonant circuit is given by Figure 9.2b, where w = 0 
and w = w, = 1/LC are the zero and pole of the reactance X , respectively. The oscillation 
frequency wọ of such a parallel resonant circuit can be found from 


1 
E= TCC) 


The relative frequency sensitivity of the parallel resonant circuit to the variation of the 
variable capacitance C, can be obtained from Equation (9.4) in the form 


dargdCy 1° G 
wa! Cy 2C+C, 


From Figure 9.2b it follows that the tuning sensitivity of the parallel circuit can be easily 
reduced by moving pole of its reactance X (w) to the left, i.e., increasing the value of the resonant 
circuit capacitance C. Further reduction of the circuit sensitivity can be achieved by moving 
the zero of its reactance X to the right, towards its pole. Such a possibility can be realized for 
the series-parallel resonant circuit with a variable capacitance Cy shown in Figure 9.3a. 
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Figure 9.3 Oscillator series-parallel resonant circuit with variable capacitance and its frequency 
performance 
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The frequency behaviour of such a series-parallel resonant circuit is illustrated by Fig- 
ure 9.3b, where w = œ = 1/./L(C + C) and w = œw = 1/VLC are the zero and pole of the 
reactance X, respectively. The oscillation frequency wo of the series-parallel resonant circuit 
can be found from 


1 
ie (9.6) 


CyC, 
L{C+ eer 
/ ( Cı ag =) 
The relative frequency sensitivity of the series-parallel resonant circuit to the variation of 
the variable capacitance C, can be obtained from Equation (9.6) in the form 








do dey! 1 Cı C,Cı 
ool Ce. 2G CO ACEC 





(9.7) 


From Figure 9.3b it follows that the tuning frequency sensitivity of the series-parallel 
oscillator resonant circuit can be significantly reduced by the mutual approaching of the zero 
and pole of its reactance X . For the same resonant frequency wọ, reducing the series capacitance 
Cı and increasing the shunt capacitance C can achieve this. This contributes to the oscillator 
frequency stabilization by minimizing the effect of the variation of the equivalent active device 
nonlinear capacitance on the oscillator resonant frequency. 


9.1.2 Oscillation systems with transmission lines 


It is known that the frequency sensitivity of the resonant circuit containing a short-circuited 
transmission line can be reduced, if instead of the uniform transmission line a nonuniform one 
is used, the spectrum of natural frequencies of which is significantly nonequidistant. Figure 9.4 
shows the resonant circuits with (a) uniform and (b) two-section transmission lines, where 0; is 
the electrical length of the low-impedanced section with the characteristic impedance Z; and 
02 is the electrical length of the high-impedanced section with the characteristic impedance Z2. 
The main difference in the frequency properties between the oscillation system with (a) short- 
circuited uniform transmission line with an equidistant spectrum and (b) short-circuited two- 
section transmission line with a nonequidistant spectrum in the case of Z2 >> Z; is illustrated 
by Figure 9.5. The graphic results show that it is advisable to use a two-section line for 
frequency stabilization at odd resonant frequencies, including fundamental in the case of a 
low-impedanced section adjacent to the variable capacitance Cy. 

The sensitivity of the oscillation system with a two-section line to capacitance variation 
can be qualitatively evaluated according to two-by-two rapprochement or remoteness of zeros 
and poles of function Zjn(@) along a frequency axis. The input impedance of short-circuited 
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Figure 9.4 Oscillation systems with (a) uniform and (b) two-section transmission line 
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Figure 9.5 Frequency dependencies of oscillation system with two-section transmission line 


two-section transmission line, provided 6; = 6) = 0/2, can be written as 


, 1+M 0 
Zin = JZ tan (9.7) 


0 
1 — M tan? — 2 
2 





where M = Z>/Z, is the characteristic impedance ratio. From Equation (9.7) it follows that the 
two-section transmission line has its zeros at 0 = kz and poles at 0 = ka +2tan7!(1//M), 
k =0,+1,+2,....The first pole of the function Z;,(@) for the fundamental resonant frequency 
operation at M = 20 is displaced substantially to the left and becomes equal to 65; = 25.2°. In 
this case, the same frequency deviation corresponds to significantly larger capacitance variation 
in comparison with the resonant circuit with uniform transmission line. This effect contributes 
to the increase of the sensitivity of the oscillator phase characteristic and loaded quality factor, 
resulting in reduction of the oscillator phase noise. 

It follows from an analysis of the parallel feedback or negative resistance oscillator noise 
spectrum that the oscillator phase noise is inversely proportional to the square of the loaded 
quality factor QO, of the oscillator resonant circuit. Consequently, for a given load conductance 
Gu and output power Pout, the value of Q, has a significant effect upon the oscillator phase 
noise level. Generally, the loaded quality factor Q, of the oscillator parallel resonant circuit 
can be defined by 

















= woSo 
~ 2G. 





QL (9.8) 
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where 
cae 3 (Bout F By) 


dw 


So 
W=Wo 

is the susceptance slope parameter or susceptance sensitivity of the oscillator parallel resonant 
circuit at the resonant frequency wo, Bout and By are the equivalent output active device and 
load susceptances, respectively [1]. In Equation (9.8) it is assumed that the real part of the 
equivalent output active device and load admittances are frequency independent in the vicinity 
of the steady-state oscillation conditions. Such a simplification has usually been accepted as a 
basis for oscillation analysis. A similar expression can be written in terms of the impedance 
parameters for the series resonant circuit. Hence, in order to improve the oscillator loaded 
quality factor, it is necessary to increase the susceptance sensitivity So. 

In order to compare the oscillators with lumped and distributed parameters for the purpose 
of the best phase noise characteristics, it is sufficient to determine the susceptance sensitivity 
So for each oscillator circuit with equal capacitances. For a simple parallel lumped resonant 
circuit shown in Figure 9.6a, 


ə 1 1 
= eee E = 
0 Jw (oc =) = ( K arc) 


The oscillator parallel resonant circuit with uniform transmission line is shown in 
Figure 9.6b. Since the ratio between the transmission line electrical length 0 and the frequency 


= 2C (9.9) 
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Figure 9.6 Equivalent parallel oscillator resonant circuits with (a) lumped parameters and 
(b, c) distributed parameters 
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æ is defined as 


8 = olac (9.10) 


where / is the length of the transmission line, £, is the dielectric permittivity, c is the free-space 
velocity of light, the following condition is met: 


00 0 
— = (9.11) 
ðw w 
Then, by taking into account that C = 1/woZo tan 0 at resonant frequency, the sensitivity 

So for the parallel resonant circuit with a lossless uniform transmission line is obtained as 


ene ( C : ) (a ies 2 ) cike” (9.12) 
— wl [i — — ———s X 
07 8a Zo tan 0 oC Zo sin? 6 } loza sin 20 


Similarly, the susceptance sensitivity So for the parallel resonant circuit with lossless two- 
section transmission line of equal section lengths 0; = 62 = 6/2 shown in Figure 9.6c can be 
written as 














2 0 2 0 
a 1 1 — M tan 7 f 1 + M tan 3 
So= 5 wC Ta E =C]1+- 9 (9.13) 
2 Z, tan > a Sin? 1L M tan? A 
O=W0 


Figure 9.7 shows the frequency dependencies of the normalized sensitivity So/C for dif- 
ferent types of oscillator circuits. For a lumped resonant circuit, So/C = 2, which means that 
it is independent of frequency. For the resonant circuits with transmission lines, the value of 
the sensitivity Sp for a given capacitance C can be increased significantly by an appropriate 
increase of 0. If @ = 40°, So/C = 2.42 for the resonant circuit with uniform transmission line, 
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Figure 9.7 Frequency dependencies of the normalized susceptance sensitivity So/C for different char- 
acteristic impedance ratio M 
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Figure 9.8 Equivalent circuit of the MOSFET oscillator with two-section line 


whereas the use of the two-section transmission line with M = 5 results in So/C = 6.35. In 
the case of 0 = 24°, by using of the two-section transmission line with M = 20, it is possible 
to increase the value of So/C by a factor of more than ten. For the same values of So/C, the 
use of the two-section transmission line with a high value of M enables one to reduce the total 
electrical length of the transmission line by a factor of three to four. 

Verification of the theoretical assumptions regarding the improvement of the oscillator 
noise characteristics in the case of the resonant circuit with transmission lines was made on 
the basis of the MOSFET microwave oscillator, for example, in the circuit simulator Serenade 
7.5 [2]. The equivalent circuit of the MOSFET oscillator with a two-section transmission 
line connected instead of lumped inductance into the gate circuit is shown in Figure 9.8. The 
oscillation frequency is 400 MHz, and the output power is 11 dBm. 

Figure 9.9 shows the results of computer simulation of the oscillator phase noise character- 
istics, where the phase noise level of the oscillator with ideal lumped inductance L = 22 nH is 
the same as that of the oscillator using an ideal uniform transmission line with characteristic 
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Figure 9.9 MOSFET oscillator phase noise characteristics 
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Figure 9.10 Block diagram of microwave oscillator with open-circuit transmission line 


impedance Zo = 75 Q and electrical length 0 = 37° (solid line). The phase noise character- 
istics can be improved by decrease of the characteristic impedance of the transmission line 
according to theoretical predictions. In this case, the phase noise level is reduced by approx- 
imately 7-8 dB up to the frequency offset fm = 10 kHz for the value of Zp = 15 Q (dotted 
line). For such a low characteristic impedance of the uniform transmission line, to maintain 
the same value of the input impedance of its short-circuited configuration, the value of its 
electrical length must be increased to 0 = 74°. However, the same improved phase noise level 
can be obtained by using a two-section transmission line with half the total electrical length: 
Zı = 15 Q, 6; = 23° and Z2 = 75 Q, 62 = 14°. In practice, it is difficult to realize an inductor 
with a high value of its quality factor, especially for microwaves, which leads to a substantial 
deterioration of the oscillator noise characteristics. Therefore, it is better to use transmission 
lines with as short as possible electrical length for monolithic microwave integrated circuit 
oscillators. 

From Equation (9.10-9.12) it follows that, with the significant increase in the length of 
the transmission line, the sensitivity So and, consequently, loaded quality factor Q; can also 
be increased significantly. Figure 9.10 shows a schematic diagram of a microwave push-pull 
oscillator containing an open-circuited transmission line with characteristic impedance Z, and 
geometrical length /, as a resonator [3]. The microwave oscillator consists of two identical FET 
devices whose gates are interconnected by a transmission line with characteristic impedance 
Zo and electrical length 6. The length of this transmission line is chosen such that the two 
FET devices resonate with each other [4]. A negative conductance at the desired oscillation 
frequency is generated by a capacitive source positive feedback. The oscillator outputs are 
taken from the drains of two FETs for the load resistance R, and transmission-line resonator, 
respectively, providing the required output port isolation. Stable oscillations at around 20 GHz 
with output power of 0 dBm were observed at gate and drain bias voltages of O and 3 V, 
respectively. 

Three coaxial cables of different lengths were used as the open-circuited resonators. Spu- 
rious oscillations at unwanted signal frequencies were not observed in any of these cases. 
Table 9.1 shows a significant 10 dB reduction in phase noise with the connection of a 


Table 9.1 Measured parameters of the oscillator with open-circuit 
cable resonators [3] 





Cable length Number of Cable insertion Phase noise 
(cm) wavelength (N) loss (dB) improvement (dB) 
10 23 0.35 10 
50 89 1.7 18 


100 171 3.2 21 
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Figure 9.11 Equivalent circuits of LC and transmission line oscillators 


transmission-line resonator of length 10 cm compared with the open-circuit output port. Further 
improvement in phase noise can be achieved by increasing the resonator length. Similar results 
were observed when short-circuited transmission lines were used as the resonators instead of 
open-circuited transmission lines [3]. 

To minimize the sideband noise in the oscillators, it is necessary to provide an optimum ratio 
of the oscillator loaded quality factor Q, to its unloaded quality factor Qo [5, 6]. Figure 9.11 
shows a general equivalent oscillator model. It is assumed that the thermal noise can be modelled 
as a single noise source FAT at the input of the active device (operating as a current source 
in a common case), where F is the noise figure (generally dependent on the input impedance 
of the active device). The feedback resonator represents a series LCR resonant circuit with 
an equivalent loss resistance R. The active device has zero output admittance, which can be 
achieved by using a switched-mode operation mode, and known input impedance. It should 
be noted that such an approach can be applied only when the thermal (additive) noise is the 
major noise source. Therefore, the obtained results cannot be valid for small frequency offsets 
where low-frequency flicker noise dominates. 

The single sideband noise-to-carrier ratio of the oscillator can be defined as 


FkT 2 
7 5 ( L ) (9.14) 

2 QL QL fi m 

8051 — 1— —) Pout 

Qo Qo 

where Qo = 27 foL/R is the quality factor of the LCR resonant circuit, QL = 27 foL / 

(R + Rin) is the loaded quality factor where Rin is the active device input resistance. 


Equation (9.14) has its minimum when differentiated with respect to QL/Qo for constant 
Qo and F when 





L(fm) = 


OL (fm) _ 
ð (QL/Q0) 


As a result, a minimum single sideband phase noise power occurs when QL/Qo = 1/2 [5]. 
Therefore, Equation (9.14) simplifies to 


OPER (PN 
L (fm) = O2P ox (2) (9.16) 


(9.15) 
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If the oscillator operates in a switched-mode high-efficiency operation with zero low output 
admittance (the device output is represented by a lossless switch), a minimum single side- 
band phase noise power occurs when QL/Qo = 2/3[6]. Consequently, Equation (9.14) can be 
rewritten as 


L( fm) = 


27FkT ( fo | Gm 


3202 Pout \ fm 


The same results obtained by Equations (9.16) and (9.17) for minimum phase noise level 
are achieved for the transmission line oscillator shown in Figure 9.11b, where Zo is the charac- 
teristic impedance, « is the attenuation coefficient, 6 is the phase constant and / is the length of 
the transmission line, respectively [7, 8]. It is assumed that the active device and transmission- 
line resonator have both inputs and outputs matched to Zo. The delay line is necessary to provide 
the phase compensation. In this case, for the small values of æl < 0.05 and fm/fo « 1, the 
loaded quality factor is defined by 

QL 


= —— (m 
1 + 2al (1 foC) 
From Equation (9.18) it can be seen that, as the value of the shunt capacitance C is increased, 

the loaded quality factor Q, increases to a limiting factor of 

x 
Qo = zal (9.19) 
which is defined as the unloaded quality factor. 

A microstrip oscillator with oscillation frequency of 1.49 GHz based on a bipolar transistor 
NE68135 was fabricated using a RT Duroid substrate with dielectric permittivity of ¢, = 10.2. 
To deliver power to the external load, a 3 dB Wilkinson divider was used. Phase compensation 
is accomplished by means of a short length of transmission line and is finely tuned using a 
trimming capacitor. For a transmission line with æl = 0.019, resulting in the unloaded quality 
factor Qo = 83 and noise figure F = 3 dB, Equation (9.16) gives the theoretical limit in terms 
of sideband noise power of approximately — 102.6 dBm/Hz at 10 kHz offset, which is only 
1.7 dB greater than the measured phase noise power level. An increase in the noise level was 
observed if the optimum condition was not met. 

To improve the oscillator phase noise characteristic, a parallel circuit resonator based on 
open-circuited transmission lines can be added to the oscillator resonant circuit at its output, 
as shown in Figure 9.12 [9, 10]. In this case, the resonator is simply a combination of two 


PC? (9.18) 
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Figure 9.12 Circuit schematic of bipolar oscillator with parallel resonator (© 2000 IEEE) 
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open-ended stubs having lengths of l+ = à/4(1 + Aw/wo) + 6, where A is the wavelength 
corresponding to the oscillator resonant frequency wo. The input impedance of the lossless 
resonator with one end terminated by the load resistance Ry, can be written as 
1 
Ry 
1+ j(tané_ + tan 0+) 








Z,= (9.20) 
where 64 are the electrical lengths of the open-ended stubs corresponding to their lengths l+, 
respectively. The two tangent functions in Equation (9.20) cancel each other at the resonant 
frequency wo when Aw = 0 due to their odd properties. However, when Aw + 0, the electrical 
lengths 64 are not symmetrical relatively 90°. As a result, when Aw increases in a forward pos- 
itive direction, both tangent functions demonstrate a sharp increase simultaneously. According 
to Equation (9.20), the susceptance sensitivity of such a parallel resonant circuit will increase 
rapidly when Aw is sufficiently small, thus resulting in a significant increase of the resonator 
loaded quality factor. The unloaded quality factor of the resonant circuit depends on the atten- 
uation coefficient of the stubs œ in accordance with Equation (9.19), where / = l} +/_, and 
can reach a value of 205 using a 10 mil alumina substrate or a value of 77 using a 80 um GaAs 
substrate. 

The hybrid 18 GHz oscillator using an AlGaAs/InGaAs HBT active device with a resonator 
fabricated on alumina substrate with ô = 1/30 and a loaded quality factor of 45 exhibited an 
output power of 10.3 dBm and an efficiency of 19.3% at a supply voltage of 2 V with a phase 
noise level of —120 dBc/Hz at 1 MHz offset [9]. The effect of the resonator resulted in about 
5 dB phase noise reduction. In addition, the oscillator pulling factor defined as (fax — fmin)/ fo, 
where fmax and fmin are the maximum and minimum oscillation frequencies respectively, is 
improved by factor of 6 when the load phase angle is changed over the range of 27. The 
monolithic 38 GHz oscillator using the similar HBT technology with a resonator fabricated 
on GaAs substrate with ô = 1/36 and a loaded quality factor of 34 achieved an output power 
of 11.9 dBm and an efficiency of 10% at a supply voltage of 3.2 V with a phase noise level of 
—114 dBc/Hz at 1 MHz offset [10]. The effect of the resonator was about 5 dB phase noise 
reduction. 











9.2 LOW-FREQUENCY LOADING AND FEEDBACK 
OPTIMIZATION 


Optimization of low-frequency loading and feedback circuit can contribute to minimize the 1/f 
noise in the transistor oscillators. In a first approximation, a gate voltage noise generator con- 
nected in series with a noise-free nonlinear two-port circuit can model the low-frequency 1/f 
noise in FET devices. So, ifthe low-frequency voltages applied to gate-source and drain—source 
terminals are reduced, the resulting sideband components around the oscillation resonance fre- 
quency due to nonlinear mixing of these voltages will be reduced as well. To realize such an 
approach, it is necessary to provide short-circuiting of the drain port and open-circuiting of the 
gate port at low frequencies [11]. The phase noise improvement under these conditions was 
verified experimentally by connecting external variable resistances R, and Ra to the gate and 
drain ports, as shown in Figure 9.13a, where Cp are the blocking capacitances. The minimum 
phase noise conditions are realized for the ideal case when R, = œo and Ra = 0. This means 
that in practice a high value of external resistance R, at low frequencies is needed when it is 
bypassed by the choke inductance Len, and no converted noise variations will be observed. 
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Figure 9.13 Diagram of low frequency circuit reducing phase noise 


It was found that 1/f noise could be approximated by a quasistationary phenomenon having 
a quasiconstant autocorrelation function [12]. Consequently, it is possible to reduce phase noise 
by applying a feedback voltage in series with the 1/f noise generator using a parallel resistor 
Rg shown in Figure 9.13a. The higher voltage gain from input to output, the stronger feedback 
may be applied and the lower variations of the gate-source voltage can be observed. The 
low-frequency feedback circuit is also capable of cancelling thermal noise at low frequencies. 
The amount of cancellation is determined by the circuit delay and the frequency. Due to gate 
and drain loading, an 8 dB phase noise improvement is obtained at 1 kHz offset from the 
carrier for 10 GHz microwave oscillator. Optimizing the values of the gate, drain and feedback 
resistances results in an overall 11 dB phase noise improvement with optimum values of 
R; = 0, Rg > 100 Q and Ra < 100 [11]. 

Figure 9.13b shows the circuit schematic of a common drain microwave MESFET oscillator 
with a direct current resistor R, between the gate and the ground [13]. This low-frequency 
resistor, bypassed at high frequencies, also affects the noise up-conversion by allowing the gate 
rectification current to produce an optimum reverse bias on the gate. The lowest phase noise 
was obtained when a gate resistor Ry = 1 kQ was used in the 5.6 GHz oscillator and a gate 
resistor Rg = 200 k? was used in the 7.4 GHz oscillator, providing a 14 dB noise reduction. 
Thus, there is an optimum value of the bias voltage minimizing the oscillator phase noise. 
In order to obtain low phase noise at low offset frequencies with dominating 1/f noise, the 
bias point should be chosen so as to avoid the increasing output conductance at the transition 
between the active and saturation regions, and operation in the pinch-off region should be 
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Figure 9.14 VCO topology incorporating emitter degeneration 


minimized, corresponding to a Class AB mode with high quiescent current [14]. Within these 
limitations, it is necessary to maximize the oscillator output power. To keep the MESFET 
device operating in the active region, the technique utilizing a pair of limiting diodes can 
be used [15]. Two limiting diodes are placed between the source of the MESFET device and 
resonator to clip the oscillation amplitude before driving the transistor into nonlinear operation. 
Although adding a pair of diodes introduces new nonlinearities in the circuit, overall 1/f noise 
will be reduced since a MESFET is operated in a linear active region and these nonlinearities 
are small compared with those of the MESFET device. 

Figure 9.14 shows a typical LC oscillator circuit based on a cross-coupled transistor pair 
incorporating emitter degeneration [16]. The proper choice of the parameters of the oscillation 
circuit provides the tuning range from 12 to 15 GHz using bipolar devices with transition 
frequency fr = 45 GHz from SiGe 6HP process. The oscillator phase noise at 2 MHz offset is 
illustrated in Figure 9.15. If degeneration capacitance Cg is too small, the noise generated by 
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Figure 9.15 Simulated phase noise of LC oscillator with emitter degeneration 
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Figure 9.16 Bipolar oscillator schematic with passive feedback (© 1994 IEEE) 
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the feedback resistance Rg is not adequately filtered, resulting in noise degradation. For a de- 
generated VCO with Rg = 300 Q, varying capacitance Cg from 0.3 to 0.8 pF provides a tuning 
range of the oscillation frequency from 14.6 to 12.6 GHz. The choice of optimum combination 
of the values of the degeneration resistance Rg and capacitance Cg enables one to improve the 
phase noise performance by approximately 7 dB compared with the nondegenerated design. 

The experimental results show that, when using a negative feedback from unbypassed emit- 
ter resistance in a bipolar oscillator, the effect of flicker noise up-conversion can be significantly 
reduced [17]. Theoretically, this can be explained by the linearization of the device transfer 
function when dc and fundamental components of the collector current become linear func- 
tions of the base voltage, beginning from very small values, as follows from Figure 4.13 and 
Equations (4.76—4.78) given in Chapter 4. This leads to a significant reduction of the low- 
frequency noise-to-carrier modulation or flicker noise up-conversion. However, a high value 
of the unbypassed emitter resistor also reduces the active device transconductance, resulting 
in lower output power and regeneration factor. Therefore, it is preferable to use the emitter 
resistance together with noise feedback circuits. 

Sufficient noise suppression can be achieved by using a passive feedback RF circuit com- 
posed of the series resistor connected to the device emitter and a capacitive voltage divider 
between the base and feedback resistor and the feedback resistor and ground [18, 19]. For a 
bipolar 800 MHz VCO, the circuit schematic of which is shown in Figure 9.16, the value of 
the feedback resistor is equal to 15 Q and each capacitance is equal to 1 pF loosely coupled 
with the tuned resonant circuit. By optimizing the feedback elements and dc operating point, 
the close-in phase noise can be improved by 20-30 dB, achieving more than — 110 dBc/Hz at 
10 kHz offset. 

Figure 9.17 shows a bipolar oscillator schematic with active emitter noise feedback circuit 
[19-21]. Due to the feedback loop, the noise across the emitter resistor is sampled by a sampling 
transistor Q2, inverted by 180°, amplified and fed back into the base of the RF transistor Qı. The 
simulation results shown in Figure 9.18 demonstrate of about 40 dB phase noise improvement 
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Figure 9.17 Bipolar oscillator schematic with active emitter noise feedback (© 2000 IEEE) 
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Figure 9.18 Phase noise of bipolar oscillator with and without feedback 


for a perfect phase shift of 180° at the oscillation frequency of 1.2 GHz. The same result can 
be achieved using noise sampling from the collector resistance shown in Figure 9.19. Such a 
voltage-controlled oscillator provides a frequency tuning range from 612 to 1124 MHz within 
the varactor bias voltage range from +1 to +22 V. Since the bandwidth for a single transistor 
can only be about 1 MHz with guaranteed phase shift close to 180°, practical circuits can show 
a noise improvement between 15 and 20 dB [19]. 

A fully integrated RF CMOS VCO with an on-chip low-frequency feedback loop for flicker 
noise suppression is shown in Figure 9.20 [22]. Here, the emitter resistance Re first samples 
the low phase noise from the dc current. Then, a low-pass filter represented by a resistor R5 
and a capacitor C3 is used to suppress the high-frequency components appearing across the 
emitter resistor Rg. The sampling nMOS transistor M3 provides 180° inversion, amplification 
of the low phase noise signal and its final delivery to the gate of the nMOS transistor Mı 
through the resistor R,. The capacitances Cı and C2 form a positive feedback loop to provide 
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Figure 9.19 Bipolar oscillator schematic with collector noise feedback 
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Figure 9.20 CMOS VCO with low-frequency feedback 


the negative resistance, resulting in the start-up and steady-state oscillation conditions. The LC 
tank consists of the inductor L3 with a quality factor around 10 at 5 GHz and the varactors C5 
and C6 with a tuning range from 0.65 to 1.4 pF within 2 V voltage range. The resistors Rı and 
R; provide the biasing of the MOS transistors. The inductor L, serves as RF choke. The pMOS 
transistor M> and inductor L3 are the components of the buffer amplifier. Being implemented 
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in 0.18 um CMOS technology, such a VCO with low noise feedback loop provides the output 
power of 15 mW at supply voltage of 1.8 V, the frequency tuning range of 6.1% around 
the centre frequency of 5.74 GHz and the phase noise of —69 dBc/Hz at 10 kHz offset and 
—98 dBc/Hz at 100 kHz offset. The size of the chip area is 1.6 x 1.5 mm. It should be noted 
that using such a low noise feedback loop enabled the phase noise reduction of 4—6 dB. 


9.3 FILTERING TECHNIQUE 


The current source in the differential LC oscillators is required to set the bias current and 
provides high impedance in series with the switching active devices of the differential pair. 
In a perfectly balanced circuit, odd harmonics circulate in a differential path with no current 
flowing through the current source (out-of-phase operation). At the same time, even harmonics 
flow in a common-mode path through the active devices, resonator circuit and current source 
(in-phase operation). Because of the mixing effect provided by the nonlinearities (nonlinear 
transconductance and intrinsic capacitances) of the oscillator transistors, the low-frequency 
noise of the current source is initially upconverted to high-frequency noise around even har- 
monics and then down-converted to the phase noise around the fundamental. Since the level 
of the third- and higher-order harmonics in the resonant LC oscillator is negligibly small, the 
effect of the second harmonic can be taken into account. Thus, to prevent the effect of current 
source low noise modulation of the second harmonic, it is necessary to provide low impedance 
for the second harmonic. In other words, it is necessary to create a condition of current source 
bypassing for the second harmonic. Such an approach to the phase noise improvement is called 
a filtering technique. Several examples of the filtering technique applied to the differential LC 
oscillators are given elsewhere [23]. 

The simplest circuit solution which can be applied to the differential tail-biased VCO shown 
in Figure 9.21 is to place the shunt capacitance C, with a large value (resulting in a small 
reactance at the second harmonic) in parallel to the current source M,. However, one needs to 
be careful with the large value of the shunt capacitance in order to eliminate the self-modulation 
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Figure 9.21 Differential tail-biased VCO with capacitive noise filter 
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Figure 9.22 Differential tail-biased VCO with complete noise filter 


phenomenon resulting in AM—FM conversion (see Chapter 2). As an alternative, inserting the 
series inductance between the current source and the tail creates high impedance for the second 
harmonic, minimizing its contribution to the signal spectrum. Figure 9.22 shows the circuit 
schematic with a parallel filter based on the series inductance L¢ connected in parallel to the 
capacitance C in addition to the shunt capacitance C,. This parallel filter resonates on the 
second harmonic. Its impedance is limited only by the quality factor of inductance. As a result, 
the inserted inductance and two capacitances comprise a complete noise filter for a tail-biased 
differential LC oscillator. 

Figure 9.23 shows the differential top-biased LC oscillator schematic where the current 
source is connected between the positive voltage supply and centre tap of the differential 
inductor. From the principle of dc operation, both tail-biased and top-biased schematics are 
identical and the position of the current source can be exchanged. However, in practical im- 
plementation, their RF performances are different. For instance, the top-biased VCO is more 
immune to substrate noise because the current source is placed in an n-well, rather than in 
the substrate [23]. However, from an analysis of the flow directions of even harmonics shown 
in Figure 9.21, it can be seen that the top-biased oscillator up-converts less flicker noise into 
phase noise around the fundamental frequency. This means that the level of the second har- 
monic flowing through the current source for the top-biased differential VCO is less than for the 
tail-biased oscillator. To minimize the phase noise, the complete noise filter for the top-biased 
VCO represents the large shunt capacitance connected in parallel to the current source and the 
second-harmonic filter comprising the parallel inductance Ly and capacitance C¢ having high 
reactance at the second harmonic. 

In the extreme operation when it is necessary to increase the VCO output power, a very 
large gate voltage is applied to the current-source transistor, resulting in an almost short-circuit 
to ground for the LC resonant circuit. This reverts to the voltage-biased differential VCO 
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Figure 9.24 Differential voltage-biased VCO with noise filter 


shown in Figure 9.24 where a noise filter in the tail is tuned to the second harmonic. In a 
steady-state operation, this oscillator provides the highest voltage amplitude because there is 
no voltage drop across the current-source transistor. At the same time, there is no low phase 
noise up-conversion due to the effect of the second harmonic. As a result, the phase noise of 
the voltage-biased VCO is least with the largest amplitude of the oscillation signal. 

A tail-biased differential oscillator implemented in 0.35 um CMOS technology can provide 
phase noise of —153 dBc/Hz at 3 MHz offset from the oscillation frequency of 1.2 GHz and 
consumes 3.7 mA from a supply voltage of 2.5 V. The phase noise of the identical reference 
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Figure 9.25 Differential top-biased VCO with harmonic tuned LC tank 


oscillator without noise filter is 7 dB less at the same offset. A top-biased oscillator using 
the same technology with tuning oscillation frequency from 1.0 to 1.2 GHz provides the 
phase noise of — 152 dBc/Hz at 3 MHz offset, an 8 dB improvement over its reference oscillator. 
The noise filter uses a 10 nH on-chip spiral inductance of square form and a 40 pF MIM capacitor 
[23]. 

Since both the sideband noise-to-carrier ratio in general and the device noise figure in 
particular can be reduced by increasing the voltage amplitude for the same tank resistance 
and oscillator quality factor, the harmonic tuning concept based on using additional resonant 
circuits tuned to the one of the harmonics of the fundamental frequency can be useful [24]. 
Using the third harmonic tuning resonators connected to the device drains contributes to the 
Class F approximation with the flattened drain waveform. In this case, the voltage fundamental- 
frequency and third harmonic components are out-of-phase, thus resulting in an increased 
fundamental-frequency voltage amplitude. As a result, the differential top-biased CMOS VCO 
with third harmonic LC-resonators and second harmonic noise filtering technique, the circuit 
schematic of which is shown in Figure 9.25, can provide the phase noise improvement of more 
than 10 dB compared with the standard VCO, achieving — 140.8 dBc/Hz at 3 MHz offset from 
a carrier of 2 GHz in 0.35 um CMOS technology. 

Figure 9.26a shows the equivalent circuit of the tail-biased differential VCO where, instead 
of FET current source, a polysilicon resistor Rs, which is substantially free from 1/f noise, 
defines a tail current [25]. The resistor value is small enough to lower the loaded quality factor of 
the resonant circuit. Therefore, to provide RF isolation of the resistor from the resonant circuit, 
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Figure 9.26 Differential VCO with noiseless current sources (© 2003 IEEE) 
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Figure 9.27 Differential tail-biased VCO with second harmonic trap 


a high value of inductance Ly is used in each part. Together with a parallel capacitance C¢/2, it 
can compose the parallel resonant filter tuned to the second harmonic. A large capacitor across 
each resistor C, shunts the wideband resistor noise, preventing its up-conversion. To improve 
the balanced operation conditions of two nMOS devices, Mı and M2, when the fundamental 
frequency voltages at their sources should be exactly out of phase, the decoupling capacitor Ce 
is used. When this capacitance is too large, the circuit behaves like a conventional differential 
pair. However, for zero value of the capacitance C., the oscillator represents the push-pull 
schematic when, to provide the soft start-up conditions, it is necessary to use large values of 
the filter capacitances C¢f/2, minimizing their reactances at the fundamental frequency. 

In the practical differential VCO using 0.35 um CMOS technology, the de current is regu- 
lated by segmenting a fixed resistor and selectively shorting the segments with digital bits, as 
shown in Figure 9.26b [25]. The circuit can be tuned from 1.43 to 1.64 GHz with two nMOS 
varactors, VD; and VD», connected in parallel with a 4-bit binary-switched capacitor array. 
The oscillator operates at 2.7 V with drain current of 6 mA. The measured phase noise is 
lower by 20 dB in the flicker noise-dominated area (less than 10 kHz offset) and by 15 dB at 
50 kHz offset compared with a conventional differential VCO. At 1 MHz offset, the phase 
noise becomes the same for both configurations. Across the entire discrete tuning range, the 
phase noise changes by only about 2 dB. The degree of suppression is limited by the capacitor 
Cr, which is determined by interconnects in a practical configuration. 

Figure 9.27 shows the equivalent circuit of the bipolar cross-coupled tail-biased differential 
VCO where the second harmonic signal generated at the transistor emitters is flowing through 
the series LC; filter tuned to the second harmonic rather than the current source [26]. The shunt 
capacitor C connected in parallel to the current source suppresses the level of higher-order 
harmonics, which may appear in the current source. Such a differential VCO configuration is 
capable of improving the phase noise of —140 dBc/Hz at 3 MHz offset from the oscillation 
frequency of 900 MHz, corresponding to a conventional bipolar differential VCO without 
second harmonic filter by 1.9 dB. 
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Figure 9.28 Differential VCO with tail current noise suppression 


Figure 9.28 shows the tail-biased differential VCO using a low noise suppression technique, 
which includes inductive degeneration and low-pass filtering [27]. An off-chip degeneration 
inductor L, is placed between the source of the tail transistor M3 and ground. In this case, the 
noise current power of the current source transistor is reduced by a factor of |1 + jgm@L,|*, 
where gm is the transconductance of the transistor M3. For the values of gm = 50 mS and 
L, = 30 um, the noise reduction begins at about 100 kHz. The cutoff frequency of the low- 
pass filter with the series inductance L¢ and shunt capacitance C can be significantly reduced by 
using an additional off-chip large-value shunt capacitance Cs. The overall phase noise reduction 
in simulation is 3 dB at the 3 MHz offset from the oscillation frequency of 2 GHz, of which 
2 dB is due to the inductive degeneration and 1 dB is due to the on-chip low-pass filter. A supply 
voltage of 1.4 V and dc current of 9 mA were used, with the off-chip inductance L, = 100 um 
and the following values of the on-chip elements: tank inductor of 2.3 nH with a quality factor 
of 9 at 2.2 GHz, inductance Lf = 3 nH and capacitance Cs = 10 pF. It should be noted that 
the advantages yielded by the inductive degeneration increase at lower offset frequencies. 
The practical VCO was fabricated using standard 0.35 um CMOS technology with frequency 
tuning from 1.96 to 2.36 GHz for the same supply voltage and dc current. As can be easily 
predicted, the best results are obtained at the highest frequencies when the tuning capability 
of the varactors becomes the smallest with minimal nonlinearity of their voltage—capacitance 
characteristic. Using either shunt capacitance C, = 30 nF or off-chip inductance L, = 100 um 
results in 5 and 6.5 dB phase noise improvement at 3 MHz offset, respectively, compared with 
the phase noise of a conventional tail-biased differential VCO of —131 dBc/Hz. At 100 kHz 
offset, the major contributor to the phase noise reduction is the degeneration inductance L, 
providing an improvement from —94 to — 103.5 dBc/Hz. 
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It should be noted that the transistor equivalent circuit parameters such as base-emitter 
capacitance, device transconductance or collector capacitance are nonlinear, having different 
nonlinear behaviour versus bias voltage. Therefore, there is a possibility to further improve the 
noise performance by optimizing tail current and resonant circuit elements when the oscillation 
frequency sensitivity to the tail current is minimized. For example, there is an optimum bias 
point for MOS transistors where the intermodulation distortions can be minimized due to 
quadratic dependence of their transfer characteristic in the region close to the device threshold 
voltage [28]. For bipolar devices, there is a region with medium values of the tail current where 
the phase noise level of the bipolar VCO can be minimized. Without an emitter degeneration 
resistor and a low-pass filter, by only optimizing the resonant circuit elements and choosing the 
optimum tail current of 6.5 mA and power consumption of 14 mW for the 2.6 GHz differential 
VCO using Si-bipolar process with fr = 20 GHz, the phase noise level was improved from 
—92 to — 104 dBc/Hz at 100 kHz offset [29]. 


9.4 NOISE-SHIFTING TECHNIQUE 


In modern wireless communication systems, cross-coupled oscillators have been preferred 
over other topologies for monolithic integrated circuit implementation due to their simplicity of 
realization using CMOS technology and differential operation. However, because the current- 
source transistor is top or tail located, to improve the phase noise performance, it is necessary 
to use the special filtering techniques for second harmonic suppression. Therefore, the new 
oscillator topologies based on classical types of the oscillator can overcome this problem when 
one of the active device ports is grounded [30]. In addition, these topologies provide larger 
oscillation amplitude for a given bias current because there is no voltage drop of the dc current 
across the current-source transistor, similar to the differential voltage-biased VCO shown in 
Figure 9.24. 

Figure 9.29a shows a single-ended common base bipolar Colpitts oscillator configuration. 
The required regeneration factor for the start-up oscillation conditions can be chosen using a 
proper ratio of the feedback capacitances Cı and C2. To maximize the loaded quality factor of 
the resonant circuit, the choke inductance can be connected between the bias resistor Ryias and 
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Figure 9.29 Single-ended and differential oscillator topologies 
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Figure 9.30 Noise-shifting differential common gate oscillator topologies 


emitter. In CMOS implementation, the single-ended bipolar common base oscillator can be 
replaced by the schematic using an nMOS device shown in Figure 9.29b with RF grounded gate 
and current source instead of bias resistor. Connecting two identical single-ended oscillators, 
as shown in Figure 9.29c, can provide the differential output. In a perfectly balanced circuit, 
identical sides carry 180° out-of-phase signals of equal magnitude. Consequently, there is a 
midpoint (the centre node between C2 capacitances) where the signal magnitude is zero. For 
absolutely identical circuits in each balanced side, the difference between signal magnitudes 
becomes equal to zero in each midpoint (dotted line) referred to as a virtual ground. 

Because of a push-pull operation, the dc current flows through each current-source transistor 
for only half a period. Therefore, these current sources can be replaced by a pair of cross-coupled 
nMOS transistors providing a synchronized current switching from one side to another, as 
shown in Figure 9.30a. To add frequency-tuning capability to the new oscillator topology, 
it is possible to include two varactors connected in parallel with the tank inductor. Finally, 
the two shared C, capacitors connected in series can be replaced by an equivalent capacitor 
with half of their individual value. Final differential noise-shifting common gate oscillator 
schematic is shown in Figure 9.30b [30]. It should be noted that Cz capacitances with virtual 
ground node serve as shunt capacitances used in a filtering technique. These capacitances 
have small reactances at higher-order harmonics, minimizing their flow through the current- 
source transistors. In addition, a loaded quality factor of such an oscillator can be increased 
by connecting series inductances with high reactance at fundamental between the main and 
cross-coupled transistors. 

The differential noise-shifting topology was implemented in a common gate VCO fabri- 
cated using 0.35 um BiCMOS process technology to operate from 1.8 to 2.45 GHz [30]. The 
tank inductors have quality factors of 6. To maximize the oscillation voltage amplitude and 
regeneration factor, the capacitance C was chosen to be four times capacitance C4. The oscil- 
lator shows a phase noise of — 139 dBc/Hz at 3 MHz offset from the carrier of 1.8 GHz drawing 
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Figure 9.31 Bipolar cross-coupled differential VCO schematic 





dc current of 4 mA from supply voltage of 2.5 V. The application of LC filtering technique to 
this oscillator when the added LC network was designed to resonate at second harmonic shows 
a negligible effect on the phase noise performance. 

To minimize the phase noise of the cross-coupled differential VCO, it is important to op- 
timize the capacitive feedback ratio as well. Figure 9.31 shows the circuit schematic of the 
cross-coupled differential bipolar VCO designed for wireless application, where L; and Lo 
represent the parasitic bondwire inductances, resistors R; and R3 are used to damp the spurious 
oscillations, capacitors C1, C2 and C3, C4 provide positive feedback [31]. The optimum feed- 
back ratio for this design is C2/C, = C4/C3 = 3.5. For a maximum varactor frequency tuning 
bandwidth, the values of feedback capacitances should be as low as possible. The optimization 
of the feedback ratio is important to set operation conditions with optimum regeneration factor 
and symmetric waveforms of the collector current of each half-circuit as a dominant noise 
contributor. For bipolar devices with fr = 25 GHz, its contribution at 100 kHz offset from the 
carrier of 800 MHz was of 68% of total noise, while the contribution of the base resistance 
thermal noise was simulated to be less than 5%. Due to the loaded Q, of the resonant circuit of 
about 16, the noise contribution from the resonator is of 21%. Although the noise contribution 
from the tail current is sufficiently small, about 7%, it becomes the major noise source at offset 
frequencies less than 3 kHz. The sum of all noise contributors results in the noise-to-signal 
ratio of — 106.2 dBc/Hz. The VCO consumes dc current of 1.6 mA from a 2.7 V power supply. 

Figure 9.32 shows a balanced common gate Colpitts VCO fabricated using InGaP/GaAs 
HBT process with fr = 60 GHz and fmax = 110 GHz [32]. By varying base bias voltage Vp 
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Figure 9.32 Bipolar balanced Colpitts VCO schematic 


from 2 to 3.5 V, it was found that there is an optimum value of approximately 3 V, resulting 
in a minimum level of the phase noise and close to a maximum tank voltage amplitude just 
before the onset of the transistor saturation. Such a critical operation mode, corresponding to 
the border between the active and saturation regions, provides compromise conditions when 
the output power is high enough to minimize the phase noise level, but the collector—base 
junction has not yet been forward-biased to resistively shunt the oscillator resonant circuit, 
making its loaded quality factor significantly worse. By varying varactor bias voltage Vy from 
0 to 4 V, the frequency tuning of 150 MHz with output power of about 6 dBm with small 
variations within 1 dB was achieved. Minimum phase noise was less than —112 dBc/Hz at 
100 kHz offset from the carrier of 6.4 GHz with the slope of 20 dB/decade at higher offsets. 
This shows that the balanced Colpitts VCO schematic is a favourable topology for low phase 
noise monolithic design. 


9.5 IMPEDANCE NOISE MATCHING 


It is known that to achieve maximum signal-to-noise ratio in an oscillator, the optimum re- 
lationships between the active device, resonant circuit and feedback parameters should be 
established. For example, the minimum noise figure is obtained when the load conductance, 
including the real part of the device output admittance, is transformed via the feedback circuit 
into the optimum source admittance at the input of the active device. Therefore, generally for 
low-noise oscillator design, it is necessary to consider the following aspects [33]: 


e proper choice of the active device with 
small noise figure combined with a small correlation coefficient 
higher output power 
small output conductance 
reasonably high input impedance; 
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Figure 9.33 Equivalent circuit of optimally designed transformer-coupled oscillator 


e meeting an impedance condition at the input of the active device which can be achieved by 
optimization of the feedback factor and which leads to optimum impedance noise matching; 


e high quality factor of the resonant circuit; 


e optimum coupling coefficient of the feedback transformer. 


For example, choosing the optimum value of the voltage transformation ratio of the trans- 
former in a transformer-coupled oscillator, it is possible to improve the signal-to-noise ratio 
by 30 dB [33]. In a common case, it is difficult to satisfy all requirements simultaneously. In 
this case, the best signal-to-noise ratio can be achieved by optimization of the interdependent 
parameters. 

Considering the criteria for the choice of an optimum active element, sometimes it is much 
more promising to combine several active devices rather than using a single one, because one 
requires a low-noise input stage with sufficiently high input impedance and a final stage with 
high output power capability and high output impedance. Figure 9.33 shows the simplified 
equivalent circuit of the transformer-coupled oscillator with dual-stage active element based 
on a tandem connection of the common source MESFET device with high input impedance 
and low noise figure and common base bipolar transistor with high output power capability. 
Compared with other transistor configurations, the common base connection shows the highest 
output impedance for the same output power. The minimum noise figure of the MESFET device 
is provided by optimum choice of the biasing conditions: drain supply voltage and dc current. 
To minimize the up-conversion of the 1/f noise, it is necessary to provide a nearly linear 
operation of the MESFET device. In addition, by appropriate partial coupling of the active 
element to the resonant circuit, the signal-to-noise ratio can be significantly improved. As 
an example, for a 150 MHz oscillator with the output power of —8 dBm, supply voltage of 
35 V, de current of 60 mA, coupling coefficient of 0.1 and quality factor of the resonant circuit 
of 300, the noise-to-carrier ratio (including both amplitude and phase noises) of —166 dBc 
measured in 1 Hz bandwidth at 10 kHz offset can be obtained at 50 Q load [33]. 

The cascode configuration of two bipolar devices, one with a common emitter and the other 
with a common base, makes it possible to increase the output resistance of the active element, 
resulting in higher loaded quality factor of the oscillator resonant circuit without degradation of 
the noise performance provided by the common emitter transistor. Figure 9.34 shows the circuit 
schematic of the cascode bipolar oscillator where the negative power supply is connected to the 
emitter of the first transistor, while the collector of the second transistor is dc grounded [34]. By 
using a low-power bipolar device with fr = 3 GHz and a resonant circuit with quality factor 
Qo = 200, the output power of 10 dBm at the oscillation frequency of 230 MHz with dc current 
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Figure 9.34 Bipolar cascode low-noise oscillator [34] 


of 6 mA and phase noise of less than —120 dBc/Hz at 10 kHz offset was obtained. In order 
to achieve a low level of the phase noise, it is very important to properly isolate the oscillator 
circuit from the buffer amplifier using electric shielding. In addition, to minimize the effect of 
board parasitics, the grounding of the circuit elements must as close to each other as possible. 

Figure 9.35 shows the cascode bipolar VCO where the first transistor is connected in a 
common collector configuration whereas the second transistor is configured for a common 
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Figure 9.35 Bipolar cascode VCO with optimum phase noise 
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Figure 9.36 Differential tail-biased VCO with tapped inductor 


emitter operation [35]. The common collector device is used as a gain element and biased to 
operate in the active region by maximizing its quiescent current, preventing it from going into 
saturation. If it were to saturate, it would load the tank circuit connected to its base terminal, 
thus affecting the VCO phase noise performance. The common emitter transistor is used as 
a limiting element, providing the maximum VCO output power. Its partial connection to the 
tank circuit through the feedback capacitances C1, C2 and C3 is necessary to minimize the 
VCO phase noise. By optimizing the dc bias and RF feedback conditions, an improvement in 
10 dB phase noise can be achieved without degrading the frequency tuning bandwidth. 

In the differential VCO, due to capacitive cross-coupling between the transistors, the res- 
onant circuit is fully loaded on the equivalent input device impedance. However, if the gain 
capability of the active device is sufficiently high at the operating frequency, an optimum 
partial connection of the device into the resonant circuit can improve the noise performance 
and also makes it possible to achieve higher signal amplitude while avoiding breakdown and 
keeping approximately the same tuning range. Figure 9.36 shows the circuit schematic of the 
differential VCO with tapped resonant circuit inductor. As expected, the phase noise will be 
reduced by 6 dB using a taping ratio 1:1. Being fabricated in a SiGe process, such a differ- 
ential VCO with a tapped inductor and the varactors represented by collector—base junctions 
with a hyperabrupt collector doping profile provides a frequency tuning range of 23% around 
2.4 GHz at a supply voltage of 2.5 V with current consumption of 16.5 mA and phase noise 
of — 128 dBc/Hz at 1 MHz offset [36]. 

An additional active device can be used to compensate for the loss in the oscillation system. 
For example, by using the inverted common collector transistor configuration, a stable negative 
resistance is generated, extracting the additional energy into the resonant circuit compensating 
for the loss due to the load resistance. This results in a significant increase in the loaded quality 
factor of the resonant circuit. Figure 9.37 shows the schematic diagrams of the oscillators 
(a) without compensation circuit and (b) with compensation circuit [37]. The soft start-up and 


430 NOISE REDUCTION TECHNIQUES 


50 nH 






47 kQ i Inverted common 
collector configuration į 








18 uH 1 pF 50Q 


b). 


Figure 9.37 Schematic diagrams of oscillator (a) without and (b) with compensation circuit (permis- 
sion by IET) 


steady-state oscillation conditions are realized by using the capacitive feedback reactance in 
the base and inductive reactances in the emitter and collector circuits. Both circuits have the 
same terminal impedances at the emitter and base ports, but different in the collector port. 
After incorporating the negative resistance circuit based on a common collector transistor VT>, 
the collector of the main transistor VT; sees the inductive impedance with the resistive part 
approaching zero. At oscillation frequency of 800 MHz with output power of -6.8 dBm, the 
oscillator with compensation negative resistance circuit provides 6 dB phase noise improvement 
at 10 kHz offset. 


9.6 NONLINEAR FEEDBACK LOOP NOISE SUPPRESSION* 


There is a real possibility of improving the oscillator phase noise significantly by using a 
special nonlinear feedback loop which can create the proper phase conditions for output noise 


* This section is based on the extended version presented by courtesy of T. Banky and T. Berceli from Budapest 
University of Technology and Economics [38]. 
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Figure 9.38 Block diagram of microwave oscillator with nonlinear feedback loop 


components, the mixing effect of which contributes to the subtraction of the noise components 
around the fundamental. Figure 9.38 shows a block diagram of the microwave oscillator with an 
additional nonlinear feedback. The resonator can be represented by a filter or any configuration 
of the lumped or distributed LC elements that can provide the proper conditions for the soft start- 
up and steady-state oscillation conditions. An active device is shown as a noise-free nonlinear 
two-port network with a low-noise voltage source connected to its input. A nonlinear feedback 
path includes a diode as a nonlinear element, two matching circuits to match its input and output 
impedances, phase shifter, low-pass filter to suppress the fundamental, second and higher-order 
harmonics and dc blocking capacitor. 

For the sake of the simplicity of the analytical representation, let us consider only one 
low-noise component. Then, the entire signal entering the nonlinear two-port network can be 
written as 


Vin = Vo + Vin cos wt + Vijf cos(Qt + ®) (9.21) 


where Vo is the dc bias voltage, Vin and w are the voltage amplitude and frequency of the self- 
oscillations, Vı;ș and Q are the voltage amplitude and frequency of the low-noise component 
with initial phase ®, respectively. 

The transfer characteristic of the nonlinear two-port network can be represented by the 
power series 


iout = do + d1 Uin + a20 +... + agave, (9.22) 


where iout(t) is the output collector or drain current and vin(t) is the voltage at the active device 
input. For a polynomial representation of the transfer function, it is convenient to apply a 
power-series analysis, which is relatively easy to use and which gives a good intuitive sense 
of the nonlinear behaviour of the active device. 
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Substituting Equation (9.21) into Equation (9.22) and using trigonometric identities, for the 
dc (constant), first (linear), second (quadratic) and third (cubic) voltage terms, we can write 


1 
lout = do + 41 Vo + a Ve + a Vo + 5a2(Vin F VĒ) 


3 3 
i la + za (Va + 2v2,)) Vin COS œt + la + zeis i 2v2) | Vrjf Eosl 


1 1 1 1 
+ 592V cos2wt + sais cos2W + 72V cos3wt + zoV iy cos3W 


+ a2VinVi/s[cos(@t + Y) + cos(at — Y)] 


3 
+ 7a V2Vi/plcos(2at + Y) + cos(2wt — Y)] 


+ sasVinViy [cos(2W + wt) + cos(2W — ot)] (9.23) 
where Y = Qt + ®. For simplicity of numerical calculation, the values of a) and Vo are 
considered zero, whereas the second and third orders of low-noise voltage components, Ve, f 
and Ve, p» are assumed to be negligible compared with others. It can be seen from Equation (9.23) 
that the coefficients a; and a3 have a significant effect on the amplitude of the fundamental 
component of the output current whereas the amplitudes of sidebands near fundamental (w + Q 
and w — (2) are functions of coefficient a2. 

By converting all components, including the noise sidebands down to the baseband again 
through a properly set nonlinearity, we can obtain a signal identical or very close to identical 
to the signal that was produced by the original noise source. To properly design the feedback 
loop, it is necessary to provide the following experimental verification: 


¢ nonlinear measurements for coefficients a,n; 


choosing required elements for the power splitter and feedback LC-filter for a particular 
oscillation frequency; 


choosing a type of nonlinearity (proper active element in a nonlinear feedback loop) in 
accordance with values of the coefficients a,n; 


phase measurements to choose the proper phase shifter needed to achieve an inverted noise 
signal to add to the signal at the active device input. 


It is very important to make a correct choice of the nonlinear element in a nonlinear feed- 
back loop for effective compensation of the noise components. The feedback signal from the 
nonlinear element can be written as 


Vfeedback = Do + biiout + briny +... + brika (9.24) 


where iout(t) is the output collector or drain current defined by Equation (9.23). 

According to Equation (9.23), the new frequency components are produced as the mixing 
products of the terms appearing in Equation (9.23). Consequently, it is necessary to investigate 
these products to be able to determine the required optimum values for coefficients b,,. In this 
case, it is enough to take those products that contain less than second power of the voltage 
amplitude Vı;f representing low frequencies (since this signal is passed through a low-pass 
filter before entering the active device again). 
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Figure 9.39 Feedback nonlinear coefficients bz and b; versus active device nonlinearity 


Figure 9.39 shows a diagram defining the feedback nonlinear coefficients b2 and b3 through 
the ratio of the active device transfer function coefficients a2/a3. Here, we can see that, for 
an active device with strong third-order nonlinearity when a2 < a3, it is necessary to use the 
nonlinear element in a feedback loop with strong third-order nonlinearity when b « b3 as 
well. A limiting antiparallel diode pair can easily realize such a nonlinearity, for example. For 
the other side of diagram where az >> a3 (when sidebands have sufficiently high amplitudes 
which is not typical), it is necessary to provide an active element with strong second- and 
third-order nonlinearities at the same time, which can not be effectively realized. 

The experimental verification was performed using a 5-GHz microstrip oscillator based 
on ATF36077 pHEMT device. For this type of a transistor, the gate-source capacitance and 
drain current source are the major contributors to the low-frequency flicker noise, whereas 
the main nonlinearity is provided by a nonlinear transconductance. From the measured active 
device nonlinearity, a value of 0.095 was found for the ratio a2/a3. As a result, to provide 
a third-order nonlinearity in the feedback loop, the two diodes HSMS-8002 were connected 
in antiparallel positions. The measured phase noise shows 5 dB improvement compared with 
7-dB improvement obtained by simulation. This difference can be caused by the fact that only 
the noise source at the active device input was taken into account, and the expected conversion 
loss in the feedback loop is higher. 

The major feature of this technique can be clearly seen from the simulation and measurement 
results: the noise suppression effect is working over the entire noise bandwidth of interest, since 
the conversion and phase shift have constant values for all noise components throughout the 
frequency offset region (from kHz to MHz). Also, it is convenient in circuit implementation, 
as utilization (or later addition) of the low frequency feedback loop has a negligible effect on 
the amplitude and frequency of the self-oscillations. In addition, for a transistor configuration 
with common emitter, there is no need to use a phase shifter in the feedback loop since such a 
configuration provides the required phase inversion of 180° for a low-frequency signal. 
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Hartley oscillator, 36-37, 339 
LC-circuit, 22, 34, 36, 55-57, 106-111, 299, 
319 
parallel, 22, 36 
series, 235, 238 
Meissner oscillator, 36, 43, 230 
oscillator with delay line, 75—79 
push-pull oscillator, 43, 65-66 
push-push oscillator, 65—72, 394 
resonant circuit, 87—91, 96, 125, 259 
Seiler oscillator, 40—43, 322, 384 
single-resonant circuit oscillators, 87-89 
transformer-coupled oscillator, 36, 42, 43, 98, 
112, 120, 427 
transmission-line oscillator, 60-65, 275 
triple-push oscillator, 72-75 
two coupled resonant circuits, 91, 94-105, 
356-57, 359 
coupling factor, 97, 339 
Vackar oscillator, 41 


Parallel resonant circuit oscillator with nonlinear 


load, 88-89 
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Phase plane method, 105-113, 224 
aperiodic process, 110-12 
free-running oscillations, 106-7, 112 
lossless resonant LC-circuit, 106-8 
lossy resonant LC-circuit, 108-12 

x- to T -circuit transformation, 41—42 
m -circuit, 42 
T -circuit, 41—42 

Pulling figure, 241-45 

Push-pull oscillator, 65-72 
balanced oscillator, 66 
centre point, 66, 68 
equal amplitudes, 66 
load resistors, 66 
operation mode, 66—69 

even, 67—68 

odd, 68—69 
resonant circuit, 65-71 

parallel, 66 

series, 65, 68, 71 
symmetry, 67 
virtual ground, 67, 389 

Push-push oscillator, 65-72, 394-96 
capacitive feedback, 70 
frequency doubler, 69 
half wavelength, 69 
load pulling, 69, 394 
microstrip line, 69, 72 
null point, 69 
odd operation mode, 68—69 
open-circuited resonator, 69 
quarter wavelength, 70 


Quasilinear method, 15—20, 99 
Barkhausen-Moeller method, 15 
voltage-ampere characteristic, 19 
voltage-capacitance characteristic, 15 


Resonant circuit, 10, 19, 24, 33, 36, 45, 52, 61, 
66-72, 76, 83-104, 119, 166, 173, 
207-215, 230, 235, 238-42, 259, 
266-69, 272-79, 292-93, 306, 322-24, 
348-66, 392, 394, 399-410, 427, 429 

amplitude of oscillations, 100 

dissipation factor, 20, 22, 23 

oscillation frequency, 30-31, 36, 70-72, 98, 
104, 150-53, 230, 400, 402 

phase, 24-26, 52, 66-72, 92, 99, 102, 230 


Self-bias condition, 43—50 
amplitude stability, 46—49 


bias voltage, 45, 49-50, 178 
discharging process, 45 
self-bias circuit, 45, 47, 50, 178 
self-bias resistor, 43-45, 146-49, 179 
self-modulation, 45—50 
self-pulse modulation, 45—46, 50 
Taylor series, 46 
time constant, 45 

of resonant circuit, 45 

of self-bias circuit, 45 
transient response, 45, 50 


Series resonant circuit oscillator with constant 


load, 87—88 


Spectral-domain analysis, 1-9 


Bessel functions, 2, 8—9 
conduction angle, 5, 6 

current coefficient, 6 

Fourier series expansion, 4, 6, 8 
harmonic balance technique, 2 
large signal, 4 

piecewise-linear approximation, 2, 4-6 
power series, 2-3 

transfer characteristic, 2—4 
trigonometric identities, 1-3 
voltage-ampere characteristic, 19 


Stability of oscillations, 95, 101, 270 


general multi-frequency stability criterion, 
91-3 

general single-frequency stability condition, 
86-87 

Nyquist stability criterion, 113-18 

two coupled resonant circuits, 350, 356-59, 
83, 91, 101-3 

two-frequency oscillation mode, 93—94 


Start-up conditions, 31—36 


bias voltage, 31 
build-up of self-oscillations, 33 
hard, 33 
soft, 19 
collapse of the oscillation, 35 
equilibrium, 35 
stable, 35 
unstable, 35 
hysteresis, 35-36 
mutual-coupling coefficient, 35 
nonlinear transfer function, 33 
polynomial approximation, 33 
threshold voltage, 32 
transfer function, 31—34 
feedback, 31 
forward, 31, 33 


Steady-state operation mode, 29-31 
balance condition, 30 
amplitude, 30 
phase, 30 
Barkhausen criterion, 29 
complex loop gain, 29 
oscillation frequency, 30-31 
quality factor, 31 
resonant circuit impedance, 29 
transfer function, 29, 31 
feedback, 29 
forward, 29, 31 
voltage feedback coefficient, 29 


Tank inductor, 40, 68, 74, 288, 291, 313-17, 336, 
374, 424 
Time-domain analysis, 9-12 
Taylor series expansion, 12-13 
Transient response, 11 
Transmission-line oscillator, 60—65 
characteristic impedance, 62, 64 
even mode, 62 
odd mode, 62 
coupling coefficient, 62—65 
electrical length, 62—65 
input reactance, 64—65 
microwave, 61 
negative resistance, 60-61, 64, 65 
reflection coefficients, 60 
resonator, 61, 65 
S-parameters, 60 
stability factor, 60, 65 
transmission lines, 61—63, 65 
coupled, 61, 62, 65 
open-circuited, 61, 62 
quarter-wave, 62 
Z-parameters, 60 
Triple-push oscillator, 72-75 
120° phase shift, 73 
cascode configuration, 75 
fundamental oscillator, 72, 74, 75 
negative conductance, 73 
three identical circuits, 73 
three modes, 73 
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virtual ground, 73—74 
Y -parameters, 73 
Tuning linearity, 104-5, 267-76, 349, 350, 353, 
359 
lumped elements, 267—73 
reactance compensation technique, 276-80 
transmission lines, 273-76 


Van der Pol method, 20-24, 77 

oscillation period, 21 

slowly varying, 20-24 

amplitude, 21 
phase, 21 

truncated equation, 22 
Varactor, 251-96 

abrupt junction, 241, 252 

anti-series pair, 262-66 

hyperabrupt junction, 252-54 

MOS varactor, 299-305, 316, 327-30, 336 
Varactor modelling, 251-54 

initial capacitance, 251-54 

junction potential, 251-52 

junction sensitivity, 252, 253 
Varactor nonlinearity, 255-58, 266 
Voltage-controlled oscillator (VCO), xiii, xiv, 79, 

89, 240, 251, 262, 299, 414 
differential, xiv, 286—92, 295, 311, 326, 330, 
417-22, 429 
push-push, 292-96, 394 


Wideband voltage-controlled oscillators, xiii, 
347-96 

double-resonant circuit, 356-60 
dual mode varactor tuning, 381-87 
lumped elements, 351-56 
main requirements, 347-51 
microwave monolithic design, 391-94 
multi-section transmission line, 365—69 
nonlinear design, 378-81 
oscipliers, 394-96 
parallel resonant circuit, 353-56 
push-push oscillators, 394-96 
series resonant circuit, 351-53, 355 
uniform transmission line, 360-364, 365 


